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PREFACE

SECOND EDITION

The first edition of this book was published in 1989. The basic intent of this edition
remains the same; that is, as a cohesive presentation of power electronics fundamentals for
applications and design in the power range of 500 kW or less, where a huge market exists
and where the demand for power electronics engineers is likely to be. Based on the
comments collected over a five-year period, we have made a number of substantial
changes to the text. The key features are as follows:

¢ An introductory chapter has been added to provide a review of basic electrical and
magnetic circuit concepts, making it easier to use this book in introductory power
electronics courses.

¢ A chapter on computer simulation has been added that describes the role of com-
puter simulations in power electronics. Examples and problems based on PSpice®
and MATLAB® are included. However, we have organized the material in such a
way that any other simulation package can be used instead or the simulations can
be skipped altogether.

¢ Unlike the first edition, the diode rectifiers and the phase-controlled thyristor con-
verters are covered in a complete and easy-to-follow manner. These two chapters
now contain 56 problems.

* A new chapter on the design of inductors and transformers has been added that
describes easy-to-understand concepts for step-by-step design procedures. This
material will be extremely useful in introducing the design of magnetics into the
curriculum.

¢ A new chapter on heat sinks has been added.

ORGANIZATION OF THE BOOK

This book is divided into seven parts. Part 1 presents an introduction to the field of power
electronics, an overview of power semiconductor switches, a review of pertinent electric
and magpnetic circuit concepts, and a generic discussion of the role of computer simula-
tions in power electronics.

Part 2 discusses the generic converter topologies that are used in most applications.
The actual semiconductor devices (transistors, diodes, and so on) are assumed to be ideal,
thus allowing us to focus on the converter topologies and their applications.

Part 3 discusses switch-mode dc and uninterruptible power supplies. Power supplies
represent one of the major applications of power electronics.
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Part 4 considers motor drives, which constitute another major applications area.

Part 5 includes several industrial and commercial applications in one chapter. An-
other chapter describes various high-power electric utility applications. The last chapter in
this part of the book examines the harmonics and electromagnetic interference concerns
and remedies for interfacing power electronic systems with the electric utilities.

Part 6 discusses the power semiconductor devices used in power electronic converters
including diodes, bipolar junction thyristors, metal—oxide—semiconductor (MOS) field
effect transistors, thyristors, gate turn-off thyristors, insulated gate bipolar transistors, and
MOS-controlled thyristors.

Part 7 discusses the practical aspects of power electronic converter design including
snubber circuits, drive circuits, circuit layout, and heat sinks. An extensive new chapter
on the design of high-frequency inductors and transformers has been added.

PSPICE SIMULATIONS FOR TEACHING AND DESIGN

As a companion to this book, a large number of computer simulations are available
directly from Minnesota Power Electronics Research and Education, P.O. Box 14503,
Minneapolis, MN 55414 (Phone/Fax: 612-646-1447) to aid in teaching and in the design
of power electronic systems. The simulation package comes complete with a diskette with
76 simulations of power electronic converters and systems using the classroom (evalua-
tion) version of PSpice for IBM-PC-compatible computers, a 261-page detailed manual
that describes each simulation and a number of associated exercises for home assignments
and self-learning, a 5-page instruction set to illustrate PSpice usage using these simula-
tions as examples, and two high-density diskettes containing a copy of the classroom
(evaluation) version of PSpice. This package (for a cost of $395 plus a postage of $4
within North America and $25 outside) comes with a site license, which allows it to be
copied for use at a single site within a company or at an educational institution in regular
courses given to students for academic credits.

SOLUTIONS MANUAL

As with the first edition of this book, a solutions manual with completely worked-out
solutions to all the problems is available from the publisher.
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CHAPTER 1

1-1

POWER ELECTRONIC
SYSTEMS

INTRODUCTION

In broad terms, the task of power electronics is to process and control the flow of electric
energy by supplying voltages and currents in a form that is optimally suited for user loads.
Figure 1-1 shows a power electronic system in a block diagram form. The power input to
this power processor is usually (but not always) from the electric utility at a line frequency
of 60 or 50 Hz, single phase or three phases. The phase angle between the input voltage
and the current depends on the topology and the control of the power processor. The
processed output (voltage, current, frequency, and the number of phases) is as desired by
the load. If the power processor’s output can be regarded as a voltage source, the output
current and the phase angle relationship between the output voltage and the current depend
on the load characteristic. Normally, a feedback controller compares the output of the
power processor unit with a desired (or a reference) value, and the error between the two
is minimized by the controller. The power flow through such systems may be reversible,
thus interchanging the roles of the input and the output.

In recent years, the field of power electronics has experienced a large growth due to
confluence of several factors. The controller in the block diagram of Fig. 1-1 consists of
linear integrated circuits and/or digital signal processors. Revolutionary advances in mi-
croelectronics methods have led to the development of such controllers. Moreover, these
advances in semiconductor fabrication technology have made it possible to significantly
improve the voltage- and current-handling capabilities and the switching speeds of power
semiconductor devices, which make up the power processor unit of Fig. 1-1. At the same
time, the market for power electronics has significantly expanded. Electric utilities in the
United States expect that by the year 2000 over 50% of the electrical load may be supplied
through power electronic systems such as in Fig. 1-1. This growth in market may even be

Power input Power Power output
v; —» | processor — Uy Load

] Yo
Control M
signals easurements

l:j:— Figure 1-1 Block diagram of a power
Controller .
Reference electronic system.
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higher in other parts of the world where the cost of energy is significantly higher than that
in the United States. Various applications of power electronics are considered in Sec-
tion 1-3.

POWER ELECTRONICS VERSUS LINEAR ELECTRONICS

In any power conversion process such as that shown by the block diagram in Fig. 1-1, a
small power loss and hence a high energy efficiency is important because of two reasons:
the cost of the wasted energy and the difficulty in removing the heat generated due to
dissipated energy. Other important considerations are reduction in size, weight, and cost.

The above objectives in most systems cannot be met by linear electronics where the
semiconductor devices are operated in their linear (active) region and a line-frequency
transformer is used for electrical isolation. As an example, consider the direct current (dc)
power supply of Fig. 1-2a to provide a regulated output voltage V, to a load. The utility
input may be typically at 120 or 240 V and the output voltage may be, for example, 5 V.
The output is required to be electrically isolated from the utility input. In the linear power
supply, a line-frequency transformer is used to provide electrical isolation and for step-
ping down the line voltage. The rectifier converts the alternating current (ac) output of the
transformer low-voltage winding into dc. The filter capacitor reduces the ripple in the dc
voltage v,. Figure 1-2b shows the v, waveform, which depends on the utility voltage
magnitude (normally in a £ 10% range around its nominal value). The transformer turns

Line-frequency + Xf +
transformer

3 a Vg < Controller \£ § Rysag

Utility 3 & 3 7]

supply

Rectifier  Filter-capacitor

(a)

////////////////
| = 2
oL .

Figure 1-2 Linear dc power supply.
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ratio must be chosen such that the minimum of the input voltage v, is greater than the
desired output V. For the range of the input voltage waveforms shown in Fig. 1-2b, the
transistor is controlled to absorb the voltage difference between v, and V,, thus providing
a regulated output. The transistor operates in its active region as an adjustable resistor,
resulting in a low energy efficiency. The line-frequency transformer is relatively large and
heavy.

In power electronics, the above voltage regulation and the electrical isolation are
achieved, for example, by means of a circuit shown in Fig. 1-3a. In this system, the utility
input is rectified into a dc voltage v,, without a line-frequency transformer. By operating
the transistor as a switch (in a switch mode, either fully on or fully off) at some high
switching frequency f;, for example at 300 kHz, the dc voltage v, is converted into an ac
voltage at the switching frequency. This allows a high-frequency transformer to be used
for stepping down the voltage and for providing the electrical isolation. In order to
simplify this circuit for analysis, we will begin with the dc voltage v, as the dc input and
omit the transformer, resulting in an equivalent circuit shown in Fig. 1-3b. Suffice it to

Power processor

T T = | rm—=-- [ |
| D'L Ll  vYY o ]
| Il ! +
2 ': ! It J_ !
[
: || 1 ] Vo & Rioad
. I : [ T I
— 4| T v ; S SRR
:‘u"“‘ly R J L __ 1 ___ |
PPl ZF High-frequency Rectifier Low-pass
transformer filter
- »
"4

Filter-

Rectifier p
capacitor

{c troll I: Vo
ontrolier
Vo.ref

(a)

Power processor

—

Vo Rload

Controller

Vo, ref
(b)
Figure 1-3 Switch-mode dc power supply.
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say at this stage (this circuit is fully discussed in Chapters 7 and 10) that the transistor—
diode combination can be represented by a hypothetical two-position switch shown in Fig.
1-4a (provided i;(r) > 0). The switch is in position a during the interval ., when the
transistor is on and in position b when the transistor is off during ¢,+. As a consequence,
v,; equals V,; and zero during 7, and #.¢, respectively, as shown in Fig. 1-4b. Let us define

voi(t) = Voi + vrl‘pple(t) (1-1)

where V,, is the average (dc) value of v,;, and the instantaneous ripple voltage vy, (),
which has a zero average value, is shown in Fig. 1-4¢. The L—C elements form a low-pass
filter that reduces the ripple in the output voltage and passes the average of the input
voltage, so that

Vo = Voi (1'2)

where V, is the average output voltage. From the repetitive waveforms in Fig. 1-4b, it is
easy to see that

Vo= o [ vpde = 1-3
O_T.t VOidt—T_,Vd (')
(W]
L
Y'Y o
J_ '
C Uy

+
vg b Voi T Ryoad
\_ . _

(a)
Voi
] " }-——F-——--
]
0 " —> ¢
ton te= Lot >
RIS i S
8
(b)
Uripple(t)
0 t
(c)
VR
Harmonic
S S S T S W SR S,
0 1 2 3 4 5 6 7 8 ]
(d)

Figure 1-4 Equivalent circuit, waveforms, and frequency spectrum of the
supply in Fig. 1-3.



1-3

1-3 SCOPE AND APPLICATIONS 7

As the input voltage v, changes with time, Eq. 1-3 shows that it is possible to regulate V,
at its desired value by controlling the ratio ¢ ,/T,, which is called the duty ratio D of the
transistor switch. Usually, T, (=1/f,) is kept constant and ¢, is adjusted.

There are several characteristics worth noting. Since the transistor operates as a
switch, fully on or fully off, the power loss is minimized. Of course, there is an energy
loss each time the transistor switches from one state to the other state through its active
region (discussed in Chapter 2). Therefore, the power loss due to switchings is linearly
proportional to the switching frequency. This switching power loss is usually much lower
than the power loss in linear regulated power supplies.

At high switching frequencies, the transformer and the filter components are very
small in weight and size compared with line-frequency components. To elaborate on the
role of high switching frequencies, the harmonic content in the waveform of v,; is
obtained by means of Fourier analysis (see Problem 1-3 and its further discussion in
Chapter 3) and plotted in Fig. 1-4d. It shows that v,; consists of an average (dc) value and
of harmonic components that are at a multiple of the switching frequency f;. If the
switching frequency is high, these ac components can be easily eliminated by a small filter
to yield the desired dc voltage. The selection of the switching frequency is dictated by the
compromise between the switching power dissipation in the transistor, which increases
with the switching frequency, and the cost of the transformer and filter, which decreases
with the switching frequency. As transistors with higher switching speeds become avail-
able, the switching frequencies can be increased and the transformer and filter size
reduced for the same switching power dissipation.

An important observation in the switch-mode circuit described above is that both the
input and the output are dc, as in the linear regulated supply. The high switching fre-
quencies are used to synthesize the output waveform, which in this example is dc. In
many applications, the output is a low-frequency sine wave.

SCOPE AND APPLICATIONS

The expanded market demand for power electronics has been due to several factors
discussed below (see references 1-3).

1. Switch-mode (dc) power supplies and uninterruptible power supplies. Advances
in microelectronics fabrication technology have led to the development of com-
puters, communication equipment, and consumer electronics, all of which require
regulated dc power supplies and often uninterruptible power supplies.

2. Energy conservation. Increasing energy costs and the concern for the environ-
ment have combined to make energy conservation a priority. One such application
of power electronics is in operating fluorescent lamps at high frequencies (e.g.,
above 20 kHz) for higher efficiency. Another opportunity for large energy con-
servation (see Problem 1-7) is in motor-driven pump and compressor systems [4].
In a conventional pump system shown in Fig. 1-5a, the pump operates at essen-
tially a constant speed, and the pump flow rate is controlled by adjusting the
position of the throttling valve. This procedure results in significant power loss
across the valve at reduced flow rates where the power drawn from the utility
remains essentially the same as at the full flow rate. This power loss is eliminated
in the system of Fig. 1-5b, where an adjustable-speed motor drive adjusts the
pump speed to a level appropriate to deliver the desired flow rate. As will be
discussed in Chapter 14 (in combination with Chapter 8), motor speeds can be
adjusted very efficiently using power electronics. Load-proportional, capacity-
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modulated heat pumps and air conditioners are examples of applying power elec-
tronics to achieve energy conservation.

3. Process control and factory automation. There is a growing demand for the
enhanced performance offered by adjustable-speed-driven pumps and compres-
sors in process control. Robots in automated factories are powered by electric
servo (adjustable-speed and position) drives. It should be noted that the availabil-
ity of process computers is a significant factor in making process control and

factory automation feasible.

4. Transportation. In many countries, electric trains have been in widespread use
for a long time. Now, there is also a possibility of using electric vehicles in large

TABLE 1-1 Power Electronic Applications

(a)

(b

©)

Residential

Refrigeration and freezers

Space heating

Air conditioning

Cooking

Lighting

Electronics (personal computers,
other entertainment equipment)

Commercial

Heating, ventilating, and air
conditioning

Central refrigeration

Lighting

Computers and office equipment

Uninterruptible power supplies
(UPSs)

Elevators

Industrial

Pumps

Compressors

Blowers and fans

Machine tools (robots)

Arc furnaces, induction furnaces

Lighting

Industrial lasers

Induction heating

Welding

@

©)

9]

®

Transportation

Traction control of electric vehicles

Battery chargers for electric vehicles

Electric locomotives

Street cars, trolley buses

Subways

Automotive electronics including engine
controls

Utility systems

High-voltage dc transmission (HVDC)

Static var compensation (SVC)

Supplemental energy sources (wind,
photovoltaic), fuel cells

Energy storage systems

Induced-draft fans and boiler
feedwater pumps

Aerospace

Space shuttle power supply systems

Satellite power systems

Aircraft power systems

Telecommunications

Battery chargers

Power supplies (dc and UPS)
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metropolitan areas to reduce smog and pollution. Electric vehicles would also
require battery chargers that utilize power electronics.

5. Electro-technical applications. These include equipment for welding, electroplat-
ing, and induction heating.

6. Utility-related applications. One such application is in transmission of power over
high-voltage dc (HVDC) lines. At the sending end of the transmission line,
line-frequency voltages and currents are converted into dc. This dc is converted
back into the line-frequency ac at the receiving end of the line. Power electronics
is also beginning to play a significant role as electric utilities attempt to utilize the
existing transmission network to a higher capacity [5]. Potentially, a large appli-
cation is in the interconnection of photovoltaic and wind-electric systems to the
utility grid.

Table 1-1 lists various applications that cover a wide power range from a few tens of watts

to several hundreds of megawatts. As power semiconductor devices improve in perfor-
mance and decline in cost, more systems will undoubtedly use power electronics.

CLASSIFICATION OF POWER PROCESSORS
AND CONVERTERS

1-4-1 POWER PROCESSORS

For a systematic study of power electronics, it is useful to categorize the power proces-
sors, shown in the block diagram of Fig. 1-1, in terms of their input and output form or
frequency. In most power electronic systems, the input is from the electric utility source.
Depending on the application, the output to the load may have any of the following forms:

1. dc
(a) regulated (constant) magnitude
(b) adjustable magnitude

2. ac
(a) constant frequency, adjustable magnitude
(b) adjustable frequency and adjustable magnitude
The utility and the ac load, independent of each other, may be single phase or three
phase. The power flow is generally from the utility input to the output load. There are
exceptions, however. For example, in a photovoltaic system interfaced with the utility
grid, the plow flow is from the photovoltaics (a dc input source) to the ac utility (as the
output load). In some systems the direction of power flow is reversible, depending on the
operating conditions.

1-4-2 POWER CONVERTERS

The power processors of Fig. 1-1 usually consist of more than one power conversion stage
(as shown in Fig. 1-6) where the operation of these stages is decoupled on an instanta-
neous basis by means of energy storage elements such as capacitors and inductors.
Therefore, the instantaneous power input does not have to equal the instantaneous power
output. We will refer to each power conversion stage as a converter. Thus, a converter is
a basic module (building block) of power electronic systems. It utilizes power semicon-
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Power processer

Input  =—mm— [~ Qutput

Converter 1 Energy Converter 2
storage
element

Figure 1-6 Power processor block diagram.

ductor devices controlled by signal electronics (integrated circuits) and possibly energy
storage elements such as inductors and capacitors. Based on the form (frequency) on the
two sides, converters can be divided into the following broad categories:

ac to dc
dc to ac

dc to dc
ac to ac

-

We will use converter as a generic term to refer to a single power conversion stage
that may perform any of the functions listed above. To be more specific, in ac-to-dc and
dc-to-ac conversion, rectifier refers to a converter when the average power flow is from
the ac to the dc side. Inverrer refers to the converter when the average power flow is from
the dc to the ac side. In fact, the power flow through the converter may be reversible. In
that case, as shown in Fig. 1-7, we refer to that converter in terms of its rectifier and
inverter modes of operation. '

As an example, consider that the power processor of Fig. 1-6 represents the block
diagram of an adjustable-speed ac motor drive (described in Chapter 14). As shown in
Fig. 1-8, it consists of two converters: converter 1 operating as a rectifier that converts
line-frequency ac into dc and converter 2 operating as an inverter that converts dc into
adjustable-magnitude, adjustable-frequency ac. The flow of power in the normal (domi-
nant) mode of operation is from the utility input source to the output motor load. During
regenerative braking, the power flow reverses direction (from the motor to the utility), in
which case converter 2 operates as a rectifier and converter 1 operates as an inverter. As
mentioned earlier, an energy storage capacitor in the dc link between the two converters
decouples the operation of the two converters on an instantaneous basis. Further insight
can be gained by classifying converters according to how the devices within the converter
are switched. There are three possibilities:

1. Line frequency (naturally commutated) converters, where the utility line voltages
present at one side of the converter facilitate the tum-off of the power semicon-

P
——=~—3 Rectifier mode

ac ﬁ Converter  jem—— dc

Inverter mode <-T-

Figure 1-7 ac-to-dc converters.
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Figure 1-8 Block diagram of an ac motor drive.

ductor devices. Similarly, the devices are turned on, phase locked to the line-
voltage waveform. Therefore, the devices switch on and off at the line frequency
of 50 or 60 Hz.

2. Switching (forced-commutated) converters, where the controllable switches in the
converter are turned on and off at frequencies that are high compared to the line
frequency. In spite of the high switching frequency internal to the converter, the
converter output may be either dc or at a frequency comparable to the line
frequency. As a side note in a switching converter, if the input appears as a
voltage source, then the output must appear as a current source, or vice versa.

3. Resonant and quasi-resonant converters, where the controllable switches turn on
and/or turn off at zero voltage and/or zero current.

1-4-3 MATRIX CONVERTER AS A POWER PROCESSOR

In the above two sections, we discussed that most practical power processors utilize more
than one converter whose instantaneous operation is decoupled by an energy storage
element (an inductor or a capacitor). Theoretically, it is possible to replace the multiple
conversion stages and the intermediate energy storage element by a single power con-
version stage called-the-matrix converter. Such a converter uses a matrix of semiconductor
bidirectional switches. with a switch connected between each input terminial to ¢ach
output terminal, as shown in Fig. 1-9a for an arbitrary number of input and output phases.
With this general arrangement of switches, the power flow through the converter can
reverse. Because of the absence of any energy storage element, the instantancous power
input must be equal to the power output, assuming idealized zero-loss switches. However,
the phase angle between the voltages and currents at the input can be controlled and does
not have to be the same as at the output (i.e., the reactive power input does not have to
equal the reactive power output). Also, the form and the frequency at the two sides are
independent, for example, the input may be three-phase ac and the output dc, or both may
be dc, or both may be ac.

However, there are certain requirements on the switches and restrictions on the
converter operation: If the inputs appear as voltage sources as shown in Fig. 1-9a, then
the outputs must appear as current sources or vice versa. If both sides, for example, were
to appear as voltage sources, the switching actions will inevitably connect voltage sources
of unequal magnitude directly across each other; an unacceptable condition. The switch-
ing functions in operating such a converter must ensure that the switches do not short-
circuit the voltage sources and do not open-circuit the current sources. Otherwise, the
converter will be destroyed.
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Figure 1-9 (a) Matrix converter. (b) Voltage source.

Through a voltage source, the current can change instantaneously, whereas the volt-
age across a current source can change instantaneously. If the input in Fig. 1-9a is a
utility source, it is not an ideal voltage source due to its internal impedance corresponding
to the transmission and distribution lines, transformers, etc., which are at the back of the
utility outlet. To make it appear like a voltage source will require that we connect a small
capacitance in parallel with it, as shown in Fig. 1-95 to overcome the effect of the internal
impedance.

The switches in a matrix converter must be bidirectional, that is, they must be able
to block voltages of either polarity and be able to conduct current in either direction. Such
switches are not available and must be realized by a combination of the available unidi-
rectional switches and diodes discussed in Chapter 2. There are also limits on the ratio of
the magnitudes of the input and the output quantities.

In spite of numerous laboratory prototypes reported in research publications, the
matrix converters so far have failed to show any significant advantage over conventional
converters and hence have not found applications in practice. Therefore, we will not
discuss them any further in this book.

ABOUT THE TEXT

The purpose of this book is to facilitate the study of practical and emerging power
electronic converters made feasible by the new generation of power semiconductor de-
vices. This book is divided into seven parts.

Part 1 of the book, which includes Chapter 1—4, presents an introduction, a brief
review of basic concepts and devices, and computer simulations of power electronic
systems. An overview of power semiconductor devices (discussed in detail in later parts
of the book) and the justification for assuming them as ideal switches are presented in
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Chapter 2. The basic electrical and magnetic concepts relevant to the discussion of power
electronics are reviewed in Chapter 3. In Chapter 4, we briefly describe the role of
computer simulations in the analysis and design of power electronic systems. Some of the
simulation software packages suited for this purpose are also presented.

Part 2 (Chapters 5—9) describes power electronic converters in a generic manner.
This way, the basic converter topologies used in more than one application can be
described once, rather than repeating them each time a new application is encountered.
This generic discussion is based on the assumption that the actual power semiconductor
switches can be treated as ideal switches. Chapter 5 describes line-frequency diode rec-
tifiers for ac-to-dc conversion. The ac-to-dc conversion using line-commutated (naturally
commutated) thyristor converters operating in the rectifier and the inverter mode is dis-
cussed in Chapter 6. Switching converters for dc to dc, and dc to sinusoidal ac using
controlled switches are described in Chapters 7 and 8, respectively. The discussion of
resonant converters in a generic manner is presented in Chapter 9.

We decided to discuss ac-to-ac converters in the application-based chapters due to
their application-specific nature. The matrix converters, which in principle can be ac-to-ac
converters, were briefly described in Section 1-4-3. The static transfer switches are
discussed in conjunction with the uninterruptible power supplies in Section 11-4-4. Con-
verters where only the voltage magnitude needs to be controlled without any change in ac
frequency are described in Section 14-12 for speed control of induction motors and in
Section 17-3 for static var compensators (thyristor-controlled inductors and thyristor-
switched capacitors). Cycloconverters for very large synchronous-motor drives are dis-
cussed in Section 15-6. High-frequency-link integral-half-cycle converters are discussed
in Section 9-8. Integral-half-cycle controllers supplied by line-frequency voltages for
heating-type applications are discussed in Section 16-3-3.

Part 3 (Chapters 10 and 11) deals with power supplies: switching dc power supplies
(Chapter 10) and uninterruptible ac power supplies (Chapter 11). Part 4 describes motor
drive applications in Chapters 12—15.

Other applications of power electronics are covered in Part 5, which includes resi-
dential and industrial applications (Chapter 16), electric utility applications (Chapter 17),
and the utility interface of power electronic systems (Chapter 18).

Part 6 (Chapters 19~26) contains a qualitative description of the physical operating
principles of semiconductor devices used as switches. Finally, Part 7 (Chapters 27—-30)
presents the practical design considerations of power electronic systems, including pro-
tection and gate-drive circuits, thermal management, and the design of magnetic compo-
nents.

The reader is also urged to read the overview of the textbook presented in the Preface.

INTERDISCIPLINARY NATURE OF
POWER ELECTRONICS

The discussion in this introductory chapter shows that the study of power electronics
encompasses many fields within electrical engineering, as illustrated by Fig. 1-10. These
include power systems, solid-state electronics, electrical machines, analog/digital control
and signal processing, electromagnetic field calculations, and so on. Combining the
knowledge of these diverse fields makes the study of power electronics challenging as
well as interesting. There are many potential advances in all these fields that will improve
the prospects for applying power electronics to new applications.
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Figure 1-10 Interdisciplinary nature of power electronics.

CONVENTION OF SYMBOLS USED

In this textbook, for instantaneous values of variables such as voltage, current, and power
that are functions of time, the symbols used are lowercase letters v, i, and p, respectively.
We may or may not explicitly show that they are functions of time, for example, using v
rather than v(r). The uppercase symbols V and [ refer to their values computed from their
instantaneous waveforms. They generally refer to an average value in dc quantities and a
root-mean-square (rms) value in ac quantities. If there is a possibility of confusion, the
subscript avg or rms is added explicitly. The peak values are always indicated by the
symbol ‘"’ on top of the uppercase letters. The average power is always indicated by P.

PROBLEMS

1-1

1-2

1-3

1-4

1-5

In the power processor of Fig. 1-1, the energy efficiency is 95%. The output to the three-phase load
is as follows: 200 V line-to-line (rms) sinusoidal voltages at 52 Hz and per-phase current of 10 A
at a power factor of 0.8 (lagging). The input to the power processor is a single-phase utility voltage
of 230 V at 60 Hz. The input power is drawn at a unity power factor. Calculate the input current
and the input power.

Consider a linear regulated dc power supply (Fig. 1-24). The instantaneous input voltage corre-
sponds to the lowest waveform in Fig. 1-2b, where V,; .., =20 Vand V, ..., = 30 V. Approximate
this waveform by a triangular wave consisting of two linear segments between the above two values.
Let V, = 15 V and assume that the output load is constant. Calculate the energy efficiency in this
part of the power supply due to losses in the transistor.

Consider a switch-mode dc power supply represented by the circuit in Fig. 1-4a. The input dc
voltage V, = 20 V and the switch duty ratio D = 0.75. Calculate the Fourier components of v,
using the description of Fourier analysis in Chapter 3.

In Problem 1-3, the switching frequency f, = 300 kHz and the resistive load draws 240 W, The filter
components corresponding to Fig. 14 are L = 1.3 pH and C = 50 pF. Calculate the attenuation
in decibels of the ripple voltage in v , at various harmonic frequencies. (Hint: To calculate the load
resistance, assume the output voltage to be a constant dc without any ripple.)

In Problem 1-4, assume the output voltage to be a pure dc V, = 15 V. Calculate and draw the
voltage and current associated with the filter inductor L, and the current through C. Using the
capacitor current obtained above, estimate the peak-to-peak ripple in the voltage across C, which
was initially assumed to be zero. (Hint: Note that under steady-state conditions, the average value
of the current through C is zero.)
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1-6 Considering only the switching frequency component in v,; in Problems 1-3 and 1-4, calculate
the peak-to-peak ripple in the output voltage across C. Compare the result with that obtained in
Problem 1-5.

1-7 Reference 4 refers to a U.S. Department of Energy report that estimated that over 100 billion
kWh/year can be saved in the United States by various energy conservation techniques applied to
the pump-driven systems. Calculate (a) how many 1000-MW generating plants running constantly
supply this wasted energy, which could be saved, and (b) the savings in dollars if the cost of
electricity is 0.1 $/kWh.
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OVERVIEW OF POWER
SEMICONDUCTOR
SWITCHES

INTRODUCTION

The increased power capabilities, ease of control, and reduced costs of modern power
semiconductor devices compared to those of just a few years ago have made converters
affordable in a large number of applications and have opened up a host of new converter
topologies for power electronic applications. In order to clearly understand the feasibility
of these new topologies and applications, it is essential that the characteristics of available
power devices be put in perspective. To do this, a brief summary of the terminal char-
acteristics and the voltage, current, and switching speed capabilities of currently available
power devices are presented in this chapter.

If the power semiconductor devices can be considered as ideal switches, the analysis
of converter topologies becomes much easier. This approach has the advantage that the
details of device operation will not obscure the basic operation of the circuit. Therefore,
the important converter characteristics can be more clearly understood. The summary of
device characteristics will enable us to determine how much the device characteristics can
be idealized. ]

Presently available power semiconductor devices can be classified into three groups
according to their degree of controllability:

1. Diodes. On and off states controlled by the power circuit.
2. Thyristors. Latched on by a control signal but must be turned off by the power
circuit.
3. Controllable switches. Turned on and off by control signals.
The controllable switch category includes several device types including bipolar junction
transistors (BJTs), metal—oxide—semiconductor field effect transistors (MOSFETs), gate

turn off (GTO) thyristors, and insulated gate bipolar transistors (IGBTs). There have been
major advances in recent years in this category of devices.

DIODES

Figures 2-1a and 2-1b show the circuit symbol for the diode and its steady-state i—v
characteristic. When the diode is forward biased, it begins to conduct with only a small
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Figure 2-1 Diode: (a) symbol, (b) i~v characteristics, (c) idealized characteristics.

forward voltage across it, which is on the order of 1 V. When the diode is reverse biased,
only a negligibly small leakage current flows through the device until the reverse break-
down voltage is reached. In normal operation, the reverse-bias voltage should not reach
the breakdown rating.

In view of the very small leakage currents in the blocking (reverse-bias) state and the
small voltage in the conducting (forward-bias) state as compared to the operating voltage
and currents of the circuit in which the diode is used, the i—v characteristics for the diode
can be idealized, as shown in Fig. 2-1c. This idealized characteristic can be used for
analyzing the converter topology but should not be used for the actual design, when, for
example, heat sink requirements for the device are being estimated.

At turn-on, the diode can be considered an ideal switch because it turns on rapidly
compared to the transients in the power circuit. However, at turn-off, the diode current
reverses for a reverse-recovery time ¢, as is indicated in Fig. 2-2, before falling to zero.
This reverse-recovery (negative) current is required to sweep out the excess carriers in the
diode and allow it to block a negative polarity voltage. The reverse-recovery current can
lead to overvoltages in inductive circuits. In most circuits, this reverse current does not
affect the converter input/output characteristic and so the diode can also be considered as
ideal during the turn-off transient.

Depending on the application requirements, various types of diodes are available:

1. Schottky diodes. These diodes are used where a low forward voltage drop (typ-
ically 0.3 V) is needed in very low output voltage circuits. These diodes are
limited in their blocking voltage capabilities to 50-100 V.

2. Fast-recovery diodes. These are designed to be used in high-frequency circuits in
combination with controllable switches where a small reverse-recovery time is
needed. At power levels of several hundred volts and several hundred amperes,
such diodes have ¢, ratings of less than a few microseconds.

3. Line-frequency diodes. The on-state voltage of these diodes is designed to be as

low as possible and as a consequence have larger 7., which are acceptable for

Figure 2-2 Diode turn-off.
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line-frequency applications. These diodes are available with blocking voltage
ratings of several kilovolts and current ratings of several kiloamperes. Moreover,
they can be connected in series and parallel to satisfy any voltage and current
requirement.

THYRISTORS

The circuit symbol for the thyristor and its i—v characteristic are shown in Figs. 2-3a and
2-3b. The main current flows from the anode (A) to the cathode (K). In its off-state, the
thyristor can block a forward polarity voltage and not conduct, as is shown in Fig. 2-3b
by the off-state portion of the i—v characteristic.

The thyristor can be triggered into the on state by applying a pulse of positive _gate
current for a short duration provided that the device is in its forward-blocking state. The
resulting i—v relationship is shown by the on-state portion of the characteristics shown in
Fig. 2-3b. The forward voltage drop in the on state is only a few volts (typically 1-3 V
depending on the device blocking voltage rating).

Once the device begins to conduct, it is latched on and the gate current can be
removed. The thyristor cannot be turned off by the gate, and the thyristor conducts as a
diode. Only when the anode current tries to go negative, under the influence of the circuit
in which the thyristor is connected, does the thyristor turn off and the current go to zero.
This allows the gate to regain control in order to turn the device on at some controllable
time after it has again entered the forward-blocking state.

ia
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if ig pulse is
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Figure 2-3

Thyristor: (a) symbol, (b) v characteristics, (c) idealized characteristics.
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In reverse bias at voltages below the reverse breakdown voltage, only a negligibly
small leakage current flows in the thyristor, as is shown in Fig. 2-3b. Usually the thyristor
voltage ratings for forward- and reverse-blocking voltages are the same. The thyristor
current ratings are specified in terms of maximum rms and average currents that it is
capable of conducting.

Using the same arguments as for diodes, the thyristor can be represented by the
idealized characteristics shown in Fig. 2-3¢ in analyzing converter topologies.

In an application such as the simple circuit shown in Fig. 2-4a, control can be
exercised over the instant of current conduction during the positive half cycle of source
voltage. When the thyristor current tries to reverse itself when the source voltage goes
negative, the idealized thyristor would have its current become zero immediately after
1 = AT, as is shown in the waveform in Fig. 2-4b.

However, as specified in the thyristor data sheets and illustrated by the waveforms in
Fig. 2-4c, the thyristor current reverses itself before becoming zero. The important pa-
rameter is not the time it takes for the current to become zero from its negative value, but
rather the turn-off time interval 7, defined in Fig. 2-4¢ from the zero crossover of the
current to the zero crossover of the voltage across the thyristor. During 1, a reverse voltage
must be maintained across the thyristor, and only after this time is the device capable of
blocking a forward voltage without going into 1ts on state. If a forward voltage is applied
to the thyristor before this interval has passed, the device may prematurely tum on, and
damage to the device and/or circuit could result. Thyristor data sheets specify ¢, with a
specified reverse voltage applied during this interval as well as a specified rate of rise of
voltage beyond this interval. This interval 7, is sometimes called the circuit-commutated
recovery time of the thyristor.

' Depending on the application requirements, various types of thyristors are available.
In addition to voltage and current ratings, turn-off time #,, and the forward voltage drop,

|

]
p—tg—=
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Figure 2-4 Thyristor: (a) circuit, (b) waveforms, {c) turn-off time interval ¢,.
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other characteristics that must be considered include the rate of rise of the current (di/df)
at turn-on and the rate of rise of voltage (dv/dr) at turn-off.

1. Phase-control thyristors. Sometimes termed converter thyristors, these are used
primarily for rectifying line-frequency voltages and currents in applications such
as phase-controlled rectifiers for dc and ac motor drives and in high-voltage dc
power transmission. The main device requirements are large voltage and current-
handling capabilities and a low on-state voltage drop. This type of thyristor has
been produced in wafer diameters of up to 10 cm, where the average current is
about 4000 A with blocking voltages of 5—7 kV. On-state voltages range from 1.5
V for 1000-V devices to 3.0 V for the 5—7-kV devices.

2. Inverter-grade thyristors. These are designed to have small turn-off times #, in
addition to low on-state voltages, although on-state voltages are larger in devices
with shorter values of z,. These devices are available with ratings up to 2500 V
and 1500 A. Their turn-off times are usually in the range of a few microseconds
to 100 ps depending on their blocking voltage ratings and on-state voltage drops.

3. Light-activated thyristors. These can be triggered on by a pulse of light guided by
optical fibers to a special sensitive region of the thyristor. The light-activated
triggering on the thyristor uses the ability of light of appropriate wavelengths to
generate excess electron—hole pairs in the silicon. The primary use of these
thyristors are in high-voltage applications such as high-voltage dc transmission
where many thyristors are connected in series to make up a converter valve. The
differing high potentials that each device sees with respect to ground poses sig-
nificant difficulties in providing triggering pulses. Light-activated thyristors have
been reported with ratings of 4 kV and 3 kA, on-state voltages of about 2 V, and
light trigger power requirements of 5 mW.

Other variations of these thyristors are gate-assisted turn-off thyristors (GATTs),
asymmetrical silicon-controlled rectifiers (ASCRs), and reverse-conducting thyristors
(RCTs). These are utilized based on the application.

DESIRED CHARACTERISTICS IN CONTROLLABLE
SWITCHES

As mentioned in the introduction, several types of semiconductor power devices including
BITs, MOSFETs, GTOs, and IGBTSs can be turned on and off by control signals applied
to the control terminal of the device. These devices we term controllable switches and are
represented in a generic manner by the circuit symbol shown in Fig. 2-5. No current flows
when the switch is off, and when it is on, current can flow in the direction of the arrow
only. The ideal controllable switch has the following characteristics:

1. Block arbitrarily large forward and reverse voltages with zero current flow when
off.

2. Conduct arbitrarily large currents with zero voltage drop when on.

Y

I_ Figure 2-5 Generic controllable switch.
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3. Switch from on to off or vice versa instantaneously when triggered.
4. Vanishingly small power required from control source to trigger the switch.

Real devices, as we intuitively expect, do not have these ideal characteristics and
hence will dissipate power when they are used in the numerous applications already
mentioned. If they dissipate too much power, the devices can fail and, in doing so, not
only will destroy themselves but also may damage the other system components.

Power dissipation in semiconductor power devices is fairly generic in nature; that is,
the same basic factors governing power dissipation apply to all devices in the same
manner. The converter designer must understand what these factors are and how to
minimize the power dissipation in the devices.

In order to consider power dissipation in a semiconductor device, a controllable
switch is connected in the simple circuit shown in Fig. 2-6a. This circuit models a very
commonly encountered situation in power electronics; the current flowing through a

Switch fa)
r lcontrol
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fe}

Figure 2-6 Generic-switch switching characteristics (linearized): (a) simplified clamped-
inductive-switching circuit, {b) switch waveforms, (c) instantaneous switch power loss.
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switch also must flow through some series inductance(s). This circuit is similar to the
circuit of Fig. 1-3b, which was used to introduce switch-mode power electronic circuits.
The dc current source approximates the current that would actually flow due to inductive
energy storage. The diode is assumed to be ideal because our focus is on the switch
characteristics, though in practice the diode reverse-recovery current can significantly
affect the stresses on the switch.

When the switch is on, the entire current /, flows through the switch and the diode
is reverse biased. When the switch is turned off, /,, flows through the diode and a voltage
equal to the input voltage V, appears across the switch, assuming a zero voltage drop
across the ideal diode. Figure 2-6b shows the waveforms for the current through the
switch and the voltage across the switch when it is being operated at a repetition rate or
switching frequency of f; = 1/T,, with T, being the switching time period. The switching
waveforms are represented by linear approximations to the actual waveforms in order to
simplify the discussion.

When the switch has been off for a while, it is turned on by applying a positive
control signal to the switch, as is shown in Fig. 2-6b. During the turn-on transition of this
generic switch, the current buildup consists of a short delay time #,,, followed by the
current rise time ¢,;. Only after the current I, flows entirely through the switch can the
diode become reverse biased and the switch voltage fall to a small on-state value of V,
with a voltage fall time of #;,. The waveforms in Fig. 2-6b indicate that large values of
switch voltage and current are present simultaneously during the turn-on crossover inter-
val 1, (,n), Where

tc(on) = tri + tfv (2'1)

The energy dissipated in the device during this turn-on transition can be approximated
from Fig. 2-6¢ as

Wc(on) = l/2leott:(on) (2'2)

where it is recognized that no energy dissipation occurs during the turn-on delay interval
td(on)-

Once the switch is fully on, the on-state voltage V,, will be on the order of a volt or
so depending on the device, and it will be conducting a current /,. The switch remains in
conduction during the on interval ¢, which in general is much larger than the turn-on and
turn-off transition times. The energy dissipation W,, in the switch during this on-state
interval can be approximated as

Won = Vonloton (2'3)

where 1., > 1. 0)s teotn-

In order to turn the switch off, a negative control signal is applied to the control
terminal of the switch. During the turn-off transition period of the generic switch, the
voltage build-up consists of a turn-off delay time t,.,¢, and a voltage rise time ¢,,. Oncc
the voltage reaches its final value of V, (see Fig. 2-6a), the diode can become forward
biased and begin to conduct current. The current in the switch falls to zero with a current
fall time #; as the current I, commutates from the switch to the diode. Large values of
switch voltage and switch current occur simultaneously during the crossover interval
L.(offy, Where

[c(off) =ty t tfi (2'4)

The energy dissipated in the switch during this turn-off transition can be written, using
Fig. 2-6¢, as

Weioty = V2Valytecorn (2-5)
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where any energy dissipation during the turn-off delay interval 1, is ignored since it is
small compared to W -

The instantaneous power dissipation p7(f) = vyir plotted in Fig. 2-6c makes it clear
that a large instantaneous power dissipation occurs in the switch during the turn-on and
turn-off intervals. There are f, such turn-on and turn-off transitions per second. Hence the
average switching power loss P, in the switch due to these transitions can be approximated
from Eqgs. 2-2 and 2-5 as

Py= V3V, filtetomy T Lotof) (2-6)

This is an important result because it shows that the switching power loss in a semicon-
ductor switch varies linearly with the switching frequency and the switching times.
Therefore, if devices with short switching times are available, it is possible to operate at
high switching frequencies in order to reduce filtering requirements and at the same time
keep the switching power loss in the device from being excessive.

The other major contribution to the power loss in the switch is the average power
dissipated during the on-state P,,,, which varies in proportion to the on-state voltage. From
Eq. 2-3, P, is given by
Pon = Vol @)

5
which shows that the on-stage voltage in a switch should be as small as possible.

The leakage current during the off state (switch open) of controllable switches is
negligibly small, and therefore the power loss during the off state can be neglected in
practice. Therefore, the total average power dissipation Py in a switch equals the sum of -
P.and P,.

Form the considerations discussed in the preceding paragraphs, the following char-
acteristics in a controllable switch are desirable:

1. Small leakage current in the off state.

2. Small on-state voltage V, to minimize on-state power losses.

3. Short turn-on and turn-off times. This will permit the device to be used at high
switching frequencies.

4. Large forward- and reverse-voltage-blocking capability. This will minimize the
need for series connection of several devices, which complicates the control and
protection of the switches. Moreover, most of the device types have a minimum
on-state voltage regardless of their blocking voltage rating. A series connection of
several such devices would lead to a higher total on-state voltage and hence higher
conduction losses. In most (but not all) converter circuits, a diode is placed across
the controllable switch to allow the current to flow in the reverse direction. In
those circuits, controllable switches are not required to have any significant re-
verse-voltage-blocking capability.

5. High on-state current rating. In high-current applications, this would minimize the
need to connect several devices in parallel, thereby avoiding the problem of
current sharing.

6. Positive temperature coefficient of on-state resistance. This ensures that paralleled
devices will share the total current equally.

7. Small control power required to switch the device. This will simplify the control
circuit design.

8. Capability to withstand rated voltage and rated current simultaneously while
switching. This will eliminate the need for external protection (snubber) circuits
across the device.
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9. Large dv/dt and di/dt ratings. This will minimize the need for external circuits
otherwise needed to limit dv/dt and di/dt in the device so that it is not damaged.

We should note that the clamped-inductive-switching circuit of Fig. 2-6a results in
higher switching power loss and puts higher stresses on the switch in comparison to the
resistive-switching circuit shown in Problem 2-2 (Fig. P2-2).

We now will briefly consider the steady-state i—v characteristics and switching times
of the commonly used semiconductor power devices that can be used as controllable
switches. As mentioned previously, these devices include BJTs, MOSFETs, GTOs, and
IGBTs. The details of the physical operation of these devices, their detailed switching
characteristics, commonly used drive circuits, and needed snubber circuits are discussed
in Chapters 19-28.

BIPOLAR JUNCTION TRANSISTORS AND MONOLITHIC
DARLINGTONS '

The circuit symbol for an NPN BIJT is shown in Fig. 2-7a, and its steady-state i—v
characteristics are shown in Fig. 2-7b. As shown in the i—v characteristics, a sufficiently
large base current (dependent on the collector current) results in the device being fully on.
This requires that the control circuit provide a base current that is sufficiently large so that

Ig > P (2-8)
FE
where hgg is the dc current gain of the device.

The on-state voltage Vg, of the power transistors is usually in the 1-2-V range,
so that the conduction power loss in the BJT is quite small. The idealized i~v character-
istics of the BJT operating as a switch are shown in Fig. 2-7c.

Bipolar junction transistors are current-controlled devices, and base current must be
supplied continuously to keep them in the on state. The dc current gain s is usually only
5-10 in high-power transistors, and so thesc devices are sometimes connected in a
Darlington or triple Darlington configuration, as is shown in Fig. 2-8, to achieve a larger
current gain. Some disadvantages accrue in this configuration including slightly higher
overall V., values and slower switching speeds.

Whether in single units or made as a Darlington configuration on a single chip [a
monolithic Darlington (MD)], BJTs have significant storage time during the turn-off
transition. Typical switching times are in the range of a few hundred nanoseconds to a few
microseconds.

On

off

o] Vce v
fa) VCE(sat) 0 cF

(6) fc)

Figure 2-7 A BJT: (a) symbel, (b) i—v characteristics, (c) idealized characteristics.
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(b)
Figure 2-8 Darlington configurations: (a) Darlington, (b) triple Darlington.

Including MDs, BJTs are available in voltage ratings up to 1400 V and current ratings
of a few hundred amperes. In spite of a negative temperature coefficient of on-state
resistance, modern BJTs fabricated with good quality control can be paralleled provided
that care is taken in the circuit layout and that some extra current margin is provided, that
is, where theoretically four transistors in parallel would suffice based on equal current
sharing, five may be used to tolerate a slight current imbalance.

METAL-OXIDE-SEMICONDUCTOR FIELD EFFECT
TRANSISTORS

The circuit symbol of an n-channel MOSFET is shown in Fig. 2-9a. It is a voltage-
controlled device, as is indicated by the i—v characteristics shown in Fig. 2-9b. The device
is fully on and approximates a closed switch when the gate—source voltage is below the
threshold value, Vs, The idealized characteristics of the device operating as a switch
are shown in Fig. 2-9c.

Metal - oxide—semiconductor field effect transistors require the continuous applica-
tion of a gate—source voltage of appropriate magnitude in order to be in the on state. No
gate current flows except during the transitions from on to off or vice versa when the gate
capacitance is being charged or discharged. The switching times are very short, being in

ip
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Figure 2-9 N-channel MOSFET: (a) symbel, (b) i~v characteristics, (c) idealized

characteristics.
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the range of a few tens of nanoseconds to a few hundred nanoseconds depending on the
device type.

The on-state resistance 7, of the MOSFET between the drain and source increases
rapidly with the device blocking voltage rating. On a per-unit area basis, the on-state
resistance as a function of blocking voltage rating BV ¢ can be expressed as

rDs(on) = k BV%§§27 (2-9)

where k is a constant that depends on the device geometry. Because of this, only devices
with small voltage ratings are available that have low on-state resistance and hence small
conduction losses.

However, because of their fast switching speed, the switching losses can be small in
accordance with Eq. 2-6. From a total power loss standpoint, 300—400-V MOSFETs
compete with bipolar transistors only if the switching frequency is in excess of 30— 100
kHz. However, no definite statement can be made about the crossover frequency because
it depends on the operating voltages, with low voltages favoring the MOSFET.

Metal —oxide—semiconductor field effect transistors are available in voltage ratings in
excess of 1000 V but with small current ratings and with up to 100 A at small voltage
ratings. The maximum gate—source voltage is +20 V, although MOSFETs that can be
controlled by 5-V signals are available.

Because their on-state resistance has a positive temperature coefficient, MOSFETs
are easily paralleled. This causes the device conducting the higher current to heat up and
thus forces it to equitably share its current with the other MOSFETs in parallel.

GATE-TURN-OFF THYRISTORS

The circuit symbol for the GTO is shown in Fig. 2-10a and its steady-state i—v charac-
teristic is shown in Fig. 2-10b.

Like the thyristor, the GTO can be turned on by a short-duration gate current pulse,
and once in the on-state, the GTO may stay on without any further gate current. However,
unlike the thyristor, the GTO can be turned off by applying a negative gate-cathode
voltage, therefore causing a sufficiently large negative gate current to flow. This negative-
gate current need only flow for a few microseconds (during the turn-off time), but it must
have a very large magnitude, typically as large as one-third the anode current being turned
off. The GTOs can block negative voltages whose magnitude depends on the details of the

A
A
i
l A Turn-off
+ Turn-on On
Vak Off-state Off
G N - > -/ Yk VK
—_ Y 0
G
{c)
K

{a) (5)

Figure 2-10 A GTO: (a) symbol, (b) i~v characteristics, (c) idealized characteristics.
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Figure 2-11 Gate turn-off transient characteristics: (a) snubber circuit, (6) GTO turn-off
charactenstic.

GTO design. Idealized characteristics of the device operating as a switch are shown in
Fig. 2-10c.

Even though the GTO is a controllable switch in the same category as MOSFETSs and
BIJTs, its turn-off switching transient is different from that shown in Fig. 2-6b. This is
because presently available GTOs cannot be used for inductive turn-off such as is illus-
trated in Fig. 2-6 unless a snubber circuit is connected across the GTO (see Fig. 2-11a).
This is a consequence of the fact that a large dv/dr that accompanies inductive turn-off
cannot be tolerated by present-day GTOs. Therefore a circuit to reduce dv/dr at turn-off
that consists of R, C, and D, as shown'in Fig. 2-11a, must be used across the GTO. The
resulting waveforms are shown in Fig. 2-11b, where dv/dt is significantly reduced com-
pared to the dv/dt that would result without the turn-off snubber circuit. The details of
designing a snubber circuit to shape the switching waveforms of GTOs are discussed in
Chapter 27. '

The on-state voltage (2—3 V) of a GTO is slightly higher than those of thyristors. The
GTO switching speeds are in the range of a few microseconds to 25 ps. Because of their
capability to handle large voltages (up to 4.5 kV) and large currents (up to a few kilo-
amperes), the GTO is used when a switch is needed for high voltages and large currents
in a switching frequency range of a few hundred hertz to 10 kHz.

INSULATED GATE BIPOLAR TRANSISTORS

The circuit symbol for an IGBT is shown in Fig. 2-12a and its i—v characteristics are
shown in Fig. 2-12b. The IGBTs have some of the advantages of the MOSFET, the BJT,
and the GTO combined. Similar to the MOSFET, the IGBT has a high impedance gate,
which requires only a small amount of energy to switch the device. Like the BIT, the
IGBT has a small on-state voltage even in devices with large blocking voltage ratings (for
example, V, is 2—-3 V in a 1000-V device). Similar to the GTO, IGBTs can be designed
to block negative voltages, as their idealized switch characteristics shown in Fig. 2-12¢
indicate.

Insulated gate bipolar transistors have turn-on and turn-off times on the order of 1 ps
and are available in module ratings as large as 1700 V and 1200 A. Voltage ratings of up
to 2—3 kV are projected.
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Figure 2-12 An IGBT: (a) symbol, (b) i~v characteristics, {c)

idealized characteristics.

)j .j

G O——i

P-MCT N-MCT
K K

(a)

Turn-off
On

Turn-on
Off
J

> VAK

(b) (c)
Figure 2-13 An MCT: (a) circuit symbols, (b) {—v characteristic, (c) idealized

characteristics.



2-9

2-10

2-10  COMPARISON OF CONTROLLABLE SWITCHES 29

MOS-CONTROLLED THYRISTORS

The MOS-controlled thyristor (MCT) is a new device that has just appeared on the
commercial market. Its circuit symbol is shown in Fig. 2-13a, and its i—v characteristic
is shown in Fig. 2-13b. The two slightly different symbols for the MCT denote
whether the device is a P-MCT or an N-MCT. The difference between the two arises
from the different locations of the control terminals, a subject discussed in detail in
Chapter 26.

From the i—v characteristic it is apparent that the MCT has many of the properties of
a GTO, including a low voltage drop in the on state at relatively high currents and a
latching characteristic (the MCT remains on even if the gate drive is removed). The MCT
is a voltage-controlled device like the IGBT and the MOSFET, and approximately the
same energy is required to switch an MCT as for a MOSFET or an IGBT.

The MCT has two principal advantages over the GTO, including much simpler drive
requirements (no large negative gate current required for turn-off like the GTO) and faster
switching speeds (turn-on and turn-off times of a few microseconds). The MCTs have
smaller on-state voltage drops compared to IGBTs of similar ratings and are presently
available in voltage ratings to 1500 V with current ratings of 50 A to a few hundred
amperes. Devices with voltage ratings of 2500—-3000 V have been demonstrated in
prototypes and will be available soon. The current ratings of individual MCTs are sig-
nificantly less than those of GTOs because individual MCTs cannot be made as large in
cross-sectional area as a GTO due to their more complex structure.

COMPARISON OF CONTROLLABLE SWITCHES

Only a few definite statements can be made in comparing these devices since a number
of properties must be considered simultaneously and because the devices are still
evolving at a rapid pace. However, the qualitative observations given in Table 2-1 can
be made.

It should be noted that in addition to the improvements in these devices, new devices
are being investigated. The progress in semiconductor technology will undoubtedly lead
to higher power ratings, faster switching speeds, and lower costs. A summary of power
device capabilities is shown in Fig. 2-14.

On the other hand, the forced-commutated thyristor, which was once widely used in
circuits for controllable switch applications, is no longer being used in new converter
designs with the possible exception of power converters in multi-MV A ratings. This is a
pertinent example of how the advances in semiconductor power devices have modified
converter design.

Table 2-1 Relative Properties of Controllable
Switches

Device Power Capability Switching Speed

BJT/MD Medium Medium

MOSFET Low Fast
GTO High Slow
IGBT Medium Medium

MCT Medium Medium
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Figure 2-14 Summary of power semiconductor device capabilities. All devices except the
MCT have a relatively mature technology, and only evolutionary improvements in the
device capabilities are anticipated in the next few years. However, MCT technology is in a
state of rapid expansion, and significant improvements in the device capabilities are
possible, as indicated by the expansion arrow in the diagram.

DRIVE AND SNUBBER CIRCUITS

In a given controllable power semiconductor switch, its switching speeds and on-state
losses depend on how it is controlled. Therefore, for a proper converter design, it is
important to design the proper drive circuit for the base of a BIT or the gate of a
MOSFET, GTO, or IGBT. The future trend is to integrate a large portion of the drive
circuitry along with the power switch within the device package, with the intention that
the logic signals, for example, from a microprocessor, can be used to control the switch
directly. These topics are discussed in Chapters 20—26. In Chapters 5— 18 where idealized
switch characteristics are used in analyzing converter circuits, it is not necessary to
consider these drive circuits.

Snubber circuits, which were mentioned briefly in conjunction with GTOs, are used
to modify the switching waveforms of controllable switches. In general, snubbers can be

'divided into three categories:

1. - Tumn-on snubbers to minimize large overcurrents through the device at turn-on.

2. Turn-off snubbers to minimize large overvoltages across the device during turn-
off. ,

3. Stress reduction snubbers that shape the device switching waveforms such that the
voltage and current associated with a device are not high simultaneously.
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In practice, some combination of snubbers mentioned before are used, depending on
the type of device and converter topology. The snubber circuits are discussed in Chapter
27. Since ideal switches are assumed in the analysis of converters, snubber circuits are
neglected in Chapters 5-18.

The future trend is to design devices that can withstand high voltage and current
simultaneously during the short switching interval and thus minimize the stress reduction
requirement. However, for a device with a given characteristic, an alternative to the use
of snubbers is to alter the converter topology such that large voltages and currents do not
occur at the same time. These converter topologies, called resonant converters, are dis-
cussed in Chapter 9.

JUSTIFICATION FOR USING IDEALIZED DEVICE
CHARACTERISTICS

In designing a power electronic converter, it is extremely important to consider the
available power semiconductor devices and their characteristics. The choice of devices
depends on the application. Some of the device properties and how they influence the
selection process are listed here:

1. On-state voltage or on-state resistance dictates the conduction losses in the device.

2. Switching times dictate the energy loss per transition and determine how high the
operating frequency can be.

3. Voltage and current ratings determine the device power-handling capability.

4. The power required by the control circuit determines the ease of controlling the
device.

5. The temperature coefficient of the device on-state resistance determines the ease
of connecting them in parallel to handle large currents.

6. Device cost is a factor in its selection.

In designing a converter from the system viewpoint, the voltage and current require-
ments must be considered. Other important considerations include acceptable energy
efficiency, the minimum switching frequency to reduce the filter and the equipment size,
cost, and the like. Hence the device selection must ensure a proper match between the
device capabilities and the requirements on the converter.

These observations help to justify the use of idealized device characteristics in ana-
lyzing converter topologies and their operation in various applications as follows:

1. Since the energy efficiency is usually desired to be high, the on-state voltage must
be small compared to the operating voltages, and hence it can be ignored in
analyzing converter characteristics.

2. The device switching times must be short compared to the period of the operating
frequency, and thus the switchings can be assumed to be instantaneous.

3. Similarly, the other device properties can be idealized.

The assumption of idealized characteristics greatly simplifies the converter analysis
with no significant loss of accuracy. However, in designing the converters, not only must
the device properties be considered and compared, but the converter topologies must also
be carefully compared based on the properties of the available devices and the intended
application.
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SUMMARY

Characteristics and capabilities of various power semiconductor devices are presented. A
justification is provided for assuming ideal devices, unless stated explicitly, in Chapters
5-18. The benefits of this approach are the ease of analysis and a clear explanation of the
converter characteristics, unobscured by the details of device operation.

PROBLEMS

2-1 The data sheets of a switching device specify the following switching times corresponding to the
linearized characteristics shown in Fig. 2-6b for clamped-inductive switchings:

t,; = 100 ns 1, = 50 ns t,, = 100 ns ty; = 200 ns
Calculate and plot the switching power loss as a function of frequency in a range of 25— 100 kHz,
assuming V, = 300 V and I, = 4A in the circuit of Fig. 2-6a.

2-2 Consider the resistive-switching circuit shown in Fig. P2-2. V, = 300 V, f, = 100 kHz and
R =175 Q, so that the on-state current is the same as in Problem 2-1. Assume the switch turn-on
time to be the sum of f,; and 1;, in Problem 2-1. Similarly, assume the turn-off time to be the sum

of t,, and 1.
R
Va C:) irl +
vy
] -
Figure P2-2

Assuming linear ;'oltage- and current-switching characteristics, plot the switch voltage and
current and the switching power loss as a function of time. Compare the average power loss with
that in Problem 2-1.
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CHAPTER 3

3-1

3-2

REVIEW OF BASIC
ELECTRICAL AND
MAGNETIC CIRCUIT
CONCEPTS

INTRODUCTION

The purpose of this chapter is twofold: (1) to briefly review some of the basic definitions
and concepts that are essential to the study of power electronics and (2) to introduce
simplifying assumptions that allow easy evaluation of power electronic circuits.

ELECTRIC CIRCUITS

An attempt is made to use Institute of Electrical and Electronics Engineers (IEEE) stan-
dard letter and graphic symbols as much as possible. Moreover, the units used belong to
the International System of Units (SI). The lowercase letters are used to represent instan-
taneous value of quantities that may vary as a function of time. The uppercase letters are
used to represent either the average or the rms values. As an example, a voltage v,; and
its average value V,; are shown in Fig. 1-4b. A value that is average or rms may be stated
explicitly or it may be obvious from the context.

The positive direction of a current is shown explicitly by a current arrow in the circuit
diagram. The voltage at any node is defined with respect to the circuit ground, for
example, v, is the voltage of node a with respect to ground. The symbol v, refers to the
voltage of node a with respect to node b, where, v, = v, — v,.

3-2-1 DEFINITION OF STEADY STATE

In power electronic circuits, diodes and semiconductor switches are constantly changing
their on or off status. Therefore the question arises: When is such a circuit in steady state?
A steady-state condition is reached when the circuit waveforms repeat with a time period

T that depends on the specific nature of that circuit.

33
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3-2-2 AVERAGE POWER AND rms CURRENT

Consider the circuit of Fig. 3-1, where the instantaneous power flow from subcircuit 1 to
subcircuit 2 is

p1) = vi (-1

Both v and i may vary as a function of time. If v and i waveforms repeat with a time period
T in steady state, then the average power flow can be calculated as

1 |7 1 (7
P, = T p® dt = T vi dt (3-2)
0 0

Under the conditions stated earlier, if subcircuit 2 consists purely of a resistive load,
then v = Ri and in Eq. 3-2

1T,
Pyy =R7, , i“dt (3-3)

In terms of the rms value / of the current, the average power flow can be ex-
pressed as

P,, = RP (3-4)
A comparison of Eqs. 3-3 and 3-4 reveals that the rms value of the current is
I= lITF-dt (3-5)
T 0

which shows the origin of the term root-mean-square.
If i is a constant dc current, then Eqs. 3-4 and 3-5 are still valid with the average and
the rms values being equal.

3-2-3 STEADY-STATE ac WAVEFORMS WITH SINUSOIDAL
VOLTAGES AND CURRENTS

Consider the ac circuit of Fig. 3-24a, with an inductive load under a steady-state operation,
where

v=V2Vcoswt i=\V2 cos(wt — ¢) (3-6)

and V and / are the rms values. The v and i waveforms are plotted as functions of wt in
Fig. 3-2b.

3-2-3-1 Phasor Representation

Since both v and i vary sinusoidally with time at the same frequency, they can be
represented in a complex plane by means of the projection of the rotating phasors to the
horizontal real axis, as shown in Fig. 3-2c. Conventionally, these phasors rotate in a

Subcircuit 1 Subcircuit 2

Figure 3-1 Instantaneous power flow.
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Figure 3-2 Sinusoidal steady state.

counterclockwise direction with an angular frequency w, and their rms values (rather than
their peak values) are used to represent their magnitudes:

V=Ve? and I=1Ie/* 3-7

Considering Eq. 3-6, the phasor diagram in Fig. 3-2c corresponds to the time instant
when v attains its positive-maximum value.

In Eq. 3-7 V and I are related by the complex load impedance Z = R + joL = Ze/*
at the operating frequency o in the following manner:

I === — = — e_j¢ = Ie_j¢ (3_8)
where I = V/Z.

3-2-3-2 Power, Reactive Power, and Power Factor

The complex power S is defined as
S = VI' = Vel - [e/® = VIei = Sei® (39

Therefore, the magnitude of the complex power, which is also called the apparent power
and is expressed in the units volt-amperes, is
S=Vi (3-10)
The real average power P is
P = Re[S] = VIcos ¢ (3-11)
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which is expressed as a product of V and the current component I, = I cos ¢, which is
in phase with the voltage in the phasor diagram of Fig. 3-2c. The out-of-phase component
is I, = I sin ¢. The in-phase current component i,(f) and the out-of-phase current
component i (f) can be expressed as

i(f) = V2,cos ot = (V2 cos b)cos wt (3-12)
and
i) = V2sin o = (V2 sin d)sin wr (3-13)

where i(f) = i)(f) + i, (t). These two current components are plotted in Fig. 3-2b.

It should be noted that i, and i, result in instantaneous power flow components p; =
vi, and p, = v-i,, where p = p; + p,. Both p; and p, pulsate at 20, twice the source
frequency w. Here p, has an average value given by Eq. 3-11; the average value of p, is
Zero.

In the phasor diagram of Fig. 3-2c, only I, (=1 cos ¢) is responsible for the power
transfer, not 7, (=I sin ¢). It is common to define a quantity called reactive power Q with
the units of var (volt-ampere-reactive) using /,,. Defining the complex power S = P + jQ
and using Egs. 3-9 and 3-10,

Q = VIsin$ = VI, = (§* - P)'? (3-14)

An inductive load shown in Fig. 3-2a has a positive value of ¢, where the current lags
the voltage. In accordance with Eq. 3-14, an inductive load draws positive vars, also
called lagging vars. Conversely, a capactive load draws negative vars, also called leading
vars (in other words, it supplies positive vars to the electrical system).

The physical significance of S, P, and Q should be understood. The cost of most
electrical equipment such as generators, transformers, and transmission lines increases
with § = VI, since their electrical insulation level and magnetic core size depend on V and
their conductor size depends on I. Power P has a physical significance since it represents
the rate of useful work being performed plus the power losses. In most situations, it is
desirable to have the reactive power Q be zero.

Based on the above discussion, another quantity called the power factor is defined,
which is a measure of how effectively the load draws the real power:

P factor = P_P_ 3-15

ower acor—S—VI—cosd) (3-15)
which is dimensionless. Ideally, the power factor should be 1.0 (that is, Q should be zero)
to draw power with a minimum current magnitude and hence minimize losses in the
electrical equipment and possibly in the load.

@ Example 3-1 An inductive load connected to a 120-V, 60-Hz ac source draws
1 kW at a power factor of 0.8. Calculate the capacitance required in parallel with the load
in order to bring the combined power factor to 0.95 (lagging).

Solution
For the load:
PL = ]000 W
1000
S; = 08 1250 VA

Q. = VS? — P? = 750 VA (lagging)
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Therefore, the complex power of the load is
S, =P, +jo,
= 1000 + j750 VA

The reactive power drawn by a capacitor is represented as —jQ. because the
capacitor current leads the voltage by 90°. Therefore, the total complex power de-
livered from the source is

§= (P, +jOu) ~ jOc
=P+ QL — Qo)

Since the combined power factor is 0.95 (lagging),

P

©@L - Qc) =P, ( : - 1) = 328.7 VA (lagging)

0.952
and therefore,
Oc = 750 — 328.7 = 421.3 VA (leading)
Since
vV 5
Q= 3. " ey~ V€
421.3 x 10°
C_zwxéoxlzozn??ﬁpf .

3-2-3-3 Three-Phase Circuits

During a balanced steady-state operating condition, it is possible to analyze three-phase
circuits such as that in Fig. 3-3a on a per-phase basis. The positive phase sequence is
commonly assumed to be g-b—c. Using rms values to represent the magnitudes,

V Ve"’ 14 .
= 8 I s T2 = ~-jb
Z - zR - z¢ Tl ;
Ib - [ae-;zwz = le—;(¢+21r/3) ( _16)

Ic = Iaej}!'rr.’} = Ie-j(«b 2m/3)

where | = V/Z. Assuming Z to be an inductive impedance with a positive value of ¢, the
phase voltage and current phasors are shown in Fig. 3-3b.

It is possible to calculate the line-to-line voltages from the phase voltages, recogniz-
ing for example that v, = v, — v,. Figure 3-3¢ shows line-to-line voltage phasors where

V., = V€™ leads V, by 30° and the line-to-line rms voltage magnitude is
=V3V (3-17)
It is possible to calculate power on a per-phase basis as
Sphase = VI and  Pypaee = VIcos & (3-18)

Therefore, in a balanced system the total three-phase power can be expressed as
S3.phase = 3Spnase = VI = \V/3V,J (3-19)



38

CHAPTER 3 REVIEW OF BASIC ELECTRICAL AND MAGNETIC CIRCUIT CONCEPTS

’6 _¢°
la
Ve
(a) (b)
Vab
Vea v,
‘\ w
30°
Vi
YV
(c)
Figure 3-3 Three-phase circuit.
and
P3 phase = 3Pphase = 3VI cos & = V3Vl cos ¢ (3-20)

The above three-phase circuit operates on the same power factor as the per-phase
power factor of cos .

It should be noted that even if a three-phase circuit is operating with nonsinusoidal
voltages and currents, its total power can still be calculated on a per-phase basis provided
the circuit is operating under a balanced, steady-state condition.

3-2-4 NONSINUSOIDAL WAVEFORMS IN STEADY STATE

In power electronic circuits, dc or low frequency ac waveforms are synthesized by using
segments of an input waveform. The motor voltage produced by the power electronics
inverter in an ac motor drive is shown in Fig. 3-4a. Often, the line current drawn from the
utility by the power electronic equipment is highly distorted, as shown in Fig. 3-4b. In
steady state, such waveforms repeat with a time period T and a frequency f (=w/2w) =
U/T. This repetition frequency is called the fundamental frequency, and it is usually
designated by a subscript 1. In addition to a dominant component at the fundamental
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Figure 3-4 Nonsinusoidal waveforms in steady state.

frequency, the waveforms in Fig. 3-4 contain components at the unwanted frequencies
that are harmonics (multiples) of the fundamental frequency. These components can be
calculated by means of Fourier analysis.

3-2-4-1 Fourier Analysis of Repetitive Waveforms

In general, a nonsinusoidal waveform fif) repeating with an angular frequency ® can be
expressed as

f)=Fo+ D fild =tao + D {acosthor) + bysinthon)} (321
h=1

h=1

where Fy = %ao is the average value. In Eq. 3-21,

1 {2~ v
a = fcos(hwt) d(wi) h=0,... o (3-22)
0
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and
1 2
by = = jo A2) sin(hwt) d(wr) h=1,-. % (3-23)
From Egs. 3-21 and 3-22, the average value (noting that © = 2m/T)
) 1 [2~ 1 (1
Fo = 3jap = 77 i A d(ewp = 7 L Ao dt (3-24)

In Eq. 3-21, each frequency component [f,(1) = a,cos(hwt) + b,sin(hwt)] can be repre-
sented as a phasor in terms of its rms value,

F, = F,e/® (3-25)

where the rms magnitude

_ Vaf, + bﬁ (3-26)
h \/5
and phase ¢, is given by
—=b
tandy) = 2 (3-27)
ay

As shown later, the rms value of the function f{7) can be expressed in terms of the rms
values of its Fourier series components

. 1/2
F= (F02 +> F,,Z) (3-28)
h=1

It should be noted that many ac waveforms such as that in Fig. 3-4 have a zero
average value (F, = 0). Moreover, by use of the waveform symmetry it is often possible
to simplify the calculations of a, and b, in Eqgs. 3-22 and 3-23. Table 3-1 summarizes the
types of symmetry, required conditions, and the expressions for a, and b,,.

3.2-4-2 Line-Current Distortion

Figure 3-5 shows a line current i, drawn from the utility by the power electronic equip-
ment that deviates significantly from a sinusoidal waveform. This distorted current can
also lead to distortion in the utility-supplied voltage. However, the distortion in the utility
voltage is usually small. For the sake of significantly simplifying our analysis, we will
assume the utility input voltage to be purely sinusoidal at the fundamental frequency (with
o, =wand f; = f) as

v = V2 V.sin ot (3-29)

The input current in steady state is the sum of its Fourier (harmonic) components as
(here it is assumed that there is no dc component in i)

in) = ialt) + D ianle) (3-30)

h#1

where i, is the fundamental (line-frequency f;) component and i, is the component at the
h harmonic frequency f,(=hf;). These current components in Eq. 3-30 can be ex-
pressed as

i) = V2ysin(wr — &) + 2 V2Usin(wpt — dr) (3-31)

hat1l
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Table 3-1 Use of Symmetry in Fourier Analysis

Symmetry Condition Required a, and b,
Even f(—n =f)

by = 0 a, = % fo "f(t)cos(hwt) d(wi)

Odd f(=0=-Ry a, =0 by, = %fﬁf(t)sin(hu)t) d(wt)
0

Half-wave fO = —f@¢ + %T) a, = gh =0 foreven h
a == fo " f(9) cos(hwt) d(wf) for odd h

b, = % fo " f(Dsin(hwt) d(wt) for odd h

Even Even and half-wave b,=0 forallh
quarter-wave 4 (ur2
)= f S(t)cos(hwt) d(wt) for odd h
a, = wJo
0 for even h
Odd Odd and half-wave a,=0 forall h
quarter-wave 4 fur2
)= f S@)sin(hws) d(wt) for odd h
by = {™Jo

0 for even h

Figure 3-5 Line-current distortion.

where ¢, is the phase angle between the assumed sinusoidal input voltage v, and i, (a
positive value of ¢, means that the current i ; lags the voltage). The rms value I of the
line current can be calculated by applying the definition of rms given by Eq. 3-5 to the i,
waveform, as in the following equation (where T} = 1/f; = 2n/w,):

1 T 2 172
Is=|= | &@adt (3-32)
Ty J,

Substituting for i; from Eq. 3-30 into Eq. 3-32 and noting that the integrals of all the
cross-product terms (i.e., the product of two different frequency components) are indi-

vidually zero,
12
Is = (131 + 2 Ifh) / (3-33)

h*1
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The amount of distortion in the voltage or current waveform (here in the input
current) is quantified by means of an index called the total harmonic distortion (THD).
The distortion component i ;. of the current from Eq. 3-30 is

iaist) = i) = in@® = Y, i) (3-34)

h#]

It is plotted in Fig. 3-5. In terms of the rms values,

Iys = [2 = ]2 = (2 Ifh)m (3-35)

h##1

The THD in the current is defined as

1 is
%THD, = i (3-36)

|
2
X

It
2
X

]

=

X
>
Ly
=

where the subscript i indicates the THD in current. A similar index THD, can be ex-
pressed by using voltage components in Eq. 3-36.

In many applications, it is important to know the peak value /., of the i; wave-
form in Fig. 3-5 as a ratio of the total rms current /. This ratio is defined as

I
Crest factor = ;eak (3-37

3-2-4-3 Power and Power Factor
Starting with the basic definition of average power, in Fig. 3-5

1 (T I .
P= -T—IL p(d) dt = Fl fo vi(Dis(D dt (3-38)

Using v, from Eq. 3-29 and i from Eq. 3-31 and once again noting that the integrals of
all cross-product terms are individually zero,

L [T
P= FJ V2Vsin oyt - V2 sin(et — &) di = Vidgcos b, (3-39)
lJo

Note that the current components at harmonic frequencies do not contribute to the
average (real) power drawn from the sinusoidal voltage source v,. The apparent power S
is the product of the rms voltage V and the rms current I (as in Eq. 3-10 for sinusoidal

quantities),

S =V (3-40)
The power factor (PF) is the same as in Eq. 3-15 for sinusoidal quantities:

PF = P 341D

S
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Using Eqgs. 3-39 through 3-41,

_ V‘,l‘,]COS <bl _ Isl
PF = V. =1, cos ¢, (3-42)
The displacement power factor (DPF, which is the same as the power factor in linear
circuits with sinusoidal voltages and currents) is defined as the cosine of the angle ¢;:

DPF = cos ¢, (3-43)
Therefore, the power factor with a nonsinusoidal current is
I s1
PF = T DPF (3-44)

E)

From Eq. 3-35, we note that a large distortion in the current waveform will result in a
small value of /_;/I, and hence a low power factor. In terms of Eqgs. 3-36 and 3-44, the
power factor can be expressed as

1

—7—=—===DPF 3-45
Vi + THD? ¢4

3-2-5 INDUCTOR AND CAPACITOR RESPONSE

As shown by phasors in Fig. 3-6 under a sinusoidal steady-state condition, the current lags
the voltage by 90° in an inductor and leads the voltage by 90° in a capacitor. The voltages
and currents are related by

\'/3 \ /AN . .
=L - {—=|,—/m2 -
I, jal (mL)e in an inductor (3-46)
and
I, = joCV, = (@CV_)e™? in a capacitor (3-47)
In an inductor L(di;/dt) = v,(1), and therefore,
1 t
i) = ig(n) + AR & > (3-48)
h
J
L oL Lo, aC
\ /3 v
Al
90°
(] — w
Ve

Figure 3-6 Phasor representation.
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where £ is the variable of integration and i, (z,) is the inductor current at time ¢,. Figure
3-7a shows the inductor current in response to a voltage pulse where initially at ¢ = ¢,, the
inductor has a current of i;(¢,). It can be seen that even though the inductor voltage may
jump instantaneously, the inductor current cannot change instantaneously.
Figure 3-7b shows the capacitor voltage in response to a current pulse, where v (t,)
is the initial capacitor voltage at ¢t = ¢t,. Since C(dv./df) = i_,
l t
v(t) = v(ty) + c J’ i d& 1> (3-49)
H

1

where £ is the variable of integration. A capacitor being an electrical dual of an inductor,
the capacitor current can jump instantaneously but the capacitor voltage cannot change
instantaneously.

3-2-5-1 Average V, and I_ in Steady State

Now we will consider a concept that is frequently used in power electronics. Consider the
circuits of Figs. 3-8a and 3-9a in steady state, though the circuit voltages and currents
may not be sinusoidal or constant dc. A steady-state condition implies that the circuit
voltage and current waveforms repeat with a time period T; that is,

wWit+T)y=v() and it + T) = i(t) (3-50)

In case of an inductor operating under a steady-state condition, substituting t = ¢, +
T in Eq. 3-48 and recognizing that i,(¢t, + T) = i,(¢;) from Eq. 3-50 result in

H+T
j 173 d§ =0
1

or
1 a+7T
T vpdE =0 (3-51)
b
iz, e
+ +
vL L Ve o~ C
}
vy i

ig(t)) ——of SR} pa—
0 0

ty 31

(a) (b)
Figure 3-7 Inductor and capacitor response.
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Subcircuit 1 Subcircuit 2

(a)

t1+T

31
(b)

Figure 3-8 Inductor response in steady state.

Subcircuit 1 Subcircuit 2

T

[l ot

143 t1+T

(b)

Figure 3-9 Capacitor response in steady state.

where £ is the variable of integration. Equation 3-51 implies that in steady state, the
average inductor voltage (averaged over one time period) must be zero. This is illustrated
by the waveforms of Fig. 3-8b, where area A = B. As a physical explanation of this
property, the integral of inductor voltage is equal to the change in the inductor flux
linkage, and Eq. 3-51 implies that the net change of flux linking the inductor over one
time period of repetition is zero, which is a necessary condition for steady-state operation.
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In case of a capacitor operating under a steady-state condition, substituting t = ¢, +
T in Eq. 3-49 and recognizing that v(t; + T) = v (t,) from Eq. 3-50 result in

n+T
f dk =0
t

or

1 fr,w
= i.dt=20 (3-52)
T 14

where £ is the variable of integration. Equation 3-52 implies that in steady state, the
average capacitor current (averaged over one time period) must be zero. This is illustrated
by the waveforms of Fig. 3-9b, where area A = B. As a physical explanation of this
property, the integral of capacitor current is equal to the change in charge of the capacitor,
and Eq. 3-52 implies that the net change of charge on the capacitor over one time period
of repetition is zero, which is a necessary condition for steady-state operation.

MAGNETIC CIRCUITS

Power electronic equipment often contains magnetic components such as inductors and
transformers. Some of the basic definitions and concepts of magnetic circuits are reviewed
here.

3-3-1 AMPERE’S LAW

A current-carrying conductor produces a magnetic field of intensity H whose SI unit is
amperes per meter (A/m). According to Ampere’s law (Fig. 3-10a), the line integral of the
magnetic field intensity H (with units of A/m) equals the total (enclosed) current:

§ Hdl=3%i (3-53)

1, = mean path length

o~
———e—m
P e i ‘/
!
N; ¢ Airgap: Hy
q
O | l
! )
H \—-jr—-——’
Core: H,
(a) (b)

Figure 3-10 (a) General formulation of Ampere’s law. (b) Specific example of
Ampere’s law in the case of a winding on a magnetic core with an airgap.
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For most practical circuits, the above equation can be written as
S Hibe = D, Nuim (3-54)
k m

For the circuit in Fig. 3-10b, Eq. 3-54 becomes H,l; + H,l, = Nyi,.

3-3-2 RIGHT-HAND RULE

The direction of the H-field produced by a current-carrying conductor is defined by the
right-hand rule, in which a screw with a right-hand thread moves in the same direction as
the current direction. The direction of the H-field is determined by the rotational direction
of the screw, which is shown in Fig. 3-11a. This rule is applied in determining the
direction of the H-field produced in the core of a coil such as shown in Fig. 3-11b. The
direction of this H-field depends on the current direction as well as on how the coil is
wound.

3-3-3 FLUX DENSITY OR B-FIELD

The H-field is related to the flux density B or the B-field by the property of the medium
in which these fields exist:

B = pH (3-55)

where B is in SI units of webers per square meter” (Wb/m?) or tesla (T"), where one tesla
equals one weber per square meter, and  is called the permeability of the medium in SI
units of henrys per meter (H/m). The permeability p. of a medium is defined in terms of
the permeability of free space or air, p,, and a relative permeability .,

R = pol, (3-56)

where py = 47 X 1077 H/m and ., may range from 1.0 for air or a nonmagnetic medium
to several thousands for iron.

Equation 3-55 exhibits a linear relationship between the B- and H-fields provided
stays constant, for example, in nonmagnetic materials or in the magnetic materials op-
erating in a linear region, well below their saturation flux density B, as shown in Fig.
3-12. Beyond B,, a magnetic material begins to saturate, as shown in Fig. 3-12, and the
incremental permeability p, = AB/AH can be much smaller than its permeability in the
linear region.

H-field

=1

(a) )
Figure 3-11 Determination of the magnetic field direction via
the right-hand rule in (a) the general case and (b) a specific
example of a current-carrying coil wound on a toroidal core.
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B
4
AB
AH
AB
B, F ' Ha AH
|
|
AB'! ,_AB_B
: H=3um"Hm
AH :
{
H
l'-— Linear region —-l
H,

Figure 3-12 Relation between B- and H-fields.

3-3-4 CONTINUITY OF FLUX

The B-field or the flux density represents the density of flux lines per unit area. The
magnetic flux ¢ crossing an area can be obtained by the surface integral of the B-field

normal to that area,
b= f f B dA (3-57)
A

Since the magnetic flux lines form closed loops, the flux lines entering a closed surface
area must equal those leaving it. This is called the continuity of flux and can be expressed
as the closed surface integral of B, which is zero:

¢=jf BdA=0 (3-58)
A (closed surtce)

For example, in the magnetic circuit of Fig. 3-13, Egs. 3-57 and 3-58 result in
B,A1+B2A2+B3A3=0 or ¢l+¢2+¢3=0

In general,
D> =0 (3-59)

k
—> A| [,/ ‘\\ A4;

/ I T
—-—(—» LA ¢ <—|——\

x 93 L

/

Figure 3-13 Continuity of flux.
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3-3-5 MAGNETIC RELUCTANCE AND PERMEANCE

Ampere’s law in the form of Eq. 3-54 and the continuity of flux given by Eq. 3-58 can
be combined to define the reluctance of a magnetic circuit. In general, for a magnetic
circuit of the type shown in Fig. 3-10b,

I I I I
Hl = H Ay) —— = B:A = — =
Zk o ; i) MiAg ; BrA) MiAg ; ® PxAx ¢ ; PxAx

where &, = ¢ for each k by applying the continuity-of-flux Eq. 3-58. Therefore, from Eq.
3-54 and the equation above

b ; u:’;k = 2,:‘ N (3-60)

For each section k, the term in the summation on the left-hand-side of Eq. 3-60 is
defined as the magnetic reluctance in the path of the magnetic flux lines:

I
R, = — 3-61
T (3-61)
and therefore,
¢ >, R = D) Npim (3-62)
k m
For the simple magnetic structure shown in Fig. 3-14,
R = Ni (3-63)

As seen from Eq. 3-61, the reluctance of a magnetic circuit depends on the property of the
magnetic medium p and its geometry / and A.
Knowing R, and i,, in Eq. 3-62 for circuits similar to that in Fig. 3-10b, the flux ¢
can be calculated as
> Noim

T
k

Permeance of a magnetic circuit is defined as the reciprocal of its reluctance:

1
R

(3-64)

P = (3-65)

Mean path length

Cross-sectional
area A

Permeability u

Figure 3-14 Magnetic reluctance.
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Table 3-2 FElectrical-Magnetic Analogy

Magnetic Circuit Electric Circuit
mmf Ni v

Flux ¢ i

reluctance R R

permeability 1/p, where p = resistivity

3-3-6 MAGNETIC CIRCUIT ANALYSIS

To analyze magnetic circuits, it is often convenient to invoke an analogy between mag-
netic and electrical quantities, given in Table 3-2 which is valid on a quasi-static basis,
that is at a given instant of time.

This leads to the analogy between magnetic and electrical circuit equations given in
Table 3-3.

Figure 3-15a shows a magnetic circuit and Fig. 3-15b shows its electrical analog,
which can be easily analyzed.

3-3-7 FARADAY’S VOLTAGE INDUCTION LAW

Consider a stationary coil with or without a magnetic core, as shown in Fig. 3-16a. By
convention, the voltage polarity is chosen to be positive at the terminal where the positive
current enters. This is using the same set of references as we do when we state Ohm’s law,
v == Ri. Having chosen the current direction, the positive flux direction is established by
the right-hand rule, which is vertically up in Fig. 3-16a for a positive current. Then by
Faraday’s law, a time-varying flux linkage of the coil N¢ is related to the induced volt-
age as
diNg) . do

= + 7 N 7 (3-66)
where the positive voltage polarity and flux direction are as shown in Fig. 3-16a.

This induced voltage polarity can be confirmed by Lenz’s law of electromagnetic
induction. Let us treat the changing external flux ¢, as the cause and the induced voltage
as the effect. The polarity of the induced voltage is such as to circulate a current (if the
circuit is closed) to oppose the change of flux linkage. Therefore, in Fig. 3-16b, if ¢, is
increasing with time in the direction indicated, then the polarity of the induced voltage can
be obtained by hypothetically closing the circuit through a resistance R. The current
should flow out of the top terminal (from the right-screw rule) in order to oppose the
change in flux linkage of the coil by producing ¢,. This implies that the induced voltage
would have to be positive at the top terminal of the coil with respect to the bottom
terminal.

Table 3-3 Magnetic—Electrical Circuit Equation Analogy

Magnetic Electrical (dc)
M ! Ohm’s | R !
— T — s Ia - T —
$ HA Alp
$X R, =2N Kirchhoff’'s voltage law: i E R, = 2 Vin
3 m
3

b, = Kirchhoff’s current law: 3. i, = 0
%
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(a)
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Figure 3-15 (a) Magnetic circuit. (b) An electrical analog.

[ External ¢,

iduetoe
M 2. sitive
“! + l at - PO
P

]
O -

|| o +V¥w
Al ol al
ll LY
al ol

\¢,- duetoi

(a) (b)

Figure 3-16 (a) Flux direction and voltage polarity.
(6) Lenz’s law.

3-3-8 SELF-INDUCTANCE L

A coil such as that shown in Fig. 3-17 has a self-inductance or simply inductance L, which
is defined as

L= NT¢ or N =Li (3-67)
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Slope L

(a) (b)
Figure 3-17 Self-inductance L.

where generally in the linear range of the core material, L is independent of i. Substituting
for N from Eq. 3-67 into Eq. 3-66 yields
di dL di . .
e= LZ‘ + i = LZ‘ for a stationary coil (3-68)

In coils with ferromagnetic cores, N¢ varies with i, as shown in Fig. 3-17b, and can
be linearized as indicated by the dotted line. The slope of this linearized characteristic
equals the linearized inductance L.

In Eq. 3-67, substitution for ¢ from Eq. 3-63 yields

(3-69)

which shows that the coil inductance is a property of the magnetic circuit and is inde-
pendent of i, provided magnetic saturation does not occur.

3-3-9 TRANSFORMERS
3-3.9-1 Transformers with Lossless Cores

A transformer consists of two or more coils that are magnetically coupled. Figure 3-18a
shows a cross section of a conceptual transformer with two coils. We assume that the

BA
T T )_-——h\l
| L
i N i | ) B,
o \ fapL i >
+ L1P BRI +
T 7 M —
Y R g TS B HEHELY H
_ Il 110 -
{ V- 'Y (
| | B
=0+ )| 92=-9+9p
—————————— — -By < B(t) < B,
(a) (b)

Figure 3-18 (a) Cross section of a transformer. (b) The B-H characteristics of the core.
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transformer core has the B—H characteristic shown in Fig. 3-18b and that B() is always
less than B_. The total flux &, in coil 1 is given by

b1 =¢ + oy (3-70)
and the total flux &, in coil 2 is given by
b= —-¢+ ¢ (3-71)

In Egs. 3-70 and 3-71 ¢,; and &, are the leakage fluxes in coils 1 and 2, respectively, and
are diagrammed in Fig. 3-18a. The flux ¢ in the core links the two coils and is
given by
_Niy ~ Noia Ny
¢ - gic - %c (3'72)
where R, is the reluctance of the core and i,, is the magnetizing current given by Eq. 3-72
as

. . Ny
b = iy = 2 (3-73)
The leakage fluxes are given by
_ Ny,
by = A, (3-74)
and
Naip
=== 3-75
¢, R, (3-75)

where R;, and R, are the reluctances of the leakage-flux paths. Even in well-designed

transformers, the leakage fluxes are a nonnegligible part of the total coil fluxes. This

results in leakage reluctances that must be accounted for in any transformer description.
The voltages v, and v, at the terminals of the transformer are given by

d
v, = Ryiy + Ny -% (3-76)
and
d
Yy = -Rziz - Nz % (3—??)

The resistances R, and R, account for the ohmic losses in the windings caused by the finite
conductivity of the conductors. The negative signs in Eq. 3-77 are the result of setting the
polarity of the voltage v, as positive where the current i, leaves the terminal of coil 2
(where the direction of &, is consistent with the right-hand rule applied to coil 2). Using
Egs. 3-70, 3-72, and 3-74 in Eq. 3-76 to express the fluxes in terms of the currents i, and
i, yields

——A-,i diy + 1_V_f dim (3-78)

nERt g w YR d

Similarly the voltage v, can be expressed as
N_% diz + NiN2 dim

Rp d = R, a (3-19)

Vo = —Raip —
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The notation in the expression for v, (Eq. 3-78) can be simplified by defining the
following quantities:

. o N} di . din
the induced emf in coil 1 ¢; = @t: i Ly 2 (3-80a)
where,
Nt
the magnetizing inductance L,, = R (3-80b)
(s
and,
N
the leakage inductance for coil | Ly = R (3-81)
{1
Using these definitions in Eq. 3-78 yields
di i, di
vi = iR+ Ly '{'j;l + Ly — o =Ry, + Ly —; ar (3-82)
If the third term on the right-hand side of Eq. 3-79 is multiplied by N,/N, and we define
N} »
Lp= QTQ (3-83)
then Eq. 3-79 can be expressed as
di; N di
vs = —Raiy — Lp -E’ + Nz — Roiy ~ Ly 3?2 + e (3-34)

where ¢, is the induced emf in coil 2.
Equations 3-82 and 3-84 form the basis of the transformer equivalent circuit shown
in Fig. 3-19a.

{a)

i i
O ]
+ + + +

& @&
vy ey M Ny e vz
D - o
{b)

Figure 3-19 Equivalent circuit for (a) s physically realizable
transformer wound on a lossless core and (6) an ideal
transformer.
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3-3.9.2 Ideal Transformers

Sometimes the equivalent circuit of a transformer can be simplified with the following
idealizations:

1. R, = R, = 0 (i.e., windings made from perfect conductors).
2. R, = 0 (core permeability p. = =) and hence L,, = o,
3. R, = Rp = © and thus L,; = L, = 0 (leakage fluxes ¢;; and ¢, = 0).
If these idealizations can be made, then the transformer equivalent reduces to the ideal

transformer equivalent shown in Fig. 3-19b. In the ideal-transformer approximations,
Eqgs. 3-82 and 3-84 reduce to

Nop N2 p 2
N ‘TN i " M N
Equatien 3-72 can be rewritten as R . = N,i; — N,i, = 0 when R, = 0. Thus we can
express the currents as

(3-85)

Vi = € V2 =€ =

Naiy = Nii h Y 3-86

202 1; Or iz = N1 ( - )

Equations 3-85 and 3-86 are the mathematical description of an ideal transformer. Note

that the equivalent circuit for the physically realizable transformer of Fig. 3-19a contains
an ideal transformer.

3-3-9-3 Transformers with Cores Having Hysteresis

If the transformer is wound on a magnetic core having a B-H characteristic with hysteresis
such as is shown in Fig. 3-20, then the time-varying flux in the core will dissipate power
in the core. This dissipation or loss must be accounted for in the equivalent circuit of the
transformer. According to Eq. 3-72, it is the magnetizing current i, that generates the flux
in the core, and in the magnetically lossless equivalent circuit of Fig. 3-19a, i,, flows
through the magnetizing inductance L,,. In the presence of core losses, i, still generates
the flux in the core, so a convenient way to model the core losses in the transformer
equivalent circuit is by a resistance either in series with L , or in paralle] with L,,. The
standard practice is to include a resistance R,, in parallel with L, as is shown in Fig.
3-21a, which makes the core losses equal to €,%/R,,,.

Oy

—

Figure 3-20 B-H characteristic of a transformer core
having hysteresis and hence magnetic losses.
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(a)

R Ly L R

[o ]

(b)

Figure 3-21 Equivalent circuit of a transformer including the effects of hysteresis loss. (a)
Circuit components are on both sides (coil 1 and coil 2 sides) of the ideal transformer. (b)
Components from the secondary (coil 2) side are reflected across the ideal transformer to
the primary (coil 1) side.

3-3-9-4 Per-Unit Leakage Inductances

The total leakage inductance seen.from one side (e.g., from the coil 1 side) can be written
as

Ljtoa =Ly + Lp (3-87)

where L, is Ly, reflected across the ideal transformer in the equivalent circuit of Fig.
3-2la to the primary (coil 1 side) of the transformer. Here L}, can be expressed as

N, )2
Lr=\y,) Le (3-88)

In a similar fashion the winding resistance R, can be reflected across the ideal transformer
to the coil 1 side of the equivalent circuit and can be written as

’ Nl 2
R =g R (3-89)

The resulting equivalent circuit for the transformer with all the nonideal but still linear
components on the primary (coil 1) side of the transformer is shown in Fig. 3-21b. For
approximate analysis in transformers with ratings above a few kilo-volt-amperes, it is
usually possible to ignore the winding resistances and to assume that the magnetic core is
ideal (i.e., Ry, R, = 0 and R,,, L,, = ).

The total leakage inductance L, = L;; + Lp is often specified in per unit or
percentage of the transformer voltage and volt-ampere ratings. This is illustrated by means
of an example.

W Example 3-2 A 110/220-V, 60-Hz, single-phase, 1-kVA transformer has a leak-
age reactance of 4%. Calculate its total leakage inductance referred to (a) the 110-V side
and (b) the 220-V side.
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Solution

Assuming the 110-V side to be side 1 and the 220-V side to be side 2, Ni/N, = 0.5.
Let L, be the total leakage inductance referred to side 1 and L,, referred to side 2.

(a) For side 1,

Viraea = 110V
1000

I rated = Tio =909 A

_ Vimea 110
Z base = T 9.09 - 12.10
Therefore,
_0.04 X Z) pase
Lin = M X 60 1.28 mH
(b) For side 2,
Voratea = 220V
I = mg =4.54 A
2,l'ﬂl.ed - 220 - .

V.

Zovase = T2 = 48.4 Q)
IZ.raled

Therefore,
0.4 X Z
Lip = T X 60 ;Om = 5.15 mH
Note that L,,, = (N,/N,)? L,,. [
SUMMARY

1.

The steady state in a power electronic circuit is defined to be the condition when the
circuit waveforms repeat with a time period T that depends on the specific nature of the
circuit.

. For sinusoidal voltages and currents in single-phase and three-phase circuits, the

following quantities are defined: rms values, average power, reactive power or vars,
and power factor.

. Fourier analysis is reviewed to express nonsinusoidal waveforms in steady state in

terms of their harmonic frequency components.

A distortion index called Total Harmonic Distortion (THD) is defined for nonsinuso-
idal voltages and currents.

. Assuming sinusoidal voltages supplied by the utility, the displacement power factor

(DPF) and the power factor (PF) are defined for nonlinear loads which draw nonsi-
nusoidal currents.

In steady state in power electronic circuits, the average voltage across an inductor is
shown to be zero. Similarly, the average current through a capacitor is zero.
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7. The following fundamentals are reviewed: Ampere’s law, right-hand rule, flux density
or B-field, continuity of flux, and magnetic reluctance and permeance.

8. For magnetic circuit analysis, an analogy between the magnetic circuit and instanta-
neous electric circuit is invoked. Faraday’s voltage induction law and the definition of
self-inductance are reviewed.

9. Basic concepts relating to transformers are reviewed.

PROBLEMS

3-1

32

34

3-5

3-7

3-8

Using rms values to represent their magnitudes, the voltage across and the current into a load are
as follows in phasor form:
V=Ve’” and 1=l
Show that the instantaneous power p(f) = v(f)-i(f) can be written as p(f) = P + P cos 2wt + Q sin
2awt, where average power P = VI cos ¢ and reactive power Q = VI sin ¢.
In Problem 3-1, V= 120 Vand I = ¢ 3" A,
(a) Plot the following as a function of «wr:
(i) . i, and p(s)
(ii) i, as defined in Eq. 3-12 and p; = v'i,
(iii) i, as defined in Eq. 3-13 and, p, = v'i,
(b) Calculate the average power P.
(c) Calculate the peak value of p, in part (a) and Q from Eq. 3-14.
(d) Calculate the load power factor (PF). Is the load inductive or capacitive? Does the load draw
positive vars?
For the waveforms in Fig. P3-3, calculate their average value and the rms values of the fundamental
and the harmonic frequency components.
In the waveforms of Fig. P3-3 of Problem 3-3, A = 10 and 4 = 20° (¥, = u, = w?2), where
applicable. Calculate their total rms values as follows:
(a) By using the results of Problem 3-3 in Eq. 3-28.
(b) By using the definition of the rms value as given in Eq. 3-5.
Refer to Problem 3-4 and calculate the following:
(a) For each of the waveforms a—e, calculate the ratio of (i) the fundamental frequency component
to the total rms value and (ii) the distortion component to the total rms value.
(b) For the waveforms f and g, calculate the ratio of the average value to the total rms value.
A sinusoidal voltage v = V2V sin ot is applied to a single-phase load. The current drawn by the
load corresponds to one of the waveforms a—e of Fig. P3-3. The zero crossing of the current
waveform lags the voltage waveform by wt = ¢°. Using the results of Problems 3-3 and 3-4,
calculate the average power drawn by the load, the displacement power factor (DPF), total harmonic

distortion (THD), and the power factor (PF) for each of the current waveforms for the following
numerical values;: V= 120V, A = 10 A, ¢ = 30° and u = 20° (u, = u, = u/2), where applicable.
A balanced three-phase inductive load is supplied in steady state by a balanced three-phase voltage
source with a phase voltage of 120 V rms. The load draws a total of 10 kW at a power factor of 0.85
(lagging). Calculate the rms value of the phase currents and the magnitude of the per-phase load
impedance. Draw a phasor diagram showing all three voltages and currents.

An input voltage of a repetitive waveform is filtered and then applied across the load resistance, as
shown in Fig. P3-8. Consider the system to be in steady state. It is given that L = 5 uH and Py .4
=250 W. *

(a) Calculate the average output voltage V.
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(b) Assume that C—w so that v (f) = V. Calculate I; ., and the rms value of the capacitor
current i,
(c) In part (b), plot v, and i;.
3-9 The repetitive waveforms for the current into, and the voltage across a load in Fig. P3-9 are shown
by linear segments. Calculate the average power P into the load.

| 1
. T !
e { ! i
[ e — T ] i |
+ 4] } } + 3
s | o | |
P LU———— | t :
[ 1
i |
i i
I
L ¢
0 r—-&5#s be— 2.5 us
b 5us
Figure P3-9

3-10 In Fig. P3-9, it is given that the load voltage maximum (minimum) is greater (lower) than V,,, by
1%. Similarly in the current, the fluctuation around its average value is *5%. Calculate the percent
error if the average power is assumed to be V[, .., compared to its exact value.

3-11 A transformer is wound on a toroidal core. The primary winding is supplied with a square-wave
voltage with a +50-V amplitude and a frequency of 100 kHz. Assuming a uniform flux density in
the core, calculate the minimum number of primary winding turns required to keep the peak flux
density in the core below 0.15 Wh/m? if the core cross-sectional area is 0.635 cm?.

Plot the voltage and flux density waveforms in steady state as functions of time.

3-12 A toroidal core has distributed airgaps that make the relative permeability equal to 125. The
cross-sectional area is 0.113 cm? and the mean path length is 3.12 cm. Calculate the number of tums
required to obtain an inductance of 25 pH.

3-13 In the transformer of Example 3-2, calculate the transformer voltage regulation in percent, if the
input voltage is 110 V and the transformer supplies its full-load kV A at the following power factors:

(& 1.0
(by 0.8
Note that the transformer voltage regulation is defined as

Vout,No—load - Vout,t‘ullvload

Percent regulation = 100 X
Vout‘no-load

3-14 Refer to Problem 3-11 and caiculate the magnetizing inductance L,, if the mean path length equals
3.15 cm and the relative permeability p, = 2500,

REFERENCES

1. H. P. Hsu, Fourier Analysis, Simon & Schuster, New York, 1967.
2. Any introductory textbook on electrical circuits and electromagnetic fields.
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4-1

COMPUTER SIMULATION
OF POWER ELECTRONIC
CONVERTERS AND
SYSTEMS

INTRODUCTION

The purpose of this chapter is to briefly describe the role of computer simulations in the
analysis and design of power electronics systems. We will discuss the simulation process
and some of the simulation software packages suited for this application.

In power electronic systems such as shown by Fig. 1-1 and repeated as Fig. 4-1,
converters for power processing consist of passive component, diodes, thyristors, and
other solid-state switches. Therefore, the circuit topology changes as these switches open
and close as a function of time under the guidance of the controller. Usually it is not
possible, and often not desirable, to solve for the circuit states (voltages and currents) in
a closed form as a function of time. However, by means of computer simulation, it is
possible to model such circuits.

We will use computer simulations throughout this book as optional learning aid.
Computer simulations are commonly used in research to analyze the behavior of new
circuits, which leads to improved understanding of the circuit. In industry, they are used
to shorten the overall design process, since it is usually easier to study the influence of a
parameter on the system behavior in simulation, as compared to accomplishing the same
in the laboratory on a hardware breadboard [1].

The simulations are used to calculate the circuit waveforms, the dynamic and steady-
state performance of systems, and the voltage and current ratings of various components.
Usually, there will be several iterations between various steps. As the confidence in the
simulation develops, it may be possible to extend simulations to include power loss

Power input Power Power output
o — | processor [ —> 1o, \-o

ii 4 [
Control
signals

I__-—____E___— Figure 4-1 Power electronics
Controller Reference system: a block diagram.

Measurements
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calculations. This allows a thermal design to ensure temperature rise within the system to
acceptable levels.

However, it should be noted that in power electronics, much more so than in signal-
level electronics, computer simulation and a proof-of-concept hardware prototype in the
laboratory are complimentary to each other. That is, computer simulation should not be
looked upon as a substitute for a hardware (breadboard) prototype.

CHALLENGES IN COMPUTER SIMULATION

At the outset, we need to realize that there are several factors that make simulation of
power electronic systems very challenging:

1. Solid-state switches including diodes and thyristors present extreme nonlinearity
during their transition from one state to the other. The simulation program ought
to be able to represent this switching of states in an appropriate manner.

2. The simulation may take a long time. The time constants, or in other words the
response time of various parts within the system, may differ by several orders of
magnitude. For example, in' a motor drive, the semiconductor switches have
switching times of microseconds or less, whereas the mechanical time constant or
the response time of the motor and the load may be of the order of seconds or even
minutes. This requires simulation to proceed with a very small time step to have
the resolution to represent the smallest time constants, for example switching,
with accuracy. In the same simulation, the maximum simulation time is usually
large and is dictated by the longest time constant.

3. Accurate models are not always available. This is specially true for power semi-
conductor devices (even for simple power diodes) but is also the case for magnetic
components such as inductors and transformers.

4. The controller in the block diagram of Fig. 4-1, which may be analog and/or
digital, needs to be modeled along with the power converters.

5. Even if only the steady-state waveforms are of interest, the simulation time is
usually long due to unknown values of the initial circuit states at the start of the
simulation.

The challenges listed above dictate that we carefully evaluate the objective of the
simulation. In general, it is not desirable to simulate all aspects of the system in detail (at
least not initially, but it may be done as the last step). The reason is that the simulation
time may be very long and the output at the end of the simulation may be overwhelming,
thus obscuring the phenomena of interest. In this respect, the best simulation is the
simplest possible simulation that meets the immediate objective. In other words, we must
simplify the system to meet the simulation objectives. Some of the choices are discussed
in the next section.

SIMULATION PROCESS

In power electronics, several types of analyses need to be carried out. For each type of
analysis, there is an appropriate degree of simulation detail in which the circuit compo-
nents and the controller should be represented. -In the following sections, we will discuss
these various types of analyses. It is important to note that at each step it may be desirable.
to verify simulation results by a hardware prototype in the laboratory.
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Power processor

Power input (each switching is Power output
v; — represented; simple —_— v

i " N ]
i; component models) :

!

Prespecified Figure 4-2  Open-loop, large-

control signals signal simulation.

4-3-1 OPEN-LOOP, LARGE-SIGNAL SIMULATION

In order to get a better understanding of the behavior of a new system, we often start by
simulating the power processor with prespecified control signals, as shown in the block
diagram of Fig. 4-2. The objective of this simulation is to obtain various voltage and
current waveforms within the converters of the power processor to verify that the circuit
behaves properly, as predicted by the analytical calculations. At the end, this step pro-
vides us with a choice of circuit topology and the component values.

This simulation includes each switch opening and closing, and the simulation is
carried out over a large number of switching cycles to reach steady state. Most often, at
this stage of simulation, no benefit is gained by including very detailed models of the
circuit components. Therefore, the circuit components, especially the switching devices,
should be represented by their simple (idealized) models. Because the design of the
controller still remains to be carmied out and the dynamic behavior of the system to
changes in the operating conditions is not of interest at this early stage, the controller is
not represented. Therefore, it is called an open-loop simulation.

4-3-2 SMALL-SIGNAL (LINEAR) MODEL AND CONTROLLER DESIGN

With a chosen circuit topology and the component values, we can develop a linear
(small-signal) model (Fig. 4-3) of the power processor as a transfer function using the
techniques described later in this book. The important item to note is that in such a model,
the switches are represented by their averaged characteristics. Once we have a linearized
model] of the circuit, there are well-known methods from control theory for designing the
controller to ensure stability and the dynamic response to disturbances or small changes
(indicated by A in Fig. 4-3) in the input, the load, and the reference. There are specialized
software packages available commercially that automate the controller design process [2].

4-3-3 CLOSED-LOOP, LARGE-SIGNAL SYSTEM BEHAVIOR

Once the controller has been designed, the system performance must be verified by
combining the controller and the circuit under a close-loop operation, in response to large
disturbances such as step changes in load and inputs. The block diagram is shown in Fig.
4-4. This large-signal simulation is carried out in time domain over a long time span that

A Load
A Input Power processor |
{small-signal,
linearized) model

Y

Control
signals

::I:———‘ Figure 4-3 Small-signal (linear) model
Controller .
AReference  and controller design.
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Power processor
Power input (each switching is represented; Output Q
—————t Load

simple switch models; saturation
and pertinent nonlinearities
are included)

Control
Figure 4-4 Closed- signals

loop, large-signal Controlier
system behavior. Reference

Measurements

includes many (thousands of) switching cycles. Therefore, the switching devices should
be represented by their simple (idealized) models. However, saturation and other pertinent
nonlinearilities and losses may be included. It is sufficient to represent the controller in
such a simulation in as simple a manner as possible, rather than representing it in detail
at a component level by operational amplifiers, comparators, and so on.

4-3-4 SWITCHING DETAILS

In the previous simulation step, the objective was to obtain the overall system behavior
that is only marginally affected by semiconductor device nonidealities. Now the objective
is to obtain overvoltages, power losses, and other component stresses due to the nonideal
nature of switching devices and the stray inductances and capacitances within the power
processor. This knowledge is necessary in the selection of component ratings, assessing
the need for protection circuitry such as snubbers and the need to minimize stray induc-
tances and capacitances. The block diagram is shown in Fig. 4-5.

To obtain this information, only a few switching cycles need to be simulated with
worst-case initial values of voltages and currents obtained in the previous simulations.
Only a part of the circuit under investigation should be modeled in detail, rather than the
entire circuit. Simulation over only a few cycles is needed to obtain the worst-case stresses
because they repeat with each cycle. To this end, we need detailed and accurate models
of switching devices.

MECHANICS OF SIMULATION [1]

Having established the various types of analyses that need to be carried out, the next step
is to determine the best tools for the job. There are two basic choices: (1) circuit-oriented
simulators and (2) equation solvers. These are now discussed in a generic manner.

4-4-1 CIRCUIT-ORIENTED SIMULATORS

Over the years, considerable effort has been put into developing software for circuit-
oriented simulators. In these software packages, the user needs to supply the circuit

Power processor
(some components Power output

| represented in detail; | %

a few switching cycles)

!

Prespecified . Lo .
control signals Figure 4-5 Switching details.

Power input
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topology and the component values. The simulator internally generates the circuit equa-
tions that are totally transparent to the user. Depending on the simulator, the user may
have the flexibility of selecting the details of the component models. Most simulators
allow controllers to be specified by means of a transfer function or by models of com-
ponents such as operational amplifiers, comparators, and so on.

4-4-2 EQUATION SOLVERS

An alternative to the use of circuit-oriented simulators is to describe the circuit and the
controller by means of differential and algebraic equations. We must develop the equa-
tions for all possible states in which the circuit may operate. There may be many such
states. Then, we must dtscribe the logic that determines the circuit state and the corre-
sponding set of differential equations based on the circuit conditions. These algebraic/
differential equations can be solved by using a high-level language such as C or FOR-
TRAN or by means of software packages specifically designed for this purpose that
provide a choice of integration routines, graphical output, and so on.

4-4-3 COMPARISON OF CIRCUIT-ORIENTED SIMULATORS AND
EQUATION SOLVERS

With circuit-oriented simulators, the initial setup time is small, and it is easy to make
changes in the circuit topology and control. The focus remains on the circuit rather than
on the mathematics of the solution. Many built-in models for the components and the
controllers (analog and digital) are usually available. It is possible to segment the overall
system into smaller modules or building blocks that can be individually tested and then
brought together.

On the negative side, there is little control over the simulation process that can lead
to long simulation times or, even worse, to numerical convergence or oscillation prob-
lems, causing the simulation to halt. Steps to overcome these difficulties are usually not
apparent and may require trial and error.

Equation solvers, on the other hand, give total control over the simulation process,
including the integration method to be used, time step of simulation, and so on. This
results in a smaller simulation (execution) time. Being general-purpose tools, equation
solvers can also be useful in applications other than power electronics simulation.

On the negative side, a long time is usually required for the initial setup because the
user must develop all possible combinations of differential and algebraic equations. Even
a minor change in the circuit topology and control may require just as much effort as the
initial setup.

On balance, the circuit-oriented simulators are much easier and therefore are more
widely used. The equation solvers tend to be used in specialized circumstances. The
characteristics of some of the widely used software packages are discussed in Sections 4-6
and 4-7,

SOLUTION TECHNIQUES FOR TIME-DOMAIN ANALYSIS

Both circuit-briented simulators and equation solvers must solve differential equations as
a function of time. With either approach, the user should know the concepts fundamental
to the solution of these equations.

In power electronics, the circuits are usually linear, but they change as a function of
time due to the action of switches. A set of differential equations describes the system for
each circuit state. In this section, we will discuss one numerical solution technique by
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means of a simple example that allows system variables to be calculated as a function of
time.

4-5-1 LINEAR DIFFERENTIAL EQUATIONS

Figure 4-6a shows a simplified equivalent circuit to represent a switch-mode, regulated
voltage supply of Figs. 1-3 and 1-4a in Chapter 1. In this example, change in the state of
the switch in Fig. 1-3 affects the voltage v, in the circuit of Fig. 4-6a (v,; = V, when the
switch is on, otherwise v,; = 0). Thus, the same circuit topology applies in both states of
the switch. The inductor resistance r; is included.

The waveform of the voltage v,; is shown in Fig. 4-6b, where the switch duty ratio
D = 1 /T, is dictated by the controller in the actual system, based on the operating
conditions.

The equations are written in terms of the capacitor voltage v, and the inductor current
iz, the so-called state variables, since they describe the state of the circuit. It is assumed
that at time ¢ = O at the beginning of the simulation, the initial inductor current i;(0) and
the initial capacitor voltage v.(0) are known. By applying Kirchhoff’s current law (KCL)
and Kirchhoff’s voltage law (KVL) in the circuit of Fig. 4-6a, we get the following two
equations:

p
ris + LditL + v, = v, (KVL) 4-1)
P Y o kL 4-2
p-CZE-%=0 & @2

By dividing both sides of Eq. 4-1 by L and Eq. 4-2 by C, we can express them in the usual
state variable matrix form

diy

_n _1 i
dt L L {i -
AN
dr C CR
voilt)
(a)
Yoi
Va
[¢] >t
e ton __"_" t
fe— Tg —iﬁ_'l"
(b)

Figure 4-6 Simplified equivalent circuit of a switch-mode, regulated dc power supply
(same as in Fig. 1-3).
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The above equation can be written as

2O Ax + bty (4-4)

where x(#) is a state variable vector and g(¢) is the single input:

V,

X0 =[] ad g0) = va

The matrix A and the vector b are

rp 1

- 1
L -

a=| 7 %] ad b= [LJ @-5)
0

C R
In general, the state transition matrix A and the input vector b may be functions of time
and Eq. 4-4 may be written as

dx(t

20— A0x + g @6
With a time step of integration At, the solution of Eq. 4-6 at time ¢ can be expressed in
terms of the solution at ¢ — Ar:

x(0) = x(¢ — Ap + f [AX(D) + b)g®)] dt 47
t—At

where { is a variable of integration.

4-5-2 TRAPEZOIDAL METHOD OF INTEGRATION

There are many elegant numerical methods for solving the integral in Eq. 4-7. However,
we will discuss only one technique, called the trapezoidal method, which is used in two
“of the widely used circuit-solving programs called SPICE and EMTP.

This method uses an approximation of linear interpolation between the values at time
t — At and ¢, assuming that x(¢) is known at time ¢. Since x(¢) is what is being calculated
in Eq. 4-7, this assumption of its a priori knowledge puts this method into a category of
““‘implicit’” methods. Figure 4-7 graphically illustrates this method of integration for a
single variable x(f), where A and b are scalars. As the name implies, the trapezoidal area,
using the linear interpolation between the values at time ¢ — At and ¢, approximates the
value of the integral. Applying this method to Eq. 4-7 yields

x(t) = x(t — Ar) + 1 At [A(t — A)x(r — A) + A@x(9)] + 5 At [be — Ang(r — Ay
+ bng()] (4-8)

ds
dt
Ax(t) + bg(t)

Ax(t - At) + bglt — At)
Figure 4-7

Trapezoidal method
of integration.

0
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We should note that the above equation is an algebraic equation that in this case is also
linear. Therefore, rearranging terms, we get

1 - 2ArAD] x(t) = [T+  Ar At — AD] x(t — Ar) + 3 At [b(r ~ Ang(s — AD)

+ b(n)g(r)] 4-9)
Multiplying both sides of Eq. 4-9 by the inverse of {I — 5‘ Az A(1)] allows x(7) to be solved:

x() = [1 - } Ar A@)] ™" {[T1+ArAG—A0)]x(— A+ 3Adbie—An)g(t—AD+b()g()]}
(4-10)

Commonly in power electronic systems, A and b change when the circuit state
changes due to a switching action. However, for any circuit state over an interval during
which the state is not changing, the state transition matrix A and the vector b are
independent of time. Therefore, A(t — A7) = A(f) = A and b(t — Af) = b(r) = b. Use
of this information in Eq. 4-10 results in

x(f) = Mx(t — A9) + Nlg(t = A9 + g(0)] 411
where
M=[1-1ArA]7 [T+ ArA] (4-12)
and
N=[1-;AA]"'GAnD (4-13)

need to be calculated only once for any circuit state, provided the time step Az chosen for
the numerical solution is kept constant.

An obvious question at this point is why solve the circuit state with a small time step
Az rather than choosing a At that takes the circuit from its previous switch state to its next
switch state. In the solution of linear circuits, A7 must be chosen to be much smaller than
the shortest time constant of interest in the circuit. However, in power electronics, At is
often even smaller, dictated by the resolution with which the switching instants should be
represented. We do not know a priori at what time the circuit will go to its next state since
the values of the circuit variables themselves determine the instant of time when such a
transition should take place. Another important point to note is that when the circuit state
changes, the values of the state variables at the final time in the previous state are used as
initial values at the beginning of the next state.

4-5-3 NONLINEAR DIFFERENTIAL EQUATIONS [1]

In power electronic systems, nonlinearities are introduced by component saturation (due
to component values which depend on the associated currents and voltages) and limits
imposed by the controller. An example is the output capacitance of a MOSFET which is
a function of the voltage across it. In such systems, the differential equations can be
written as (where f is a general non-linear function)

x = f(x().1) (4-14)

The solution of the above equation can be written as

x(0) = x¢t - An + f f(x(),0)dt (4-15)
—Ar
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For example, applying the Trapezoidal rule to the integral in the equation above results in
At
x() = x(t — An + 0 {£(x(0),) + f(x(t — AD),t — An}. (4-16)

Equation 4-16 is nonlinear, and cannot be solved directly. This is because in the right side
of Eq. 4-16, f(x(¢),t) depends on x(#). Such equations are solved by iterative procedures
which converge to the solution within a reasonably small number of iterations. One of the
commonly used solution techniques is the Newton-Raphson iterative procedure.

WIDELY USED, CIRCUIT-ORIENTED SIMULATORS

Several general-purpose, circuit-oriented simulators are available. These include SPICE,
EMTP, SABER, and KREAN, to name a few. Two of these, SPICE and EMTP, are
easily available and are widely used. Both have strengths’ and weaknesses. SPICE was
developed for simulating integrated circuits, whereas EMTP was developed for power
systems modeling. Because of their widespread popularity, we will describe both briefly
in the following sections.

4-6-1 SPICE [3]

The abbreviation SPICE stands for Simulation Program with Integrated Circuit Emphasis.
It was developed at the University of California, Berkeley. SPICE can handle nonlinear-
ities and provides an automatic control on the time step of integration. There are several
commercial versions of SPICE that operate on personal computers under several popular
operating systems. One commercial version of SPICE is called PSpice [4].

In PSpice, many features are added to make it a multilevel simulator where the
controllers can be represented by their behavior models, that is, by their input-output
behavior, without resorting to a device-level simulation. There is an option for entering
the input data by drawing the circuit schematic. In addition to its use in industry, PSpice
has also become very popular in teaching undergraduate core courses in circuits and
electronics. Therefore, many students are familiar with PSpice. One of the reasons for the
popularity of PSpice is the availability and the capability to share its evaluation (class-
room) version freely at no cost. This evaluation version is very powerful for power
electronics simulations. For example, all simulations in reference 5 use only the evalu-
ation version of PSpice. For these reasons, PSpice is used in this book in examples and
in homework problems.

To illustrate how the information about a circuit is put into a circuit-oriented program
in general and PSpice in particular, a very simple example is presented. We will consider
the circuit of Fig. 1-3, redrawn in Fig. 4-8a, where the control signal for the switch under
an open-loop operation is the waveform shown in Fig. 4-8b. Note that we explicitly
include the representation of the diode and the switch, whereas we could have represented
this circuit by the simple equivalent circuit of Fig. 4-6, which needs to be modified if the
inductor current in this circuit becomes discontinuous. This shows the power of a circuit-
oriented simulators that automatically takes into account the various circuit states without
the user having to specify them. In the present simulation, the diode is represented by a
simple built-in model within PSpice, and the switching device is represented by a simple
voltage-controlled switch. In a circuit-oriented simulator like PSpice, detailed device
models can be substituted if we wish to investigate switching details.
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Figure 4-8 (a) Circuit for simulation. (b) Switch control waveform.

As a first step, we must assign node numbers as shown in the diagram of Fig. 4-9a,
where one of the nodes has to be selected as a ground (0) node. The transistor in Fig. 4-8a
is modeled by a voltage-controlled switch SW in the diagram of Fig. 4-9a whose state is
determined by the voltage at its control terminals. In the on state with a control voltage
greater then V,,, (= 1 V default value), the switch has a small on-state resistance R, (=
1 () default value). In the off state with a control voltage less than Vg (= 0 V default
value), the switch is in its off state and is represented by a large resistance R ¢ (= 10° Q)
default value). Of course, the default values are optional and the user can specify values
that are more appropriate.

The listing of the input circuit file to PSpice is shown in Fig. 4-9b. The repetitive
control voltage shown in Fig. 4-8b, which determines the state of the switch SW, is
modeled by means of a voltage source called VCNTL within PSpice. There is a built-in
model for diodes whose parameters such as the on-state resistance parameter R; and the
zero-bias junction capacitance C;, can be changed; otherwise the default values are used
by the program.

A sudden discontinuity in SPICE can result in the program proceeding with extremely
small time steps and at worst may result in a problem of convergence, where the voltages
at some node or nodes at some time step may fail to converge. If this were to happen, the
simulation would stop with an error message. There are few definite rules to avoid the
solution from failing to converge. Therefore, it is always better to avoid sudden discon-
tinuities, such as by using an R—C ‘‘numerical snubber’’ across the diode in Fig. 4-9a to
“‘soften’’ the discontinuity presented by the diode current suddenly going to zero. Sim-
ilarly, the rise and fall times of VCNTL in Fig. 4-9a, represented by PULSE in Fig. 4-9b,
are specified as 1 ns each rather than as zero.

The output waveforms from the simulation are shown in Fig. 4-10. These are pro-
duced by a graphical postprocessor (called Probe) within PSpice that is very easy to use.

4-6-2 EMTP SIMULATION PROGRAM (6]

Another widely used, general-purpose circuit simulation program is called EMTP (Elec-
tro-Magnetic Transients Program). Unlike SPICE, which has its origin in microelectron-
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DIODE 2 1 POWER_DIODE
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Csnub 5 @2 0.LuF
%
SW d 0 & 0 SWITCH
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%
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.PROBE
.END

(8)

Figure 4-9 PSpice simulation of circuit in Fig. 4-8.
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Figure 4-10 Results of PSpice simulation: i; ard v_.
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ics modeling, EMTP was originally developed for the electric power industry at the
Bonneville Power Administration in Portland, Oregon. ATP (Alternative Transients Pro-
gram) is a version of EMTP that is also available for personal computers under MS-DOS
operating system [7]. Similar to SPICE, EMTP uses a trapezoidal rule of integration, but
the time step of integration is kept constant.

Because of the built-in models for various power system components such as three-
phase transmission lines, EMTP is a very powerful program for modeling power elec-
tronics applications in power systems.

Compared to SPICE, the switches in EMTP are treated quite differently. When a
switch is closed, the row and column (in the network matrix) corresponding to the
terminal nodes of the switch are coalesced together. There is a very powerful capability
to represent analog and digital controllers that can be specified with almost the same ease
as in a high-level language. The electrical network and the controller can pass values of
various variables back and forth at each time step.

4-6-3 SUITABILITY OF PSpice AND EMTP

For power electronics simulation, both PSpice and EMTP are very useful. PSpice is better
suited for use in power electronic courses for several reasons. Its evaluation version is
available at no cost (in fact, its copying and sharing is welcomed and encouraged), and
it is very easy to install on either an IBM-compatible or a Macintosh computer. It is user
friendly with an easy-to-learn graphical postprocessing package for plotting of results.
Because of the availability of semiconductor device models, it is also well suited for
applications where such detailed representations are necessary. Perhaps in the near future,
the models will improve to the point where power losses can be calculated accurately for
a thermal design.

On the other hand, EMTP is better suited for simulating high-power electronics in
power systems. It has the capability for representing controllers with the same ease as in
a high-level language. The control over the time step Az results in execution (run) times
that are acceptable. For the reasons listed above, EMTP is very well suited for analyzing
complex power electronic systems at a system level where it is adequate to represent
switching devices by means of ideal switches and the controller by transfer functions and
logical expressions.

A large number of power electronic exercises using the evaluation (classroom) ver-
sion of PSpice [5] and EMTP [8] are available as aids in learning power electronics. They
are also ideal for learning to use these software packages by examples.

EQUATION SOLVERS

If we choose an equation solver, then we must write the differential and algebraic equa-
tions to describe various circuit states and the logical expressions within the controller that
determine the circuit state. Then, these differential/algebraic equations are simultaneously
solved as a function of time.

In the most basic form, we can solve these equations by programming in any one of
the higher level languages such as FORTRAN, C, or Pascal. It is also possible to access
libraries in any of these languages, which consist of subroutines for specific applications,
such as to carry out integration or for matrix inversion. However, it is far more convenient
to use a package such as MATLAB [9] or a host of other packages where many of these
convenience features are built in. Each of these packages use their own syntax and also
excel in certain applications.
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The program MATLAB can easily perform array and matrix manipulations, where,
for example, y = a - b results in a value of y that equals cell-by-cell multiplication of two
arrays a and b. Similarly, to invert a matrix, all one needs to specify is Y = inv(X).

Powerful plotting routines are built in. MATLAB is widely used in industry. Also, such

programs are used in the teaching of undergraduate courses in control systems and signal
processing. Therefore, the students are usually familiar with MATLAB prior to taking
power electronics courses. If not, it is possible to learn their use quickly, especially by
means of examples. For these reasons, MATLAB is utilized in this book for solution of
some of the examples and the homework problems. SIMULINK is a powerful graphical
pre-processor or user-interface to MATLAB which allows dynamic systems to be de-
scribed in an easy block-diagram form.

As an example of MATLAB, the solution of the circuit in Fig. 4-8 using the trape-
zoidal method of integration is shown in Fig. 4-11. The circuit of Fig. 4-8 reduces to the
equivalent circuit shown previously in Fig. 4-6 (provided i;(f) > 0). As shown in Fig.
4-1la, the input voltage v,; is generated in MATLAB by comparing a sawtooth waveform

(a)

¥ Solution of the Circuit in Fig. 4-b using Trapezoidal Method of Integration.
clc,clg,clear

X Input Data

¥d=8; L=Se-k; C=100e-b; rl=le-3; R=1.0; fs=l00e3; Vcontrol=0.75;

Ts=1/fs; tmax=S0*Ts; deltat=Ts/S0;

4

time= D:deltat:tmax;
vst= time/Ts - fix(time/Ts);
voi= Vd * (Vcontrol > vst);

4

A=[-rL/L -1/L; 1/C -1/(C*R)1;
b=[1/L 01¢*;

MN=inv(eye(2) - deltats/2 * A);
H=MN * (eye(2)+ deltat/e * A);
N=MN * deltat/e2 * b;

4

iL(1)=4.0; vC(1)=5.5;
timelength=length(time);

z

for k
x =M
iL(k)
end

z

n %0

c:timelength
[iL(k-1) vC(k-1))' + ¥ * (voi(k) + voi(k-1));
x(1); vC(k) = x(2);

plot(time,iL,tine, vC)
meta Example

(b)
Figure 4-11 MATLAB simulation of circuit in Fig. 4-6.
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Figure 4-12 MATLAB simulation results.
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v,, at the switching frequency f, with a dc control voltage v ,qq0- When the control voltage
is greater than v, v,; = V; otherwise it is zero. The MATLAB listing is shown in Fig.
4-11b. The output waveforms are shown in Fig. 4-12. These waveforms differ slightly
from the PSpice simulation results shown in Fig. 4-10 due to the on-state voltage drop
across the diode in PSpice.

SUMMARY

Modeling and computer simulations play an important role in the analysis, design, and
education of power electronic systems. Because of the challenges involved in such sim-
ulations, it is important to simplify the system being simulated to be consistent with the
simulation objectives. Over the years, several simulation packages have been developed.
It is necessary to carefully evaluate the advantages and shortcomings of each package
prior to selecting one for a given set of objectives.

PROBLEMS

4-1 Generate a triangular waveform with a peak of =1 V at 100 kHz using MATLAB.
4-2 Using the PSpice listing in Fig. 4-9b, obtain the switch current and the diode voltage waveforms.

4-3 Using the MATLAB listing in Fig. 4-11b, obtain the inductor current and the capacitor voltage
waveforms similar to those in Fig. 4-12.
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In the PSpice simulation of Fig. 4-9, evaluate the effects of the following changes on the simulation
results:

(a) Remove the R-C snubber across the diode.
(b) In the pulse waveform of the control voltage VCNTL, make the rise and fall times zero.

(c) Remove the R-C snubber across the diode simultaneously with the following changes: i) make
the diode model to be as follows:
.MODEL POWER_DIODE D(IS=3e-15, R§=0.1, CJO=10PF)
and, ii) add the following Options statement:
.OPTIONS ABSTOL=1N, VNTOL=1M, RELTOL=0.015

(d) In part c, make the rise and fall times of the control voltage VCNTL zero.

To bring the results of the PSpice simulation of Fig. 4-9 closer to the MATLAB simulation of Fig.
4-11, insert an ideal dc voltage source of 0.7 V in series with the diode in Fig. 4-9a to compensate
for the on-state voltage drop of the diode. Compare the simulation results with those from MAT-
LAB in Fig. 4-12.

In the PSpice simulation of Fig. 4-9a, idealize the switch-diode combination, which allows
replacing it by a pulse input voltage waveform (between 0 and 8 V) as the input v,;. Compare the
PSpice simulation results with the MATLAB simulation results of Fig. 4-12.

Repeat the MATLAB simulation of Fig. 4-11 by using the built-in integration routine ODE45 in
MATLAB.

In the PSpice simulation of Fig. 4-8, change R, ., to be 10 Q which causes the inductor current i,
to become discontinuous (i.¢., it becomes zero for a finite interval during each switching cycle).
Obtain i, and v, waveforms.

Repeat problem 4-8 (with Ry ., = 10 £2) using MATLAB, recognizing that i, becomes discontin-
uous at this low output power level.

Since the output capacitor C is usually large in circuits similar to that in Fig. 4-8a, the capacitor
voltage changes slowly. Therefore, rewrite differential equations in terms of i, and v, by making the
following assumptions: i) calculate i, (f) based on v (t — Ar) and, ii) use the calculated value of i, (1)
in the previous step to calculate v (f). Simulate using MATLAB and compare results with those in
Fig. 4-12. _
In the circuit of Fig. 4-8a, ignore the input voltage source and the transistor switch. Let i, (o) =
4 A, and v (o) = 5.5 V. Assuming the diode to be ideal, simulate this circuit in MATLAB using
the trapezoidal rule of integration. Plot the inductor voltage v, .
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5-1

LINE-FREQUENCY DIODE
RECTIFIERS:
LINE-FREQUENCY ac —
UNCONTROLLED dc

INTRODUCTION

In most power electronic applications, the power input is in the form of a 50- or 60-Hz
sine wave ac voltage provided by the electric utility, that is first converted to a dc voltage.
Increasingly, the trend is to use the inexpensive rectifiers with diodes to convert the input
ac into dc in an uncontrolled manner, using rectifiers with diodes, as illustrated by the
block diagram of Fig. 5-1. In such diode rectifiers, the power flow can only be from the
utility ac side to the dc side. A majority of the power electronics applications such as
switching dc power supplies, ac motor drives, dc servo drives, and so on, use such
uncontrolled rectifiers. The role of a diode rectifier in an ac motor drive wés discussed by
means of Fig. 1-8 in Chapter 1. In most of these applications, the rectifiers are supplied
directly from the utility source without a 60-Hz transformer. The avoidance of this costly
and bulky 60-Hz transformer is important in most modern power electronic systems.

The dc output voltage of a rectifier should be as ripple free as possible. Therefore, a
large capacitor is connected as a filter on the dc side. As will be shown in this chapter,
this capacitor gets charged to a value close to the peak of the ac input voltage. As a
consequence, the current through the recitifier is very large near the peak of the 60-Hz ac
input voltage and it does not flow continuously; that is, it becomes zero for finite durations
during each half-cycle of the line frequency. These rectifiers draw highly distorted current
from the utility. Now and even more so in the future, harmonic standards and guidelines
will limit the amount of current distortion allowed into the utility, and the simple diode
rectifiers may not be allowed. Circuits to achieve a nearly sinusoidal current rectification
at a unity power factor for many applications are discussed in Chapter 18.

@L Al v I
N i
- Figure 5-1 Block diagram of a rectifier.
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CHAPTER 5 I.INE FREQUENCY DIODE RECTIFIERS

Rectifiers with single-phase and three-phase inputs are discussed in this chapter. As
discussed in Chapter 2, the diodes are assumed to be ideal in the analysis of rectifiers. In
a similar manner, the electromagnetic interference (EMI) filter at the ac input to the
rectifiers is ignored, since it does not influence the basic operation of the rectifier. Elec-
tromagnetic interference and EMI filters are discussed in Chapter 18.

BASIC RECTIFIER CONCEPTS

Rectification of ac voltages and currents is accomplished by means of diodes. Several
simple circuits are considered to illustrate the basic concepts.

5-2-1 PURE RESISTIVE LOAD

Consider the circuit of Fig. 5-2a, with a sinusoidal voltage source v,. The waveforms in
Fig. 5-2b show that both the load voltage v, and the current i have an average (dc)
component. Because of the large ripple in v, and i, this circuit is of little practical
significance.

5-2-2 INDUCTIVE LOAD

Let us consider the load to be inductive, with an inductor in series with a resistor, as
shown in Fig. 5-3a. Prior to t = 0, the voltage v, is negative and the current in the circuit
is zero. Subsequent to ¢ = 0, the diode becomes forward biased and a current begins to
flow. Then, the diode can be replaced by a short, as shownin the equivalent circuit of Fig.
5-3e. The current in this circuit is governed by the following differential equation:
Ri+L di 51
= l — -
Vs dt
where the voltage across the inductor v; = L di/dt. The resulting voltages and current are
shown in Figs. 5-3b and c. Until ¢,, v, > vg (hence v; = v, — vy is positive), the current
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Figure 5-2 Basic rectifier with a load resistance.
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Figure 5-3 Basic rectifier with an inductive load.

builds up, and the inductor stored energy increases. Beyond ¢, v, becomes negative, and
the current begins to decrease. After £, the input voltage v, becomes negative but the
current is still positive and the diode must conduct because of the inductor stored energy.

The instant ¢;, when the current goes to zero and the diode stops conducting, can be
obtained as follows (also discussed in Section 3-2-5-1): The inductor equation v, = L di/dt
can be rearranged as

1
v dt = di (5-2)

Integrating both sides of the above equation between zero and ¢; and recognizing that i(0)
and i(t;) are both zero give

t ity
lf vy dt = f )di =it) —i(0)=0 (5-3)

L [\] (0)
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From the above equation, we can observe that

L}
f v dt = 0 (5-4)

0

A graphical interpretation of the above equation is as follows: Equation 5-4 can be writ-

ten as
t t;
j VL dt+f vpdt =0 (5-3)
0 4

which in terms of the volt-second areas A and B of Fig. 5-3c is
AreaA — AreaB =0 (5-6)

Therefore, the current goes to zero at ¢; when area A = B in Fig. 5-3c.

Beyond t;, the voltages across both R and L are zero and a reverse polarity voltage
(= —v,) appears across the diode, as shown in Fig. 5-3d. These waveforms repeat with
the time period T = 1/f.

The load voltage v, becomes negative during the interval from ¢, to 5. Therefore, in
comparison to the case of purely resistive load of Fig. 5-2a, the average load voltage is
less.

5-2-3 LOAD WITH AN INTERNAL dc¢ VOLTAGE

Next, we will consider the circuit of Fig. 5-4a where the load consists of an inductor L
and a dc voltage E,;. The diode begins to conduct at ¢, when v, exceeds E,. The current
reaches its peak at £, (when v, is again equal to E;) and decays to zero at t;, with 1,
determined by the requirement that the volt-second area A be equal to area B in the plot
of v, shown in Fig. 5-4c. The voltage across the diode is shown in Fig. 5-44.

SINGLE-PHASE DIODE BRIDGE RECTIFIERS

A commonly used single-phase diode bridge rectifier is shown in Fig. 5-5. A large filter
capacitor is connected on the dc side. The utility supply is modeled as a sinusoidal voltage
source v, in series with its internal impedance, which in practice is primarily inductive.
Therefore, it is represented by L,. To improve the line-current waveform, an inductor may
be added in series on the ac side, which in effect will increase the value of L,. The
objective of this chapter is to thoroughly analyze the operation of this circuit. Although
the circuit appears simple, the procedure to obtain the associated voltage and current
waveforms in a closed form is quite tedious. Therefore, we will simulate this circuit using
PSpice and MATLAB. However, we will next analyze many simpler and hypothetical
circuits in order to gain insight into the operation of the circuit in Fig. 5-5.

5-3-1 IDEALIZED CIRCUIT WITH Lg = 0

As a first approximation to the circuit of Fig. 5-5, we will assume L, to be zero and replace
the dc side of the rectifier by a resistance R or a constant dc current source I,, as shown
in Figs. 5-6a and b, respectively. It should be noted in the circuit of Fig. 5-6a that
although it is very unlikely that a pure resistive load will be supplied through a diode
rectifier, this circuit models power-factor-corrected rectifiers discussed in Chapter 18.



5-3 SINGLE-PHASE DIODE BRIDGE RECTIFIERS

Udiode vy, i
e +NY\ _ >
¥ + L
+ +

(a)
A
Yy P
I |
g : | £y
. LN N\,
! 1tz 4t
| [
| 1
I | |
| ] |
N
{
| [ (b)
| | |
| A |
| | B:
0 i 27T ]
| I %
! 'UL \]
| [
| P {(c)
| I ]
] I ]
° / L l \ ¢
Vdiode
(d)

Figure 5-4 Basic rectifier with an internal dc voltage.
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Figure 5-6 Idealized diode bridge rectifiers with L, = 0.

Similarly, the representation of the load by a constant dc current in the circuit of Fig. 5-6b
is an approximation to a situation where a large inductor may be connected in series at the
dc output of the rectifier for filtering in Fig. 5-5. This is commonly done in phase-
controlled thyristor converters, discussed in Chapter 6.

The circuits in Fig. 5-6 are redrawn in Fig. 5-7, which shows that this circuit consists
of two groups of diodes: the top group with diodes 1 and 3 and the bottom group with
diodes 2 and 4. With L; = 0, it is easy to see the operation of each group of diodes. The
current i, flows continuously through one diode of the top group and one diode of the
bottom group.

In the top group, the cathodes of the two diodes are at a common potential. Therefore,
the diode with its anode at the highest potential will conduct i,. That is, when v, is
positive, diode 1 will conduct i, and v, will appear as a reverse-bias voltage across diode
3. When v goes negative, the current i, shifts (commutates) instantaneously to diode 3
since L, = 0. A reverse-bias voltage appears across diode 1.

In the bottom group, the anodes of the two diodes are at a common potential.
Therefore, the diode with its cathode at the lowest potential will conduct i,. That is, when
v, is positive, diode 2 will carry i, and v, will appear as a reverse-bias voltage across diode
4. When v, goes negative, the current i, instantaneously commutates to diode 4 and a
reverse-bias voltage appears across diode 2.

The voltage and current waveforms in the circuits of Fig. 5-6 are shown in Figs. 5-8a
and b. There are several items worth noting. In both circuits, when v, is positive, diodes
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—_—— Figure 5-7 Redrawn rectifiers of Fig. 5-6.
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(a)

(b)

Figure 5-8 Waveforms in the rectifiers of (a) Fig. 5-6a and (b) Fig.
5-6b.

1 and 2 conduct and v; = v, and i, = i;. When v, goes negative, diodes 3 and 4 conduct
and, therefore, v; = —v, and i, = —i,. Therefore, at any time, the dc-side output voltage

of the diode rectifier can be expressed as
vdD) = vy
Similarly, the ac-side current can be expressed as

. ) ia ifve>0
B=1—iy ifv,<0
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and the transition between the two values is instantaneous due to the assumption of
zero L.

The average value V,, (where the subscript o stands for the idealized case with
L, = 0) of the dc output voltage in both circuits can be obtained by assigning an arbitrary
time origin ¢ = 0 in Fig. 5-8 and then integrating v, = \/2V,sin wt over one-half time
period (where @ = 21f and w7/2 = w):

2
f V2V sin ot dt = ——= (V/2V,cos mt)|T,2 = V2V, (59

Vao = T2 T/2

Therefore,
2
Vao = = V2V, = 0.9V, (5-10)

where V is the rms value of the input voltage.

With i (1) = 1, v, and i, waveforms are shown in Fig. 5-9a along with the funda-
mental-frequency component i ;. Applying the basic definition of the rms value to the i
waveform in this idealized case yields

I, =1 (5-11)

By Fourier analysis of i;, the fundamental and the harmonic components have the fol-
lowing rms values in this idealized case:

2 o
Iy == V2, = 091, (5-12)

(5-13)

I = 0 for even values of h and
sh I,/h  for odd values of h

The harmonic components in i; are shown in Fig. 5-9b. The total harmonic distortion can
be calculated by Eq. 3-36 to be

THD = 48.43% (5-14)
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Figure 5-9 Line current /, in the idealized case.
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Figure 5-10 Single-phase rectifier with L,.

By visual inspection of i; waveform in Fig. 5-9q, it is apparent that i, is in phase with
the v, waveform. Therefore from Fig. 5-9a,

DPF = 1.0 ' (5-15)

and

I
PF = DPF 1—' =09 (5-16)

s

5-3-2 EFFECT OF Lg ON CURRENT COMMUTATION

Next, we will look at the effect of a finite ac-side inductance L, on the circuit operation.
We will assume that the dc side can be represented by a constant dc current I; shown in
Fig. 5-10. Due to a finite L, the transition of the ac-side current i; from a value of +/,
to —I, (or vice versa) will not be instantaneous. The finite time interval required for such
a transition is called the current commutation time, or the commutation interval «, and this
process where the current conduction shifts from one diode (or a set of diodes) to the other
is called the current commutation process.

In order to understand this process fully, let us first consider a simple hypothetical
circuit of Fig. 5-11a with two diodes supplied by a sinusoidal voltage source v, =
V2V,sin wt. The output is represented by a constant dc current source /. For comparison
purposes, Fig. 5-11b shows v,, v,, and i; waveforms with L; = 0.

Prior to time wt = 0, the voltage v, is negative and the current /, is circulating through
D, with v; = 0 and i; = 0. When v, becomes positive at ot = 0, a forward-bias voltage
appears across D, and it begins to conduct. With a finite L,, the buildup of i; can be
obtained from the circuit redrawn as in Fig. 5-12a (valid only for 0 < i; < I,). Since D,
is conducting, it provides a short-circuit (with v; = 0, assuming an ideal diode) path
through which i; can build up. The two mesh currents shown are /, and i;. In terms of

vL Dl Ug U4

+ - : iy
L -0 +
+ s is \
v D ’d
8 2 Ud Id 0 = 0t
- o
(a) (b)

Figure 5-11 Basic circuit to illustrate current commutation. Waveforms assume L, = 0.
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Figure 5-12 (a) Circuit during the commutation. (6} Circuit after the current
commutation is completed.

these mesh currents, the diode current ip, = I, — i,. Therefore, as i, builds up to a value
1, during the commutation interval wt = u, iy, is positive and D, conducts in the circuit
of Fig. 5-12a. The current i, cannot exceed I, since it will result in a negative value of ip,
that is not possible. As a consequence, the diode D, stops conducting at wf = u, resulting
in the circuit shown in Fig. 5-12b. The waveforms are plotted in Fig. 5-13 as a function
of wt.

It is clear from the above introduction that the current i, through the inductor starts
with a value of zero at the beginning of the commutation interval and ends up with a value
of I, at the end. Therefore, to obtain the length of the commutation interval #, we should
consider the inductor equation. During the commutation interval, the input ac voltage
appeats as a current commutation voltage across the inductor in Fig. 5-12a:

di,

v = \V/2V,sin ot = L~ 0< ot <u (5-17)
The right side of the above equation can be written as wL di /d(wt). Therefore,
V2V,sin ot dwf) = oL, di (5-18)
V4
/ =0 / |
o] cj)/ 1 13 -d 7 > 0t
J N /
| (N /
I | \ Y //
: NG
I
Area A, ! Il
UL |
0 _&/ ! 4A » @)t
N N
I |
! {
/i A% /
! ! w
0] 0 = o

Figure 5-13 Waveforms in the basic circuit of Fig. 5-11. Note
that a large value of L, is used to clearly show the commutation
interval.
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Integrating both sides of Eq. 5-18 and recognizing that i, goes from zero to /, during the
commutation interval from zero to u, we get

u Iy
f V2V, sin ot dwt) = oL, f di, = oL, (5-19)
0 0

In Eq. 5-19, the left side is the integral of the inductor voltage v, during the com-
mutation interval. The above voltage integral is the same as the volt-radian area A, in Fig.
5-13:

A, = f ’ V2V,sin ot d(ot) = V2V,(1 - cos u) (5-20)
0

Combining Egs. 5-19 and 5-20 yields
A, = V2V,(1 — cos u) = wl,l, (5-21)

The important observation from Eq. 5-21 is that the integral of the commutation voltage
over the commutation interval can always be calculated by the product of w, L., and the
change in the current through L, during commutation. From Eq. 5-21,

(.I.)L‘,-Id
osu=1- 5-22
COS u \/fV, ( )

Equation 5-22 confirms that if L, = 0, cos ¥ = 1 and the current commutation will
be instantaneous with # = 0, For a given frequency w, the commutation interval u
increases with L, and I, and decreases with increasing voltage V.

The finite commutation interval reduces the average value of the output voltage. In
Fig. 5-11b with L; = 0, the average value V,, of v, is

1 (= 2V2
Vio = — \/iV,sin wt dlwt) = -l/—— Vs = 0.45V; (5-23)
2w 0 2w

With a finite L, and hence a nonzero « in Fig. 5-13, v, = 0 during the interval u.
Therefore,

1 ™
Va=5- j V2V,sin ot d(wf) (5-24)
which can be written as
1 [~ 1 [«
Va= > f \/iszin ot d(wt) — - J’ \/fosin wt d(wt) (5-25)
0 0

Substituting Eqs. 5-23 and 5-19 into Eq. 5-25 yields

area A, wlL
=0.45V, - — 1, (5-26)
2n

Vs, =045V, — o

where the reduction in the average output voltage by AV, from V,, is

= = — -2
Av, 7 - 1, (5-27)

We will now extend this analysis to the circuit of Fig. 5-10, redrawn in Fig. 5-14a.
The waveforms are shown in Fig. 5-14b. Once again, we need to consider the current
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(a)

wt

> 0t

commutation process. Prior to wf = 0 in Fig. 5-14, diodes 3 and 4 are conducting /, (as
in the circuit of Fig. 5-6b with L, = 0) and i, = —1,. The circuit of Fig. 5-14a is carefully
redrawn in Fig. 5-15 to show the current commutation process during 0 < wr < u.
Subsequent to ¢t = 0, v, becomes positive and diodes 1 and 2 become forward biased
because of the short-circuit path provided by the conducting diodes 3 and 4. The three
mesh currents are shown in Fig. 5-15, where the two commutation currents i, are equal,
based on the assumption of identical diodes. All four diodes conduct during the commu-
tation interval, and therefore, v; = 0. In terms of these mesh currents, we can express
diode currents and the line current i; during the commutation interval as

ipy = ipz = Iy ipy =ipa=1s— i, (5-28)
and
iy = —I; + 2i, (5-29)

where i, builds up from zero at the beginning to /, at the end of the commutation interval.
Therefore, at wt = u, ip, = ipy = I, and i, = I,. During this commutation of current from
diodes 3 and 4 to diodes 1 and 2, the current through inductor L, changes from —I, to I,.
Following the analysis previously carried out on the hypothetical circuit of Fig. 5-11a,
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I;
Figure 5-15 Redrawn circuit
of Fig. 5-14a during current
commutation.

volt-radian area A, in the waveforms of Fig. 5-14b and ¢ can be written from Eqs. 5-19

to 5-21 as

1
di; = 2wll; (5-30)

d

Volt-radian area A, = f V2V, sin of d(of) = oL, j
1]

where the lower limit of integration now is i;(0) = —I,. Therefore,
A, = V2V,(1 = cos u) = 20L, (5-31)
and
cosu=1- E-L—s 1, (5-32)
V2V,

A similar commutation takes place one-half cycle later when i; goes from I, to —1,.

In this circuit, the average value of v, in the idealized case (with L, = 0) was
calculated in Eq. 5-10 as V,, = 0.9V,. Therefore in the presence of L_, the average value
V, can be calculated, following the procedure outlined previously by Eqs. 5-23 through
5-26. Alternatively, we can calculate V, by inspecting Fig. 5-14b, where compared to the
idealized case, the area A, is ‘‘lost”” every half-cycle from the integral of voltage v,,.
Therefore,

area A, 2wl,1,

Vy= Vdo - = O.9V; - —‘TT— (5-33)

5-3-3 CONSTANT de-SIDE VOLTAGE »,(0) = V¥,

Next, we will consider the circuit shown in Fig. 5-16a, where the assumption is that the
dc-side voltage is constant. It is an approximation to the circuit of Fig. 5-5 with a large
value of C. Another assumption here is that the circuit conditions are such that the current
iy is zero during the zero crossing of v,, as shown by the waveforms in Fig. 5-16¢c. Under
these conditions, the equivalent circuit is drawn in Fig. 5-16b. Consider the waveforms
in Fig. 5-16c. When v, exceeds V, at 8,, diodes 1 and 2 begin to conduct. The current
reaches its peak at ,, beyond which v, becomes negative. The current becomes zero at
6, when the volt-second areas A and B become equal and negative of each other. The
current remains zero until w+8,. With a given value of V,, the average value I, of the dc
current can be calculated by the following procedure:

1. The angle 6, can be calculated from the equation
Vs = \/2V,sin 0, (5-34)
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Figure 5-16 (a) Rectifier with a constant dc-side voltage. (6) Equivalent circuit. (c)
Waveforms.

2. As shown in Fig. 5-16c¢, the inductor voltage starts at zero at 8, and becomes zero
at @, prior to becoming negative. From symmetry in Fig. 5-16c,

6, =m— 6, (5-35)
3. When the current is flowing, the inductor voltage v, is given by
di
= L, 2% = VaV,sin(o) — Vi (5-36)

and its integral with respect to wf can be written as

] ]
oL, f diy = f (V2V,sin of — V) d(w?) (5-37)
o, o,
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where 8 > 0,. Recognizing that i, at 8, is zero, Eq. 5-37 results in

]
il(0) = i (V2V,sin ot — V) d(w) (5-38)

s Jo,
4. The angle 6, at which i, goes to zero can be obtained from Eq. 5-38 as
9
0= }’ (V2V,sin ot — V,) d(@f) (5-39)
eb
It corresponds to area A = B in Fig. 5-16c.

5. The average value [, of the dc current can be obtained by integrating i,(8) from
6, to 6, and then dividing by m:
L
f i4(0) 48

8,

Ig = (5'40)

n

It is intuitively obvious that for given circuit parameters, /, will depend on the value of
V, and vice versa. To present the relationship between the two in a general manner, we
will normalize V, by V,, and I, by Lo circui Where
Vs
Lsnont circuit = wL, (5-41)

is the rms current that will flow if the ac voltage source v, was short circuited through £ .
Following the above procedure results in the plot shown in Fig. 5-17, where the current
reaches zero as V, approaches the peak value of the ac input voltage.

0121
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0.06

Tsnont circuit
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0 i ] l ] | LT T -
120 125 130 135 140 145 150 l.SST 1.60
¥z
Vy a—g:lfﬂ
Vi(=09V)

Figure 5-17 Normalized /, versus ¥, in the rectifier of Fig. 5-16a with a
constant dec-side voltage.
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5-3-3-1 Rectifier Characteristic

The approximation of a constant dc voltage v(f) = V, may be reasonable if the capaci-
tance in the practical circuit of Fig. 5-5 is large. That is, if the load were replaced by an
equivalent resistance R,,4 as in Fig. 5-20 later, the time constant C4R,4 is much larger
than the line-frequency cycle time, resulting in a very small ripple in v,. This approxi-
mation allows us to present the characteristics of the rectifier in a general fashion. In Figs.
5-18 and 5-19, various quantities are plotted as a function of the dc current /;, normalized
with respect to the short-circuit current I, ;i (given by Eq. 5-41) in order to combine
the effects of L, and frequency o in the same plots. (See Problem 5-17 for justification that

0.4 l | | | 1 L,
0 0.02 0.04 0.06 0.08 0.10 0.12
1 R
Ishoﬂcin:uil

Figure 5-18 Total harmonic distortion, DPF, and PF in the rectifier of Fig.
5-16a with a constant dc-side voltage.

1.50 T T 3.0
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1.45 1 128
l1.40 —12.6
£ 8
o 8
23S 1351+ -12.4 2
I 7]
L g
>~8 o
1.30 —12.2
\\
1.25} i, 20
1.20 L 1 L 1 1.8
0 0.02 0.04 0.06 0.08 0.10 0.12
Iy
Isnort circuit

Figure 5-19 Normalized ¥, and the crest factor in the rectifier of Fig. 5-16a with
a constant de-side voltage.
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allows such a generalization.) For a given value of I,, increasing L, results in a smaller
L pont circuir @nd hence a larger 1,/] g on cirewie- Therefore, Figs. 5-18 and 5-19 show that
increasing L results in improved i; waveform with a lower THD, a better power factor,
and a lower (improved) crest factor.

5-3-4 PRACTICAL DIODE BRIDGE RECTIFIERS

Having considered the simplified circuits in the previous sections, we are now ready to
consider the practical circuit of Fig. 5-5, which is redrawn in Fig. 5-20. The load is
represented by an equivalent resistance R,,4. In this circuit, there will be some ripple in
the capacitor voltage, and therefore, it must be analyzed differently than the circuit of Fig.
5-16a. A circuit such as shown in Fig. 5-20 can be easily analyzed by a circuit simulation
program such as PSpice. However, for educational purposes we will first analytically
calculate the circuit waveforms.

5-3-4-1 Analytical Calculations under a Highly Discontinuous Current

The circuit operating conditions are assumed to result in a highly discontinuous i, similar
to the waveform in Fig. 5-16c, where i, goes to zero prior to the zero crossing of v, every
half-cycle. Then the equivalent circuit of Fig. 5-21 can be used to calculate the voltages
and currents in Fig. 5-20. If the above condition is not met, the current commutation
discussed in the earlier sections must be included, which makes analytical calculations
difficult.

In order to describe the system in Fig. 5-21, the state variables chosen are the inductor
current i, and the capacitor voltage v,. During each half-cycle of line frequency, there are
two distinct intervals, similar to those shown earlier in Fig. 5-16¢ (where 1, = 8,/w and
;= O/w):

Al

C4 =

vd 2 Rioag
<

b
Figure 5-20 Practical diode—bridge rectifier with a filter
capacitor.

[s] Rioag
Figure 5-21 Equivalent

aircuit of Fig. 5-20.
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(a) t, <t < t. When the current is flowing during f, < ¢t < 5, where 1, is the
beginning of conduction and f; is the final conduction time, the following equations
describe the circuit every half-cycle of line frequency:

di
vl = Rsia + L, —1;1 + v4 (using KVL) (5-42)
and
;= C dVd+ 1o KCL (5.43)
g =Cq a R (using ) -

where KVL and KCL are the Kirchhoff voltage and current laws. Rearranging the above
equations in the state variable form during #, < ¢ < t, yields

a| | &1 1

dr _ L_‘- L_‘- ld -

dvy 1 3 1 [vd + [[(’)‘} v (5-44)
dt Ca CaRicad

This circuit is very similar to that in Fig. 4-6 in the simulation chapter. The state variable
vector x consists of i; and v,. The state transition matrix is

R _1
a=| Bk (5-45)
Ci CaRioaa
and
1
= H (5-46)
0
Using Egs. 4-11 through 4-13 for the trapezoidal rule of integration yields
x(r) = Mx(r = Ay + Nl[lv, )| — vt — An)] (5-47)
where

ar 17! At ]
M—[I——Z—A] [I+—2—A
Ar 7' A (5-48)
N= [I -3 A] ) b
b) <t<i, + 21T. During the interval £, <t < t, + %T, when the diode bridge is
not conducting,

i;j=0 (5-49)
and

dvd 1

dt T CiRiowa *
The solution to Eq. 5-50 can be expressed as
Va(t) = va(ty)e™ M Caed (5-51)

(5-50)
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In the solution of Egs. 5-47 and 5-51, we need the time instant ¢, at which the current
conduction starts. Since it is not known prior to the solution, we will use an estimated
value. An exact value of #, will result in the beginning of current conduction exactly
one-half cycle later. Therefore, we will use this condition to check for the accuracy of our
choice of 7, and slowly increment ¢, from its initially chosen value until we reach the exact
value within a small tolerance.

B Example 5-1 Simulate the full-bridge rectifier of Fig. 5-20 using MATLAB with
the following parameters: V, = 120 V at 60 Hz, L, = 1 mH, R, = 1 m{}, C, = 1000 wF,
and R,y = 20 ). Assume the diodes to be ideal and choose a time step At = 25 ps.

Solution The MATLAB program listing is included in the Appendix at the end of
this chapter, and the results with the correct initial value of v,(z,) are shown in Fig. 5-22.

||
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Figure 5-22 Waveforms in the circuit of Fig. 5-20, obtained in
Example 5-1.

5-3-4-2 Circuit Simulation for General Operating Conditions

The discussion in the previous section is limited to a highly discontinuous current where
the current commutation does not have to be considered. In general, the above condition
may or may not hold, and the equations and their analytical solution become fairly
complicated even for a simple circuit. Therefore, in general, it is preferable to use a
circuit-oriented simulator as illustrated by Example 5-2.

W Example 5-2 Simulate the circuit of Fig. 5-20 using PSpice with the same
parameter values as in Example 5-1. Perform a Fourier analysis on the input current and
the output dc voltage.

Solution 'The PSpice network with node numbers and the input data file are included
in the Appendix at the end of this chapter. The results are plotted in Fig. 5-23, where i,
(the fundamental-frequency component of the input current i;) has an rms value of 10.86
A that lags v, by an angle ¢; = 10°. The harmonic components in the line current are
listed in the PSpice output file included in the Appendix. Also from the output listing, the
average values are V; = 158.45 Vand I, = 7.93 A. |
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Figure 5-23 Waveforms in the circuit of Fig. 5-20, obtained in Example 5-2.

5-3-4-3 Line-Current Distortion

Figure 5-23 of Example 5-2 shows that the line current i, at the input to the diode bridge
rectifier deviates significantly from a sinusoidal waveform. This distorted current can also
lead to distortion in the line voltage. We can quantify this distortion based on the theory
discussed in Chapter 3. The fundamental and the third harmonics of i, are shown in
Fig. 5-24, along with the distortion component.

B Example 5-3 In the rectifiers of Examples 5-1 and 5-2, calculate THD, and the
crest factor in the input current, the DPF, the PF, the average output voltage V,, and
I,,/Ishon circuit”

Solution Based on the Fourier analysis using PSpice in Example 5-2, THD; =
88.8%. From the same analysis, I;; = 10.86 A. Using Eq. 3-36, the rms value I, = 14.52
A.InFig. 5-24,1, ... = 34.7 A. Therefore, from the definition in Chapter 3 (Eq. 3-37),
the crest factor is 2.39. Since &, = —10° by the Fourier analysis, DPF = 0.985 (lagging).

Figure 5-24 Distorted line current in the rectifier of Fig. 5-20.
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The power factor is 0.736. In this example, I, = 7.93 A. From Eq. 5-41, Igox circuit =
318.3 A. Therefore, I/l o circuir = 0-025. The average output voltage V, = 158.45 V
(V4/Vy, = 1.467). [ |

B Example 54 1In Example 5-3, 1,/1y ., circuic Was calculated to be 0.025. For the
same value of 1/l cirenir, USe the results in Figs. 5-18 and 5-19 (obtained by assuming
Cp—™) to calculate THD;, DPF, PF, the crest factor, and V, (nomalized). Compare the
results with those in Example 5-3.

Solution Using Figs. 5-18 and 5-19, the following values are obtained: THD,; =
79%, the crest factor is 2.25, DPF = 0.935, PF = 0.735, and V,_,/V, = 1.384. Before
comparing with the results in Example 5-3, we should note that the power in these two
cases is not the same, since a finite value of the filter capacitance in Example 5-3 re-
sults in a higher value of V, and hence a higher power. In spite of this difference, the
results are close, and the plots in Figs. 5-18 and 5-19 can be used for approximate
calculations. |

5-3-4-4 Line-Voltage Distortion

Distorted currents drawn by loads such as the diode bridge rectifiers can result in distor-
tion in the utility voltage waveform. For example, consider the circuit of Fig. 5-20 which
is redrawn in Fig. 5-25. Here L, represents the internal impedance of the utility source
and L, may be intentionally added as a part of the power electronics equipment. A
resistance R, is included that also can be used to represent the diode resistances.

The voltage across other equipment at the point of common coupling (PCC) is

d;
vpce = Vs — Ly X (5-52)

where v, is assumed to be sinusoidal.
Expressing i, in Eq. 5-52 in terms of its fundamental and harmonic components yields

Vecc = (V: — Ly ddl—:]) — Ly %;_h (3-53)
1
where
dis)
(vecch = vs — Lg I (5-54)
4

Vg

Other equipment i % -

Figure 5-25 Line-voltage notching and distortion.

R load

£
)
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and the voltage distortion component due to the current harmonics is

di:h
(Vpcodais = —Lg I (5-55)

h#1

B Example 5-5 Using the parameters in Example 5-1 and splitting L., for example,
such that L, = L, = 0.5 mH, obtain the voltage waveform at the point of common
coupling in the circuit of Fig. 5-25.

Solution Using PSpice, the voltage and the current waveforms are shown in Fig.
5-26. The total harmonic distortion THD, in the voltage at the point of common coupling
is computed to be approximately 5.7%.

vpce

/ AV

Figure 5-26 Voltage waveform at the point of common coupling in the
circuit of Fig. 5-25.

VOLTAGE DOUBLER (SINGLE-PHASE) RECTIFIERS

In many applications, the input line-voltage magnitude may be insufficient to meet the dc
output voltage requirement. More importantly, the equipment may be required to operate
with a line voltage of 115 V as well as 230 V. Therefore, a voltage-doubler rectifier, as
shown in Fig. 5-27, may be used to avoid a voltage stepup transformer.

When the switch in Fig. 5-27 is in the 230-V position with a line voltage of 230 V,
the circuit is similar to the full-bridge rectifier circuit discussed earlier. With the switch
in the 115-V position and the line voltage of 115 V, each capacitor gets charged to
approximately the peak of the ac input voltage, and therefore, V,; (which is the sum of

+

Yd

>

Figure 5-27 Voltage-doubler rectifier.
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voltages across C, and C,) is approximately the same as in the 230-V operation. The
capacitor C, is charged through the diode D, during the positive half-cycle of the input ac
voltage, and C, is charged through D, during the negative half-cycle. Therefore, in this
mode the circuit operates as a voltage-doubler rectifier.

EFFECT OF SINGLE-PHASE RECTIFIERS ON NEUTRAL
CURRENTS IN THREE-PHASE, FOUR-WIRE SYSTEMS

Often, large commercial and office buildings are supplied by a three-phase utility source.
However, internally the voltage distribution and the load are primarily single phase,
between one of the three line voltages and the neutral, as shown in a simplified manner
in Fig. 5-28. An attempt is made to load all three phases equally. In case of linear loads,
if all three phases are identically loaded, then the neural current i, will be zero. In the
following section, we will discuss the impact of nonlinear loads on the neutral current.

We will discuss the impact of single-phase diode rectifiers on i, by first assuming that
these are identical in each phase. Considering phase a, we can write i, in terms of its
fundamental and odd harmonics (even harmonics are zero) whose rms values I; and 7,
are the same in all three phases:

ia = ial + 2 iah (5-56)

h=2k+1

= Valsin@it = ¢) + D, Vsin(ost ~ »)

h=2k+1

wherek =1,2,3,....

Assuming a balanced three-phase utility supply and identical loads, the currents in
phases b and c¢ are shifted by 120° and 240°, respectively, at the fundamental line
frequency. Therefore,

ip = \/ilslsin(mlt = ¢ — 120° + 2 \/ilshSin(wht — ¢y — 120°%h) (5-57)
h=2k+1
and

ie = V2gasin(oyt — by — 2409 + > V2ysin(wt — b5 — 240%)  (5-58)

h=2k+1

b

Figure 5-28 Three-phase, four-wire system.
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These phase currents add up on the neutral wire, and therefore applying Kirchhoff ’s
current law at node n

iy =g+ iy + i, (5-59)

Using Egs. 5-56 through 5-58 into Eq. 5-59, we note that all the nontriplen harmonics
and the fundamental frequency components add up to zero. The triplen harmonics add up
to three times their individual values. Therefore,

=3, Vasinwu = b (5-60)

h=32k-1)

In terms of the rms values,

- 12
L,=3 ( > 1§,,) (5-61)

h=3(2k—1)

As seen from the results in Section 5-3-4-3, the third harmonic dominates all other
harmonic components. Therefore, in Eq. 5-61,

1, =3 (5-62)

which means that the rms value of the neural current is approximately three times the
third-harmonic rms current in the line conductors. Since the third-harmonic line current
can be a significant percentage of the fundamental-frequency current, the neutral-wire
current can be quite large. This realization has led to changes in the electrical wiring
codes, which now stipulate that the neutral conductor should be able to carry at least as
much current as the line conductors. In fact, if the line currents are highly discontinuous,
the neutral current can be as large as (see Problem 5-21)

1, = 3, (5-63)

B Example 5-6 Assume that each nonlinear load in Fig. 5-28 can be represented by
the single-phase load of Example 5-1. Obtain the neutral-wire current waveform and its
rms value for the same per-phase voltage and the ac-side impedance as in Example 5-1.

Solution Using PSpice, the neutral-wire current is plotted in Fig. 5-29 and its rms
value is calculated to be approximately 25 A. It is almost V3 as large as the line current
of 14,52 A (rms). [ |

>t

Figure 5-29 Neutral-wire current ¢,,.
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THREE-PHASE, FULL-BRIDGE RECTIFIERS

In industrial applications where three-phase ac voltages are available, it is preferable to
use three-phase rectifier circuits, compared to single-phase rectifiers, because of their
lower ripple content in the waveforms and a higher power-handling capability. The
three-phase, six-pulse, full-bridge diode rectifier shown in Fig. 5-30 is a commonly used
circuit arrangement. A filter capacitor is connected at the dc side of the rectifier.

Similar to the analysis of single-phase, full-bridge rectifiers, we will begin with
simplified circuits prior to the discussion of the circuit in Fig. 5-30.

5-6-1 IDEALIZED CIRCUIT WITH Lg = 0

In the circuit of Fig. 5-31a, the ac-side inductance L, is assumed to be zero and the dc side
is replaced by a constant dc current I, We will see later that replacing the dc current I,
by a load resistance R, makes little difference in the circuit operation.

D,
P+ I;
D3 P —i
Dy %Da iDg i D'—4‘
-4+ Ds + o+
Upn

P N P ¢ _-©+ A A D, UNn
D L G
X Dy s 23 D2 4 -—
2{ ;f N - L B I
(aj (b)

Figure 5-31 Three-phase rectifier with a constant dc current.
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The rectifier in Fig. 5-31a can be redrawn as in Fig. 5-315. With L, = 0, the current
I, flows through one diode from the top group and one from the bottom group. Similar to
the discussion in the case of single-phase rectifiers, in the top group, the diode with its
anode at the highest potential will conduct and the other two become reversed biased. In
the bottom group, the diode with its cathode at the lowest potential will conduct and the
other two become reverse biased.

The voltage waveforms in the circuits of Fig. 5-31 are shown in Fig. 5-32a, where
vp, is the voltage at the point P with respect to the ac voltage neutral point n. Similarly,
Vna is the voltage at the negative dc terminal N. Since I, flows continuously, at any time,
vp, and vy, can be obtained in terms of one of the ac input voltages v,,, v;,, and v,,.
Applying KVL in the circuit of Fig. 5-31 on an instantaneous basis, the dc-side volt-
age is

Vda = Vpn = VNn (5-64)
Upn
Van Ubn Ven
]
(a) O | wt
|
|
|
(b)
0 > wf
rd
o fe— Dy — fe— Dy —f ot
p— Dy —f . p— D1 —
b0~ 120
ip
te— Dg—> te— Dg—i
(e)< 0 —» of
pe— D3— fe—D3—
iC
o fe— Dy — fe— Dy — ,
—
- D5~ l— D5 —{ — Ds—
<

Figure 5-32 Waveforms in the circuit of Fig. 5-31.
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The instantaneous waveform of v, consists of six segments per cycle of linc fre-
quency. Hence, this rectifier is often termed a six-pulse rectifier. Each segment belongs
to one of the six line-to-line voltage combinations, as shown in Fig. 5-32b. Each diode
conducts for 120°. Considering the phase a current waveform in Fig. 5-32c,

I; when diode 1 is conducting
i, = {4 — I, when diode 4 is conducting (5-65)
0 when neither diode 1 or 4 is conducting

The commutation of current from one diode to the next is instantaneous, based on the
assumption of L; = 0. The diodes are numbered in Fig. 5-31 in such a way that they
conduct in the sequence 1, 2, 3, . . . ,. Next, we will compute the average value of the
output dc voltage and rms values of the line currents, where the subscript o is added due
to the assumption of L, = 0.

To obtain the average value of the output dc voltage, it is sufficient to consider only
one of the six segments and obtain its average over a 60° or /3-rad interval. Arbitrarily,
the time origin t = 0 is chosen in Fig. 5-32a when the line-to-line voltage v, is at its
maximum. Therefore,

Vg = Vg = \/iVchos ot —é'n' < of < é'" (5-66)

where V,; is the rms value of line-to-line voltages.
By integrating v, the volt-second area A is given by
we

A= V2V, cos ot dw) = V2V, (5-67)
~/6
and therefore dividing A by the «/3 interval yields
1 w6
T w3

3
Vi V2V 108 wt d(wf) = - V2V, =135V, (5-68)

—/6

One of the phase voltages and the corresponding phase current (labeled v, and i,) are
redrawn in Fig. 5-33a. Using the definition of rms current in the phase current waveform
of Fig. 5-33a, the rms value of the line current i, in this idealized case is

I = \ﬁ"’ = 0.8161, (5-69)

By means of Fourier analysis of i; in this idealized case, the fundamental-frequency
component i;; shown in Fig. 5-33a has an rms value

1
Io = V6l = 0.781, (5-70)

The harmonic components [, can be expressed in terms of the fundamental-frequency
component as

Iy = 5-71
sh — h ( - )
where h = 5,7, 11, 13, . . . . The even and triplen harmonics are zero, as shown in Fig.

5-33b. Since i, is in phase with its utility phase voltage,
DPF = 1.0 (5-72)
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Iy
/ —'—?
/ Ill
0 ot
/
/ 1
5 1
7 1l 3
T 11 33
b
07 5 7 113 ok
(a) (b)

Figure 5-33 Line current in a three-phase rectifier in the idealized case with £, = 0 and
a constant dc current.

and therefore,

PF = — = 0.955 (5-73)

Atw

The voltage waveforms will be identical if the load on the dc side is represented by
a resistance R4 instead of a current source /; The phase currents will also flow during
identical intervals, as in Fig. 5-32. The only difference will be that the current waveforms
will not have a flat top, as in Fig. 5-32.

5-6-2 EFFECT OF Lg ON CURRENT COMMUTATION

Next, we will include L; on the ac side and represent the dc side by a current source i; =
I;, as shown in Fig. 5-34. Now the current commutations will not be instantaneous. We
will look at only one of the current commutations because all others are identical in a
balanced circuit. Consider the commutation of current from diode 5 to diode 1, beginning
at 1 or wt = O (the time origin is chosen arbitrarily). Prior to this, the current i, is flowing
through diodes 5 and 6. Figure 5-35a shows the subcircuit pertinent to this current
commutation.

with a finite L, and a constant dc
current.

jls D, %& D 715 D, Figure 5-34 Three-phase rectifier
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(b)

wt

YNn
(e}

Figure 5-35 Current commutatien process.

. The current commutation only involves phases a and ¢, and the commutation voltage
_responsible is Voo, = Vgn — Vg, The two mesh currents i, and I, are labeled in Fig.
5-35a. The commutation current i, flows due to a short-circuit path provided by the
conducting diode 5. In terms of the mesh currents, the phase currents are
ia - iu
and

=1 i 5-714)

These are plotted in Fig. 5-35b, where i, builds up from zero to I, at the end of the
commutation interval of, = u. In the circuit of Fig. 5-35q,

di,
v, = L, 2% = I dilde (5-75)
dr
and
di. di,
v =Ly =, 2 (5-76)

S dt s dt
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noting that i, = I, — i, and therefore di_/dt = d(l, — i,)/dt = — di,/dt. Applying KVL
in the upper loop in the circuit of Fig. 5-35a and using the above equations yield

di,
Veomm = Van — Ven = Via — Vi = 2L dlt 577

Therefore from the above equation,
L d’u _Yan = Ven 578
Sdt 2 ©-78)

The commutation interval u can be obtained by multiplying both sides of Eq. 5-78 by

o and integrating:
oL, J di, = J Yan — Yon ywt) (5-79)

where the time origin is assumed to be at the beginning of the current commutation. With
this choice of time origin, we can express the line-to-line voltage (v,, — v_,) as

Van = Ven = V2V sin ot (5-80)
Using Eq. 5-80 in Eq. 5-79 yields
1, 2Vl —
oL, J di, = oI, = Vavu( : cos ) (5-81)
0
or
2wl Id
cosu=1- 5-82
u \/—Vu, ( )

If the current commutation was instantaneous due to zero L,, then the voltage vp,, will
be equal to v,, beginning with wt = 0, as in Fig. 5-32¢. However, with a finite L,, during
0 < wt < wt, in Fig. 5-35¢

di, Van t Ven .
Vpp = Van — Ly x = — (using Eq. 5-78) (5-83)

where the voltage across L{=L(di,/df)] is the drop in the voltage vp, during the com-
mutation interval shown in Fig. 5-35¢. The integral of this voltage drop is the area A,
which according to Eq. 5-81 is

A, = oLy, (5-84)

This area is “‘lost’’ every 60°(n/3 rad) interval, as shown in Fig. 5-32¢. Therefore, the
average dc voltage output is reduced from its V,, value, and the voltage drop due to
commutation is

stId 3

= —wlLdy (5-85)

Ava = /3 0

Therefore, the average dc voltage in the presence of a finite commutation interval is
3
Vo= Vg4 — AV, =135V — - wLl, (5-86)

where V,, is the average voltage with an instantaneous commutation due to L; = 0, given
by Eq. 5-68.
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5-6-3 A CONSTANT dc-SIDE VOLTAGE o,(t) = V,

Next, we will consider the circuit shown in Fig. 5-36a, where the assumption is that the
dc-side voltage is a constant dc. It is an approximation to the circuit of Fig. 5-30 with a
large value of C. In order to simplify our analysis, we will make an assumption that the
current i, on the dc side of the rectifier flows discontinuously, and therefore only two
diodes—one from the top group and one from the bottom group— conduct at any given
time. This assumption allows the equivalent circuit shown in Fig. 5-36b, where the input
voltage is made up of the line-to-line voltage segments shown in Fig. 5-36¢. The diode
Dp corresponds to one of the diodes D, D,, and D4 from the top group. Similarly, the
diode Dy corresponds to one of the diodes D,, D,, and D,. Similar to the analysis in
Section 5-3-3 for a single-phase input, the resulting phase current waveform is shown in
Fig. 5-36¢.

§5-6-3-1 Distortion in the Line-Current Waveforms

1t is useful to know the power factor, total harmonic distortion, and the dc output voltage
in the practical circuit of Fig. 5-30. However, to present these results in a generalized
manner requires the assumption of a constant dc output voltage, as made in this section.

(a) (b)

(c)

Figure 5-36 (a) Three-phase rectifier with a finite L, and a constant dc voltage. (b)
Equivalent circuit. (¢) Waveforms.
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The dc-side current I, is normalized by the per-phase short-circuit current. This
per-phase short-circuit current can be obtained in terms of the line-to-line input ac volt-

ages:

Vi/V3

w lLs

Ishort circuit =

1.0 L DPF

0.2 L ' ' L >
0 0.02 0.04 0.06 0.08 0.10

Iq
Ighort circuit
Figure 53-37 Total harmonic distortion, DPF, and PF in the
rectifier of Fig. 5-36 with a constant dc voltage.

1.005 , I , T 2.1
1.000 -
20
1.995 -
0.990 | -9
L Va/Vao
v, 0985 18
Vao 0,980 |- CF
0.975 | a7
CF
0970} J16
0.965
<15
0.960 |-
0.955 L ' L ' 1.4
0 0.02 0.04 0.06 0.08 0.10
Iy
Ishort circuit

Figure 5-38 Normalized ¥, and crest factor in the rectifier of Fig.
5-36 with a constant dc voltage.

(5-87)
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Figures 5-37 and 5-38 show the plots of PF, DPF, THD, crest factor (CF), and V/V .,
as a function of 1, normalized by /o circuic- (S€€ Problem 5-17 for justification that allows
such a generalization.)

5-6-4 PRACTICAL THREE-PHASE DIODE BRIDGE RECTIFIERS

In three-phase rectifiers, even relatively small values of L, result in a continuously flowing
iy, making the analysis by means of differential equations quite complicated. Therefore,
the practical circuit shown in Fig. 5-30 is generally simulated using software such as
PSpice.

B Example 5-7 The three-phase diode rectifier circuit of Fig. 5-30 is supplying
approximately 2.2 kW load with V,;, = 208 V at 60 Hz, L, = 1 mH, and C,; = 1100 pF.
The load can be represented by an equivalent resistance of 35.0 ). Obtain the circuit
waveforms by means of PSpice simulation.

Solution The PSpice network with node numbers and the input data file are included
in Appendix at the end of this chapter. The voltage and current waveforms are shown in
Fig. 5-39.

3

wt

ot

Figure 5-39 Waveforms in the rectifier of Fig. 5-30, obtained in
Example 5-7.

The average dc voltage is 278.0 V, and it has a peak-to-peak ripple of 4.2 V, which
in percentage of average dc voltage is 1.5%. The input current has a THD of 54.9%, the
DPF is 0.97 (leading), and the PF is 0.85. The average dc current is 7.94 A. n

B Example 5-8 In Example 5-7, the dc side has a filter capacitor of 1100 wF with
an average value of 278.0 V and a small, superimposed ripple voltage. The results in Figs.
5-37 and 5-38 are obtained by assuming a dc-side voltage of a constant dc value. The
objective of this example is to illustrate the effect of assuming a constant dc voltage of
278.0 V (same average value as in Example 5-7).

Solution With V, =278.0V, V,/V,, = 0.9907. From Fig. 5-38, this corresponds
10 14/ ort ciccuit = 0.025. This value in Fig. 5-37 approximately corresponds to THD =
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50%, DPF = 0.98, and PF = 0.87. All these values are very close to those calculated in
Example 5-7 with a dc-side filter capacitor of 1100 pF. | ]

COMPARISON OF SINGLE-PHASE AND THREE-PHASE
RECTIFIERS

Comparison of the line-current waveforms in Figs. 5-23 and 5-39a shows that the line
current in a single-phase rectifier contains significantly more distortion compared to a
three-phase rectifier. This results in a much poorer power factor in a single-phase rectifier
compared to a three-phase rectifier. This is confirmed by comparing Figs. 5-18 and 5-19
for single-phase rectifiers with the results for three-phase rectifiers in Figs. 5-37 and 5-38.
The displacement power factor (cos ¢,) is high in both rectifiers.

Comparison of the i, waveforms in Figs. 5-22 and 5-39b shows that the ripple in the
dc current is smaller in a three-phase rectifier in comparison to a single-phase rectifier.
The ripple current, which flows through the filter capacitor, dictates the capacitance and
the current-handling capability required of the filter capacitor. Therefore, in some appli-
cations, the filter capacitance required may be much smaller in a three-phase rectifier
compared to a single-phase rectifier.

In a three-phase rectifier, the maximum regulation in the dc voltage V, from no-load
to a full-load condition will generally be less than 5%, as seen from Fig. 5-38. This
regulation is often much larger in single-phase rectifiers.

Based on the foregoing discussion and the fact that the use of single-phase rectifiers
in three-phase, four-wire systems introduces large currents in the neutral (even in a
balanced system), it is always preferable to use a three-phase rectifier over a single-phase
rectifier.

INRUSH CURRENT AND OVERVOLTAGES AT TURN-ON

In the previous sections, we have considered only the steady-state rectifier operation.
However, considerable overvoltages and large inrush currents can result at turn-on if the
ac voltage is suddenly applied to the circuit by means of a contactor.

For the worst-case analysis, the filter capacitor is assumed to be initially completely
discharged. Furthermore, it is assumed that at turn-on (ot = 0), the ac source input is at
its peak value (\/EVLL in the three-phase circuit). Therefore, the theoretical maximum
voltage across the capacitor due to this series L-C connection approaches

Vamex = 2V2V, (single-phase) (5-88)
Vamax = 2V2Vy,  (three-phase) (5-89)

Normally, the load across the filter capacitor is a voltage-sensitive electronic circuit
such as a switch-mode inverter in an ac motor drive, and this large overvoltage can cause
serious damage both to the dc capacitor and the electronic load. Moreover, large inrush
currents at turn-on may destroy the diodes in the rectifier. It will also result in a momen-
tary voltage drop at the point of common coupling.

To overcome these problems, one possible solution is to use a current-limiting re-
sistor on the dc side in series between the rectifier output and the filter capacitor. This
resistor is shorted out, either by a mechanical contactor or by a thyristor after a few cycles
subsequent to turn-on, in order to avoid power dissipation and a substantial loss of
efficiency due to its presence. An alternative circuit is presented in reference 3.
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CONCERNS AND REMEDIES FOR LINE-CURRENT
HARMONICS AND LOW POWER FACTOR

Typical ac current waveforms in single-phase and three-phase diode rectifier circuits are
far from a sinusoid. The power factor is also very poor because of the harmonic contents
in the line current.

As power electronic systems proliferate, ac-to-dc rectifiers are playing an increas-
ingly important role. A large number of systems injecting harmonic currents into the
utility grid can have significant impact on the quality of the ac voltage waveform (i.e., it
will become distorted), thus causing problems with other sensitive loads connected to the
same supply. Moreover, these harmonic currents cause additional harmonic losses in the
utility system and may excite electrical resonances, leading to large overvoltages. Another
problem caused by harmonics in the line current is to overload the circuit wiring. For
example, a 120-V, 1.7-kW unity power factor load will draw only a current of 14 A and
therefore can easily be supplied by a 15-A service. However, a 1.7-kW rectifier load with
a power factor of 0.6 will draw a current of 23.6 A, in excess of 15 A, thus tripping the
circuit breaker.

Standards for harmonics and the remedies for a poor line-current waveform and the
input power factor are important concerns of power electronic systems. These are dis-
cussed in detail in Chapter 18.

SUMMARY

1. Line-frequency diode rectifiers are used to convert 50- or 60-Hz ac input into a dc
voltage in an uncontrolled manner. A large filter capacitor is connected across the
rectifier output since in most power electronic applications, a low ripple in the output
dc voltage V, is desirable.

2. Based on simplifying assumptions, analytical expressions are derived from the com-
monly used full-bridge rectifier topologies with single-phase and three-phase inputs.

3. In practical circuits where analytical expressions will be unnecessarily complicated,
the simulation methods are presented to obtain the rectifier voltage and current wave-
forms.

4. Various rectifier characteristics such as the total harmonic distortion in the input
current, the displacement power factor, and the power factor are presented in a gen-
eralized manner for both the one-phase and three-phase rectifiers.

5. In diode rectifiers with small L, or L, (where L, is the inductance between the rectifier
dc output and the filter capacitor), the current i, and i; are highly discontinuous, and
as a consequence, the rms value of the input current /; becomes large, and the power
is drawn from the utility source at a very poor power factor.

6. In case of a single-phase ac input, voltage-doubler rectifiers can be used to approxi-
mately double the output dc voltage magnitude, compared to a full-bridge rectifier.
These are sometimes used in low-power equipment, which may be required to operate
from dual voltages of 115 and 230 V.

7. Effect of single-phase rectifiers on the neutral-wire current in three-phase four-wire
systems is analyzed.

8. Comparison of single-phase and three-phase diode rectifiers shows that the three-phase
rectifiers are preferable in most respects.

9. Both single-phase and three-phase diode rectifiers inject large amounts of harmonic
currents into the utility system. As the power electronic systems proliferate, remedies
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for the poor input current waveform would have to be implemented. These topics are
discussed in Chapter 18.

PROBLEMS

BASIC CONCEPTS
5-1 In the basic circuit of Fig. 5-3a, V, = 120 V at 60 Hz, L = 10 mH, and R = 5 ). Calculate and
plot the current i along with v,.

5-2 In the basic circuit of Fig. 5-4a, V, = 120 V at 60 Hz, L = 10 mH, and V, = 150 V. Calculate
and plot the current ; along with v,. :

5-3 The voltage v across a load and the current / into the positive-polarity terminal are as follows (Where
w, and w; are not equal):
WD = V; + V2Vicos(wrr) + V2Visin(wit) + V2Vscos(ws)
i) = I, + V2hcos(ayt) + V2scos(wst — ¢3) A
Calculate the following:
(a) The average power P supplied to the load
(b) The rms value of W¢) and i(?)
(c) The power factor at which the load is operating

SINGLE-PHASE RECTIFIERS
5-4 In the single-phase diode rectifier circuit shown in Fig. 5-6b with zero L, and a constant dc current
1, =10 A, calculate the average power supplied to the load:

(a) If v, is a sinusoidal voltage with V, = 120 V at 60 Hz
(b) If v, has the pulse waveform shown in Fig. P54

200V —
Ug
0 > 0t
50° > 120° —> 50°>—— 120° —> 60°+1
{f=60 H2)
S -(200V)
Figure P5-4

5-5 Consider the basic commutation circuit of Fig. 5-11a with [, = 10 A.
A2) With V., = 120 V at 60 Hz and L, = 0, calculate V, and the average power P,,.
“(b) WithV, = 120 V at 60 Hz and L, = 5 mH, calculate u, V,, and P,,.

c) Here v, has a 60-Hz square waveform with an amplitude of 200 V, and L, = SmH. Plot the
i, waveform and calculate #, V,;, and P,,.

{d) Repeat part (c) if v, has the pulse waveform shown in Fig. P54.
5-6 In the simplified single-phase rectifier circuit shown in Fig. 5-6b with L, = 0 and a constant dc
current /,, obtain the average and the rms values of the current through each diode as a ratio of /,,.

5-7 In the single-phase rectifier circuit of Fig. 5-20, assume the ac-side impedance to be negligible.
Instead, an inductance L, is placed between the rectifier output and the filter capacitor. Derive the
minimum value of L, in terms of V,, ®, and /, that will result in a continuous i, assuming that the
ripple in v, is negligible.
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In the single-phase rectifier circuit shown in Fig. 5-14a, V., = 120 V at 60 Hz, L, = 1 mH, and
1; = 10 A. Calculate u, V,, and P,. What is the percentage voltage drop in V,, due to L,?
Repeat Problem 5-8.

(a) If v has a 60-Hz square waveform with an amplitude of 200 V

(b) If v, has the pulse waveform shown in Fig. P5-4

In the single-phase rectifier circuit of Fig. 5-16a, L, = 1 mH and V, = 160 V. The input voltage

v, has the pulse waveform shown in Fig. P5-4. Plot i; and i, waveforms. (Hint: i and i, flow

discontinuously.)

In the single-phase rectifier of Fig. 5-16a, V. = 120V at 60 Hz, L, = | mH, and V, = 150 V.

Calculate the waveform for i, shown in Fig. 5-16¢ and indicate the values of 6, 8, and [, ... Also

calculate the average value /.

Using the MATLAB program listing in the Appendix at the end of this chapter, calculate V, and P,

in Example 5-1. Compare the results with the plot in Fig. 5-22.

The single-phase rectifier circuit of Example 5-2 with R, = 0.4 {1 is supplying a load of 1 kW,

Modify the basic PSpice input listed in Appendix at the end of this chapter for Example 5-2 to obtain

the plot of the v, waveform, its average value V,, and its peak-to-peak ripple if the load is

represented as:

(a) Absorbing a constant instantancous power p,(f} = 1 kW. (Hint: Represent the load by a
voltage-dependent current source, for example, using the statement GDC 5 6
VALUE={1000.0/V(5,6)}.)

{b) A constant equivalent resistance that absorbs 1 kW based on V, in part (a)

(¢} A dc current source /, that absorbs 1 kW based on V, in part (a)

Compare the peak-to-peak ripple in the dc output voltage for these three types of load representa-
tions.

In the single-phase rectifier circuit of Fig. 5-6b with i, = I, obtain the THD, DPF, PF, and CF.
Using the MATLAB program in Problem 5-12, calculate the THD, DPF, PF, and CF.

In the single-phase rectifier circuit of Fig. 5-20, V, = 120 Vat 60 Hz, L, = 2 mH, R, = 0.4 {},
and the instantaneous load power p, () = I kW. Using PSpice, evaluate the effect of the dc-side
filter capacitance by plotting the THD, DPF, PF, and AV .. peax) for the following values of
C,: 200, 500, 1000, and 1500 pF.

The generalized results for the THD, DPF, and PF are presented in Figs. 5-18 and 5-19 for
single-phase rectifiers and in Figs. 5-37 and 5-38 for three-phase rectifiers. Show that assuming the
dc side of the rectifier to be represented by a purely dc voltage source allows us to present the results
in a generalized manner as a function of 1,/ . cicouit-

Calculate the voltage distortion at the point of common coupling in the circuit of Fig. 5-25. Here
V=120V at 60 Hz, L, = L, = 1 mH, and the dc side of the rectifier is represented by a dc
current source of 10 A.

SINGLE-PHASE VOLTAGE-DOUBLER AND MIDPOINT RECTIFIERS

Consider the voltage-doubler circuit of Fig. 5-27, where V, = 120 Vat 60 Hz, L, = I mH, C, =

C, = 1000 pF, and the load is represented by a dc current source of 10 A. Use PSpice.

(a) Obtain v,,, v.,, and v, waveforms.

(b) Obtain AV ypeur pear) 35 2 ratio of V.

(c) Compare with the result in part (b) if a single-phase, full-bridge rectifier is used with
V, =240V, L =1 mH, C, =500 pF, and a load of 10 A.

A midpoint rectifier is shown in Fig. P5-20, where we assume the transformer to be ideal and the

dc-side load to be represented by a current source. Calculate the volt-ampere rating of the trans-
former as a ratio of the average power supplied to the load.
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@

Figure P5-20 Midpoint rectifier,

THREE-PHASE, FOUR-WIRE SYSTEMS, NEUTRAL CURRENT

5-21 In the three-phase, four-wire system of Fig. 5-28, all single-phase rectifier loads are identical and
the conditions are such that each line current flows for less than 60° during cach half-cycle of the
line-to-neutral voltage. Show that in terms of their rms values [, = \/?;In,,,.

5-22 Write a PSpice input circuit file and execute it to obtain the results of Example 5-6.

THREE-PHASE RECTIFIERS
5-23 1In the simplified three-phase rectifier circuit of Fig. 5-31a, obtain the average and the rms values
of current through each diode as a ratio of the de-side current /.

5-24 For simplification in the three-phase rectifier circuit of Fig. 5-354, assume the commutation voliages
to be increasing linearly rather than sinusoidally.

(a) Obtain the expression for », following a derivation similar to that of Eq. 5-82.
(by ForV,, =208 Vat60Hz, L, = 2mH, and I, = 10 A, compare the results from the expression
in part (a) and Eq. 5-82.
5-25 Using PSpice in Example 5-7, evaluate the effect of the filter capacitance on AV 4, 0k _pear)» THD,
DPF, and PF for the following values of € 220, 550, 1100, 1500, and 2200 uF.

5-26 In the three-phase rectifier circuit of Fig. 5-30, assume the ac-side inductance L to be negligible.
Instead, an inductance L, is placed between the rectifier output and the filter capacitor. Derive the
minimum value of L, in terms of V,,, @, and [, that will result in a continuous i,, assuming that
the ripple in v, is negligible.

5-27 Using Fourier analysis, prove Eqs. 5-69 through 5-73 for three-phase rectifiers.

5-28 Using PSpice, this problem is intended to compare the performance of single-phase rectifiers with
three-phase rectifiers in terms of the THD, DPF, PF, and AV ycu — peax) While supplying the same
load. In the circuits of Figs. 5-20 and 5-30, V, = 120 V and V;, = 208 V, respectively, at 60 Hz,
Assume L, = | mH and R, = 0.2 {}. The instantaneous load is costant at 5 kW, as examplified in
Problem 5-13(a). The filter capacitor C, has a value of 1100 pF in the single-phase rectifier. Choose
its value in the three-phase rectifier to provide the same average energy storage as in the single-
phase case. '

5-29 Evaluate the effect of unbalanced voltages on the current waveforms in a three-phase rectifier. In the
system of Example 5-7, assume V,, = 110 Vand V,,, = V_, = 120 V. Using PSpice, obtain the
input current waveforms and their harmonic components.

INRUSH CURRENTS
5-30 In the single-phase rectifier of Example 5-2, obtain the maximum inrush current and the corre-
sponding instant of switching with initial capacitor voltage equal to zero.

5-31 In the three-phase rectifier of Example 5-7, obtain the maximum inrush current and the correspond-
ing instant of switching with initial capacitor voliage equal to zero.
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APPENDIX

(PSpice examples are adapted from ‘‘Power Electronics: Computer Simulation, Analysis and Ed-
ucation Using Evaluation Version of PSpice,”” Minnesota Power Electronics, P.QO. Box 14503,
Minneapolis, MN 55414.)

MATLAB PROGRAM LISTING FOR EXAMPLE 5-1

% Single-Phase, Diode-Rectifier Bridge
clc,clg,clear
X Data
1s=le-3; rs=0.001; cd=1000e-6; rload=20; deltat=25e-b;
freq=k0; thalf=1/(2*freq); ampl=1?0; w=2*pi*freq;
X Matrix B, see Eq. 5-45
A=[-rs/ls -1/1s; 1/cd -1/(cd*rload));
X Vector b, see Eq. 5-4b
b=[1/1s; 01;
4
B=inv(eye(2) ~ deltat/2 * A)*(eye(2) + deltat/2 * B); % see Eq. 5-48
B=deltat/2 * inv(eye(2) - deltat/2 * R) * b; % see Eq. 5-48
4
for alfa0=55:0.5:75
alfal
X Initial Conditions
vcO0=ampl*sin(alfaD*pi/180);
110=0;k=1;time(l)=alfal/ (360*freq);
11(¢(2)=il0;vc(l)=vcO;vs(1l)=vcO;
x=011(L) vc(L)lt;
4
wvhile il(k) >= 0@
k=k+1;
time(k)=time(k-1) + deltat;
y=M*x + N*(ampl*sin(wxtime(k)) + ampl*sin(w*time(k-1))); % see Eq. 5-47
11(k)=y(1);
ve(k)=y(2);
vs(k)=ampl*sin(wxtime(k));
x=y;
end
4
timel=time(k);
il1=0;
vcl=vc(k);
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4
while vc(k) > ampl*abs(sin(w*time(k)))
k=k+1;

time(k)=time(k-1) + deltat;

vc(k)= vcl*exp(—-(time(k)-timel)/(cd*rload)); ¥ see Eq. S-Sl

vs(k)=ampl*abs(sin(w*time(k)));
i1(k)=0;
end

if(abs(time(k) - thalf -time(l)) <= 2*deltat), break, end

end

plot(time(l:k),11(1:k),time(l:k),vs(1:K),time(1:k),vc(1:k))

PSPICE INPUT CIRCUIT FILE FOR EXAMPLE 5-2

* Single-Phase, Diode-Bridge Rectifier
LS 1 2 1mH

RS 2 3 1m

*

rdc 4 § 1lu

RLOAD S & 20.0

CD S & 1000uF IC=1&0V

*

XD1 3 4 DIODE_WITH_SNUB
XD3 0 4 DIODE_WITH_SNUB
XD¢2 & O DIODE_WITH_SNUB
XD4 & 3 DIODE_WITH_SNUB
*

Vs 3} 0 SIN(O 270V &0.0 D 0O 0O)

*

. TRAKR S0us SOms Gs S50us UIC
.PROBE

.FOUR 60.0 v(1) i(LS) 1(rdc) v(S,b)

-SUBCKT DIODE_WITH__SNUB 101 102

* Power Electronics: Simulation, Analysis

DX 101 102 POWER_DIODE
RSNUB 102 103 1000.0
CSNDUB 103 101 0.2uF

Education

.MODEL POWER_DIODE D(RS=0.01, CJO=100pF)

.ENDS

-END

PSPICE OUTPUT OF EXAMPLE 5-2

FOURIER COMPONENTS OF TRANSIENT RESPONSE V(1)
HARMONIC FREQUENCY FOURIER NORMALIZED
NO (BZ) COMPONENT COMPONENT
1 b.00D0E+0) 1.?00E+02 1.000E+0D

FOURIER COMPONENTS OF TRANSIENT RESPONSE I(LS)
HARMONIC  FREQUENCY FOURIER NORMALIZED

RO (BZ) COMPONENT COMPONENT
1 &t .000BE+01 1.53LE+01 1.D0DDE+0OD
2 1.200E+02 b.405E-02 4.17?1E-D3
3 1.800E+02 1.1?4E+01 ?.b48E-01
4 2.400E+02 4.1%8E-02 2.734E-03
S 3.000E+02 b.487E+00 4.224E-0)
b 3.600E+02 1.585E-02 1.032E-03
v 4 .200E+02 2.c0?E+00 1.438E-01
8 4 .800E+0¢ c.??8E-03 1.809E-04
9 5.400E+D2 1.032E+00D b.?724E-02

PHASE
(DEG)
~1.2bbE-04

PHASE
(DEG)

-1.003E+01)
-9.138E+01
1.48%E+02
4.531E+01
-G5.532E+01)
-1.028E+02
4.052E+01
-8.191E+01
1.535E+02

TOTAL HARMONIC DISTORTION = 8.473830E+01 PERCENT

NORMALIZED
PHASE (DEG)
0.000E+00

NORMALIZED
PHASE (DEG)

.D0DE+00
.135E+0)
.549E+02
.534E+01
.629E+0)
.2?5E+01
.0S5E+01
-147E+0)
.b36E+DR2
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POURIER COMPONENTS OF TRANSIENT RESPONSE I(rdc)
DC COMPONENT = 7.931217E+00

POURIER COMPONENTS OF TRANSIENT RESPONSE V(S, k)
DC COMPONRENRT = 1.S84512E+D0¢2
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7

(a) (b)
Figure 5A-1 (a) PSpice Input Circuit for Example 5-2, (b) Subcircuit Diode__with___Snub.

PSPICE INPUT CIRCUIT FILE FOR EXAMPLE 5-7

* Three-Phase, Diode-Bridge Rectifier

LSA 1 11 1imH
LSB ¢ 21 1mH
LSC i 31 1mH
RSA 11 12 1m
RSB 2l 22 1m
RSC 31 32 1im

*

LD 4 5 luH
RD S b lu
RLOAD E 7 35.0
CD E 7 1100uF IC=27&LV

*

XD1 12 4 DIODE_WITH_SNUB

XD3 2 4 DIODE_WITH_SNUB

XDS 32 4 DIODE_WITH_SNUB

XD4 ? 12 DIODE_WITH_SNUB

XDk ? 22 DIODE_WITH_SNUB

Xpe ? 32 DIODE_WITH_SNUB

b 3

VSR 1 0 SIN(D 170 0.0 D O D)
VSB ¢ 0 SIN(O 170 60.0 D O -120)
vsC 3 0 SIN(D 170 60.0 0O 0 -240)

.TRAN S0us 100ms Os SDOus UIC
.PROBE
.FOUR 60.0 i(LSRA) v(6,?) i(LD)

=
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.SUBCKT DIODE_WITH_.SNUB 101 102
bX 10% 102 PORER_DPIODE
RSNUB 102 103 100d0.4d

CSWNUB 103 101 0O.3uF

.MODEL POWER_DIODE D({RS=0.01, CJ0=L0O0pF)
.ENDS

.END

32

"% oo
I

ioad

Figure 5A-2 PSpice Input Circuit for Example 5-7.
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6-1

LINE-FREQUENCY PHASE-
CONTROLLED RECTIFIERS
AND INVERTERS: LINE-
FREQUENCY ac <
CONTROLLED dc

INTRODUCTION

In Chapter 5 we discussed the line-frequency diode rectifiers that are increasingly being
used at the front end of the switch-mode power electronic systems to convert line fre-
quency ac input to an uncontrolled dc output voltage.

However, in some applications such as battery chargers and a class of dc- and
ac-motor drives it is necessary for the dc voltage to be controllable. The ac to con-
trolled-dc conversion is accomplished in line-frequency phase-controlled converters by
means of thyristors. In the past, these converters were used in a large number of appli-
cations for controlling the flow of electric power. Owing to the increasing availability of
better controllable switches in high voltage and current ratings, new use of these thyristor
converters nowadays is primarily in three-phase, high-power applications. This is partic-
ularly true in applications, most of them at high power levels, where it is necessary or
desirable to be able to control the power flow in both directions between the ac and the
dc sides. Examples of such applications are converters in high-voltage dc power trans-
mission (Chapter 17) and some dc motor and ac motor drives with regenerative capabil-
ities (Chapters 13—15).

As the name of these converters implies, the line-frequency voltages are present on
their ac side. In these converters, the instant at which a thyristor begins or ceases to
conduct depends on the line-frequency ac voltage waveforms and the control inputs.
Moreover, the transfer or commutation of current from one device to the next occurs
naturally because of the presence of these ac voltages.

It should be noted that the uncontrollable, line-frequency diode rectifiers of Chapter
S are a subset of the controlled converters discussed in this chapter. The reasons for
discussing the diode rectifiers separately in Chapter 5 have to do with their increasing
importance and the way in which the dc current i, flows through them. In Chapter 5, it
was pointed out that in many applications of line-frequency diode rectifiers, the current i,
through them does not flow continuously due to the capacitor filter for smoothing the

121
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— Va
+
Rectification
V [ I
I E—— d >
1-or 0 d
3-phase
(50/60 Hz) Inversion
- Limited by circuit
s configuration and the
(a) input voltage

Jmdpoe Limited by the
components’ current
rating

(b)

Figure 6-1 Line-frequency controlled converter.

dc-side voltage. Therefore, the emphasis in Chapter 5 was on the discontinuous-current-
conduction mode. However, in most applications of the controlled converters of this
chapter, the dc-side current i, flows continuously, and hence the emphasis is on the
continuous-current-conduction mode, although the discontinuous-current-conduction
mode is also briefly discussed.

A fully controlled converter is shown in Fig. 6-1a in block diagram form. For given
ac line voltages, the average dc-side voltage can be controlled from a positive maximum
to a negative minimum value in a continuous manner. The converter dc current /, (or i,
on an instantaneous basis) cannot change direction, as will be explained later. Therefore,
a converter of this type can operate in only two quadrants (of the V,-/, plane), as shown
in Fig. 6-1b. Here, the positive values of V, and /, imply rectification where the power
flow is from the ac to the dc side. In an inverter mode, V, becomes negative (but /, stays
positive) and the power is transferred from the dc to the ac side. The inverter mode of
operation on a sustained basis is possible only if a source of power, such as batteries, is
present on the dc side.

In some applications, such as in reversible-speed dc motor drives with regenerative
braking, the converter must be capable of operating in all four quadrants. This is accom-
plished by connecting two two-quadrant converters (described above) in antiparallel or
back to back, as discussed in Chapter 13.

In analyzing the converters in this chapter, the thyristors are assumed to be ideal,
except for the consideration of the thyristor turn-off time f,, which was described in
Chapter 2.

THYRISTOR CIRCUITS AND THEIR CONTROL

For given ac input voltages, the magnitude of the average output voltage in thyristor
converters can be controlled by delaying the instants at which the thyristors are allowed
to start conduction. This is illustrated by the simple circuits of Fig. 6-2.

6-2-1 BASIC THYRISTOR CIRCUITS

In Fig. 6-2a, a thyristor connects the line-frequency source v, to a load resistance. In
the positive half-cycle of v,, the current is zero until wr = «, at which time the
thyristor is supplied a positive gate pulse of a short duration. With the thyristor
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Figure 6-2 Basic thyristor converters.
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conducting, v, = v,. For the rest of the positive half-cycle, the current waveform
follows the ac voltage waveform and becomes zero at of = «. Then the thyristor
blocks the current from flowing during the negative half-cycle of v,. The current stays
zero until ot = 2mw+a, at which time another short-duration gate pulse is applied and
the next cycle of the waveform begins. By adjusting a, the average value of the load
voltage v, can be controlled.

In Fig. 6-2b, the load consists of both R and L. Initially, the current is zero. The
thyristor conduction is delayed until f = a. Once the thyristor is fired or gated on at
ot = a during the positive half-cycle of v, when the voltage across the thyristor is
positive, the current begins to flow and v, = v,. The voltage across the inductor can be
written as

vi(l) = Lg =y, ~ Vg (6-1)
where vp = Ri. In Fig. 6-2b, v, (which is proportional to the current) is plotted and v; is
shown as the difference between v, and v,. During a to 0,, v; is positive and the current
increases, since

1 w?
mm=af vi(l) dg (62)

where { is a variable of integration. Beyond wt = 0,, v, becomes negative and the current
(as well as vg) begins to decline. The instant at which the current becomes zero and stays
zero due to the thyristor is dictated by Eq. 6-2. Graphically in Fig. 6-2b, ot = 0, is the
instant at which area A, equals area A, and the current becomes zero. These areas
represent the time integral of v, , which must be zero over one cycle of repetition in steady
state, as explained in Section 3-2-5-1. It should be noted that the current continues to flow
for a while even after v, has become negative, as discussed in Section 5-2-2. The reason
for this has to do with the stored energy in the inductor, a part of which is supplied to R
and the other part is absorbed by v, when it becomes negative.

In Fig. 6-2¢, the load consists of an inductor and a dc voltage E;. Here, with the
current initially zero, the thyristor is reverse biased until o = 0,, as shown in Fig. 6-2c.
Therefore, it cannot conduct until wf = 6,. The thyristor conduction is further delayed
until 8,, when a positive gate pulse is applied. With the current flowing

di
vi)=L—=

2= Vs Ea (6-3)

In terms of wt,

1 wt
Km=ﬁfhm—Ma (6-4)
6,

where { is an arbitrary variable of integration. The current peaks at 0, where v; = E,;. The
current goes to zero at of = 0,, at which instant area A, equals area A,, and the time
integral of the inductor voltage over one time period of repetition becomes zero.

6-2-2 THYRISTOR GATE TRIGGERING

By controlling the instant at which the thyristor is gated on, the average current in the
circuits of Fig. 6-2 can be controlled in a continuous manner from zero to a maximum
value. The same is true for the power supplied by the ac source.
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Figure 6-3 Gate trigger control circuit.

Versatile integrated circuits, such as the TCA780, are available to provide delayed
gate trigger signals to the thyristors. A simplified block diagram of a gate trigger control
circuit is shown in Fig. 6-3. Here, a sawtooth waveform (synchronized to the ac input) is
compared with the control signal v.,,.;, and the delay angle a with respect to the positive
zero crossing of the ac line voltage is obtained in terms of v, and the peak of the
sawtooth waveform V

Vcontrol

o’ = 180°

A

Vst (6'5)

Another gate trigger signal can easily be obtained, delayed with respect to the negative
zero crossing of the ac line voltage.

6-2-3 PRACTICAL THYRISTOR CONVERTERS

Full-bridge converters for single- and three-phase utility inputs are shown in Fig. 6-4. The
dc-side inductance may be a part of the load, for example, in dc motor drives. Prior to the
analysis of the full-bridge converters in Fig. 6-4, it will be helpful to analyze some simpler
and possibly hypothetical circuits. This simplification is achieved by assuming ac-side
inductance to be zero and the dc side current to be purely dc. Next, the effect of L, on the
converter waveforms will be analyzed. Finally, the effect of the ripple in i, (as well as a
discontinuous i;) will be included. These converters will also be analyzed for their
inverter mode of operation.
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Figure 6-4 Pracucal thyristor converters.

SINGLE-PHASE CONVERTERS

6-3-1 IDEALIZED CIRCUIT WITH Lg = 0 AND i,(t) = I,

The practical circuit of Fig. 6-4a, with the assumption of L, = 0 and a purely dc current
iz(1) = I, is shown in Fig. 6-5a. It can be redrawn as in Fig. 6-5b. The current I, flows
through one thyristor of the top group (thyristors 1 and 3) and one thyristor of the bottom
group (thyristors 2 and 4). If the gate currents to the thyristors were continuously applied,
the thyristors in Fig. 6-5 would behave as diodes and their operation would be similar to
that described in Section 5-3-1 of the previous chapter. The voltage and current wave-
forms under these conditions are shown in Fig. 6-6a.

The instant of natural conduction for a thyristor refers to the instant at which the
thyristor would begin to conduct if its gate current were continuously applied (or as if it
was a diode). Therefore, in Fig. 6-6a, the instant of natural conduction is wt = 0 for
thyristors 1 and 2 and wt = v for thyristors 3 and 4.

— —f—
T
o]

+ +
Ty Ug
- fL

(a) (b)

Figure 6-5 Single-phase thyristor converter with L, = 0 and a constant dc current.



6-3 SINGLE-PHASE CONVERTERS 127
Vg
iB
— 0L
| Twt=0 [

1,2 T 3,4
(a)a=0

- ¢

0 i — 03¢
a /

3,4 1,2 >+ 3,4

(b) a = finite

Figure 6-6 Waveforms in the converter of Fig. 6-5.

Next, consider the effect of applying gate current pulses that are delayed by an angle
a (called the delay angle or firing angle) with respect to the instant of natural conduction.
Now prior to wt = 0, the current is flowing through thyristors 3 and 4, and v; = —v,. As
shown in Fig. 6-6b, the voltage across thyristor 1 becomes forward biased beyond wt =
0, but it cannot conduct until ¢ = a when a gate current pulse is applied. The situation
is identical for thyristor 2. As a consequence of this finite delay angle a (note that in Fig.
6-6a, a = 0), v, becomes negative during the interval from O to a.

At ot = a, the commutation of current from thyristors 3 and 4 to thyristors 1 and 2
is instantaneous due to the assumption of L, = 0. When thyristors 1 and 2 are conducting,
vy = v,. Thyristors 1 and 2 conduct until w+a when thyristors 3 and 4 are triggered,
delayed by the angle o with respect to their instant of natural conduction (¢t = ). A
similar commutation of current takes place from thyristors 1 and 2 to thyristors 3 and 4.

Comparing the effect of the delay angle a on the v, waveform in Fig. 6-6b with that
in Fig. 6-6a shows that the average value V, of the dc voltage can be controlled by the
delay angle. The expression for V, can be obtained as

1 [m+e 2\/5
Via = = J’ \/EV,sin ot dlwt) = o V.cos a = 0.9V cos a (6-6)
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Let V,, be the average value of the dc voltage in Fig. 6-6a with a = 0 (as in Chapter 5)
and L, = 0, where

1 |- 2V2
Vio = p J V2V,sin ot d(wf) = _:ré: V, = 0.9V, (6-7)
°

Then, the drop in the average value due to a is
AV = Vi — Vo = 0.9V (1 — cos @) (6-8)

This *‘lossless’’ voltage drop in V, is equal to the volt-radian area A, shown in Fig. 6-6b
divided by .

The variation of V, as a function of a is shown in Fig. 6-7, which shows that the
average dc voltage becomes negative beyond a = 90°. This region is called the inverter
mode of operation and is discussed later in a separate section.

The average power through the converter can be calculated as

1 (T 17
P = T p(h) dt = T Vaig dt (6-9)
0 (]
With a constant dc current (iy = 1)),
1 T
P = Id(if Vq dt) = IdVd = 09VsId Cos a (6-10)
(1]

6-3-1-1 dc-Side Voltage

As seen from the waveform of v, in Fig. 6-6, the dc-side voltage has a dc (average)
component V,, (=0.9V_cos a from Eq. 6-6). In addition, v, has an ac ripple that repeats
at twice the line frequency. The magnitude of harmonic components in v, for various
values of a can be calculated by means of Fourier analysis.

6-3-1-2 Line Current i

The input line current i; in Fig. 6-6a is a square wave with an amplitude of I,. The entire
waveform in Fig. 6-6b is phase shifted by the delay angle a with respect to the input

Va
Vo
1.0
Rectifier mode
0 l >q
0° 90° 180°
Inverter mode
-1.0+

Figure 6-7 Normalized ¥ as a function of a.
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voltage v, waveform. The current i; in Fig. 6-8a can be expressed in terms of its Fourier
components as

i(wt) = \/ilslsin(wt —a) + \/Els3sin[3(wt - a)] + \/ilsssin[S(wt —a)) + -
(6-11)

where only odd harmonics 4 are present. The rms value of its fundamental-frequency
component i, plotted in Fig. 6-8a, is

2
I == V2, =091, (6-12)

From Fourier analysis, the harmonics of i; can be expressed as

I,
Ly==> (6-13)

wt

(a)
1.0
J
L
I 1
7L
5 1
T 9
T (R S S S S S W S
1 3 5 7 9 11 13 15 17 19 21 23
(b)
S
S
P Q
| L
0 45° 90° 135° 180°
(c)

Figure 6-8 The ac-side quantities in the converter of Fig. 6-5.
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which are plotted in Fig. 6-85. By applying the basic definition of rms from Eq. 3-5 to the
i, waveform, the rms value /; can be shown to be equal to the dc current:

I, =1, (6-14)
From Egs. 6-12 and 6-14, the total harmonic distortion can be calculated as
VE-T
%THD = 100 X ---’?I-—-‘ = 48.43% (6-15)
s]

6-3-1.3 Power, Power Factor, and Reactive Voit-Amperes

Looking at the waveform of i, in Fig. 6-8a, it is obvious that in the circuit of Fig. 6-5,
DPE = ¢cos &; = cos a (6-16)

and from Egs. 6-12, 6-14, and 6-16,

1
PF = 7 DPF = 0.9 cos « (6-17)
Based on the ac-side quantities, the power into the converter is
P = V] cos &, (6-18)
Using Eqgs. 6-12 and 6-16 in 6-18 yields
P =09V, ];cos a (6-192)

which is identical to the average power given by Eq. 6-10, directly calculated based on
the dc-side quantities. The fundamental-frequency current results in fundamental reactive
volt-amperes,

Oy = Viisin & = 0.9Vl sin a (6-19b)
and the fundamental-frequency apparent power §;, where
§1 = Vil = (P> + Q)7 (6-19¢)

With a constant I, P, § (=V 1)), Q,, and §, as functions of « are plotted in Fig. 6-8¢.

6-3-2 EFFECT OF Lg

Next, we will include the ac-side inductance in Fig. 6-9, which generally cannot be
ignored in practical thyristor converters. Now for a given delay angle o, the current
commutation takes a finite commutation interval », as shown in Fig. 6-10e. In principle,

D

Figure 6-9 Single-phase thyristor converter
with a finite L, and a constant de current.
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Figure 6-10 Waveforms in the converter of Fig. 6-9.

this commutation process is similar to that in diode bridge rectifiers discussed in Chapter
5. During the commutation interval, all four thyristors conduct, and therefore, v, = 0 and
the voltage v, = v, in Fig. 6-9:

di;
ve=v =L e (6-20)
Multiplying both sides by d(wr) and integrating over the commutation interval yield
a+u 1;
f V2Vsin ot d(ot) = oL, f (di;) = 20L,l, (6-21)
a =1,
The left side of Eq. 6-21 is the area A, (in volt-radians) in Fig. 6-10b:
atu
A, = f V2V,sin ot d(wt) (6-22)
Carrying out the integration in Eq. 6-22 and combining with Eq. 6-21 give
A, = V2VJcos a — cos(a + u)] = 20L,], (6-23)
and
@+ 1) 2L, (6-24)
cos(a + u) = cos a — -
V2V,

For a = 0, Eq. 6-24 is identical to Eq. 5-32 for diode rectifiers. The effect of a on
u is shown in Example 6-1.

Comparing the waveforms for v, in Figs. 6-6b and 6-10b, we note that L_ results in
an additional voltage drop AV, proportional to the volt-radian area A,:

(6-25)
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Using Eqs. 6-6 and 6-25 yields

2
V;= 09V, cos o — p wl (6-26)

W Example 6-1 In the converter circuit of Fig. 6-8a, L, is 5% with the rated voltage
of 230 V at 60 Hz and the rated volt-amperes of 5 kVA. Calculate the commutation angle
u and V,/V,, with the rate input voltage, power of 3 kW, and a = 30°.

Solution

The rated current is

5000

Lated = 230 - 2174 A
The base impedance is
Voa
Zoae = 2 = 1058 O
rated
Therefore,
0.05Z
L= w‘“”“ = 1.4 mH

The average power through the converter can be calculated using Eq. 6-26:
2
Py = Vg, = 0.9V 1ac08 a — - olJ? = 3 kW

Using the given values in the above equation gives
I~ 533.531, + 8928.6 = 0
Therefore,
I;=173A
Using this value of /, in Eqgs. 6-24 and 6-26 results in
k=159 and V,=173.5V

6-3-2-1 Input Line Current i,

The input current i, in Fig. 6-10a has an essentially (not exactly) a trapezoidal waveform.
With this assumption, the angle ¢, is approximately equal to a + %u. Therefore,

DPF = cos(a + ju) (6-27)
The rms value of the fundamental-frequency current component can be obtained by
equating power on the ac and the dc sides:
Vil DPF = Vi, (6-28)
Using Eqgs. 6-26 through 6-28 yields

_ 0.9V,/cos o — (Um) wLl}
st Vcos(a + u/2)

(6-29)
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The rms value of the line current can be calculated by applying the definition of rms to its
trapezoidal waveform. Combining this with the above equations allows the power factor
and the total harmonic distortion in the line current to be calculated.

6-3-3 PRACTICAL THYRISTOR CONVERTERS

The circuit of Fig. 6-4a is redrawn in Fig. 6-11a, where the load is represented by a dc
voltage source E, in series with L,, which may be a part of the load; otherwise it is
externally added. A small resistance r, is also included. Such a representation applies to
battery chargers, discussed in Chapter 11, and dc motor drives, discussed in Chapter 13.
The waveforms are shown in Fig. 6-11b for a = 45° and a continuously flowing i,. There
is a finite commutation interval « due to L,. Also due to L, and the ripple in iy, the v,
waveform differs from the instantaneous |v(¢)| waveform by the voltage drop across L.
It is reasonable to express the average value of v, in terms of Eq. 6-26 if i, is flowing
continuously:

2
Vg=09V.cos a — - OL 14 min (6-30)

where /1, i, is the minimum value of i, that occurs at of = a.
To obtain the average value /, of the dc current in the circuit of Fig. 6-11a4,

di
Vg = raig + Ldf + E, (6-31)

(a)

(b)

Figure 6-11 (a) A practical thyristor converter. (b} Waveforms.
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Integrating both sides of Eq. 6-31 over one time period T and dividing by T, we get the

average voltages:
IJ'T ra f’ Ldfl.,m
- vydt = igdt + — dld + E; (6-32)
T T T J,

0 0 4(0)

In the steady state the waveforms repeat with the time period T, and hence, 1,(0) = [ (T).
Therefore, the average voltage accross L, in the steady state in Eq. 6-32 is zero. In terms
of average values, Eq. 6-32 can be written as

Vd = rdld + Ed (6'33)

In accordance with Eq. 6-30 we can control the average dc voltage V,; by means of
o and thus control /,; and the power delivered to the load. The ac-side current waveforms
associated with practical converters are analyzed by means of a computer simulation.

B Example 6-2 The single-phase thyristor converter of Fig. 6-11a is supplied by a
240-V, 60-Hz source. Assume L, = 1.4 mH and the delay angle o = 45°. The load can
be represented by L; = 9 mH and E; = 145 V. Using PSpice, obtain the v, and i;
waveforms and calculate /,,, I,, DPF, PF, and %THD.

Solution

The PSpice circuit and the input data file, where the thyristors are represented by a
subcircuit called SCR, are included in the Appendix at the end of this chapter. The
thyristor in this subcircuit is modeled by means of a voltage-controlled switch whose
current is monitored by means of a 0-V source. The voltage-controlled switch is in its on
state if the gate pulse is present and/or if the current is flowing through it. The details of
this subcircuit are explained in reference 1. The call to this subcircuit includes the time
delay in gate pulse (TDLY) with respect to the instant of natural condition and the initial
gate voltage (ICGATE) at the start of the simulation.

The dc-side waveforms of Fig. 6-11b shown earlier were obtained for the above
circuit conditions. The input current i, and i;; waveforms are shown in Fig. 6-12, and the
calculated values are as follows: I, = 59.68 A, I, = 60.1 A, DPF = 0.576, PF = 0.572,
and THD = 12.3%.

//‘
//
=

a=45°
¢, = 54.84°

Figure 6-12 Waveforms in Example 6-2 for the circuit of Fig. 6-11a.

6-3-3-1 Discontinuous-Current Conduction

At light loads with low values of I,, the i, waveform becomes discontinuous. For exam-
ple, beyond a certain value of E; in Example 6-2 with a delay angle of 45°, i, becomes
discontinuous. Figure 6-13 shows the waveforms for E; = 180 V, where the effect of the
snubber network on the waveforms is ignored. A larger value of E; will result in a smaller
average value I, of the dc current.
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Figure 6-14 J, versus /; in the single-phase thyristor
converter of Fig. 6-11a.

Using the values given in Example 6-2 for the converter of Fig. 6-11a, the relation
between E, (=V ) and I, is plotted in Fig. 6-14 for several values of the delay angle .
This figure shows that at a constant a, if /, falls below a threshold that depends on a, V,
increases sharply. In order to keep V, constant, the delay angle will have to be increased
at low values of /.

6-3-4 INVERTER MODE OF OPERATION

It was mentioned in Section 6-1 that the thyristor converters can also operate in an inverter
mode, where V, has a negative value, as shown in Fig. 6-1b, and hence the power flows
from the dc side to the ac side. The easiest way to understand the inverter mode of
operation is to assume that the dc side of the converter can be replaced by a current source
of a constant amplitude /,, as shown in Fig. 6-15a. For a delay angle a greater than 90°
but less than 180°, the voltage and curmrent waveforms are shown in Fig. 6-15b. The
average value of v, is negative, given by Eq. 6-26, where 90° < a < 180°. Therefore, the
average power P, (=V 1) is negative, that is, it flows from the dc to the ac side. On the
ac side, P,. = VI cos &, is also negative because ¢, > 90°.
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Figure 6-15 (a) Inverter, assuming a constant de current. (b) Waveforms.

There are several points worth noting here. This inverter mode of operation is pos-
sible since there is a source of energy on the dc side. On the ac side, the ac voltage source
facilitates the commutation of current from one pair of thyristors to another. The power
flows into this ac source.

Generally, the dc current source is not a realistic dc-side representation of systems
where such a mode of operation may be encountered. Figure 6-16a shows a voltage source
E, on the dc side that may represent a battery, a photovoltaic source, or a dc voltage
produced by a wind-electric system. It may also be encountered in a four-quadrant dc
motor supplied by a back-to-back connected thyristor converter.

An assumption of a very large value of L, allows us to assume i, to be a constant dc,
and hence the waveforms of Fig. 6-15b also apply to the circuit of Fig. 6-16a. Since the
average voltage across L, is zero,

2
E; = V4= Veos a — - wlL 1, (6-34)

The equation is exact if the current is constant at /,; otherwise, a value of i, at wf = a
should be used in Eq. 6-34 instead of I,. Figure 6-16b shows that for a given value of a,
for example, a;, the intersection of the dc source voltage E, = E,, and the converter
characteristic at a, determines the dc current 7, and hence the power flow P,,.

During the inverter mode, the voltage waveform across one of the thyristors is shown
in Fig. 6-17. An extinction angle vy is defined to be

vy =180°— (a + w) (6-35)
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Figure 6-16 (a) Thyristor inverter with a dc voltage source. (b) V4 versus 1.
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Figure 6-17 Voltage across a thyristor in the inverter mode.

during which the voltage across the thyristor is negative and beyond which it becomes
positive. As discussed in Section 2-3 dealing with thyristors, the extinction time interval

_t, = /o should be greater than the thyristor turn-off time f,. Otherwise, the thyristor will
prematurely begin to conduct, resulting in the failure of current to commutate from one
thyristor pair to the other, an abnormal operation that can result in large destructive

currents.
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Figure 6-18 Waveforms at inverter start-up.

6-3-4-1 Inverter Start-up

For startup of the inverter in Fig. 6-16a, the delay angle o is initially made sufficiently
large (e.g., 165°) so that i, is discontinuous, as shown in Fig. 6-18. Then, a is decreased
by the controller such that the desired /; and P, are obtained.

6-3-5 ac VOLTAGE WAVEFORM (LINE NOTCHING AND DISTORTION)

Thyristor converters result in line noise. Two main reasons for line noise are line notching
and voltage distortion. Both of these topics are discussed in Section 6-4-5 for three-phase
converters. A similar analysis can be carried out for single-phase converters.

THREE-PHASE CONVERTERS

6-4-1 IDEALIZED CIRCUIT WITH Lg = 0 AND i) = I,

The practical circuit of Fig. 6-45 with the assumption of L; = 0 and a purely dc current
ig(r) = 1, is shown in Fig. 6-19a. It can be redrawn as in Fig. 6-195. The current i, flows

T

T3 P

(a) b)

Figure 6-19 Three-phase thyristor converter with L, = 0 and a constant dc current.



(a)

(b)

(c)

(d)

6-4 THREE-PHASE CONVERTERS 139

through one of the thyristors of the top group (thyristors 1, 3, and 5) and one of the bottom
group (2, 4, and 6). If the gate currents were continuously applied, the thyristors in Fig.
6-19 would behave as diodes and their operation would be similar to that described in the
previous chapter. Under these conditions (o = 0 and L, = 0), the voltages and the current
in phase a are shown in Fig. 6-20a. The average dc voltage V,, is as in Eq. 5-68:

3V2

Vio = v Ve = 1.35V, (6-36)

Using the same definition as in Section 6-3-1, instants of natural conduction for the
various thyristors are shown in Fig. 6-20a by 1, 2, . . . . The effect of the firing or delay
angle o on the converter waveforms are shown in Figs. 6-20b through d. Focusing on the
commutation of current from thyristor 5 to 1, we see that thyristor 5 keeps on conducting
until ot = a, at which instant the current commutates instantaneously to thyristor 1 due
to zero L. The current in phase a is shown in Fig. 6-20c. Similar delay by an angle o
takes place in the conduction of other thyristors. The line-to-line ac voltages and the dc
output voltage v, (=vp, — vy,) are shown in Fig. 6-20d.

The expression for the average dc voltage can be obtained from the waveforms in
Figs. 6-20b and d. The volt-second area A, (every 60°) results in the reduction in the
average dc voltage with a delay angle o compared to V,, in Fig. 6-20a. Therefore,

Vda = Vdo Y

(6-37)

Figure 6-20 Waveforms in the converter of Fig. 6-19.
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From Fig. 6-20b, the volt-radian area A, is the integral of v, — v, (=v,.). This can be
confirmed by Fig. 6-20d, where A, is the integral of v,,, — v, (=V,,). With the time origin
chosen in Fig. 6-20,

Vae = V2V, sin ot (6-38)

Therefore,

Ay = J : V2V, sin ot dwf) = V2V (1 — cos a) (6-39)
0

Substituting A, in Eq. 6-37 and using Eq. 6-36 for V, yield

_3V2

Via Vircos o = 1.35V cos a = Vyco8 a (6-40)

The above procedure to obtain v, is straightforward when a < 60°. For a > 60° we get
the same result but an alternate derivation may be easier (see ref. 2).

Equation 6-40 shows that V,, is independent of the current magnitude I, so long as
iz flows continuously (and L; = 0). The control of V, as a function of « is similar to the
single-phase case shown by Fig. 6-7. The dc voltage waveform for various values of « is
shown in Fig. 6-21. The average power is

P = led = 1.35VLLIdCOS a (6—41)

6-4-1-1 dc-Side Voltage

Each of the dc-side voltage waveforms shown in Fig. 6-21 consists of a dc (average)
component V,;, (=1.35V, ;cos a given by Eq. 6-40). As seen from Fig. 6-21, the ac ripple
in v, repeats at six times the line frequency. The harmonic components can be obtained
by means of Fourier analysis.

6-4-1-2 Input Line Currents i, i,, and i,

The input currents i,, i,, and i. have rectangular waveforms with an amplitude I,. The
waveform of i, is phase shifted by the delay angle o in Fig. 6-22a with respect to its
waveform in Fig. 6-20a with a = 0. It can be expressed in terms of its Fourier compo-
nents (with wt defined to be zero at the positive zero crossing of v,,) as

i(w) = V2L sin(ot — a) — V2ssin[S(wt — @)] — V21,sin[T(wt — )]
+ V2L, sin[11(wt — a)] + V2I,5sin[13(wt — o)]
— V2Lsin[17(0t — a)] = V2I,esin[19(0t — @)] - - - (6-42)

where only the nontriplen odd harmonics A are present and
h=¢6n=*1 n=1,2,..)) (6-43)
The rms value of the fundamental-frequency component is

I, = 0.781, (6-44)
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(a) a=0

(b) a=30°

(c) a=60°

(d) a=90°

(e) a=120°

(f) a=150°

(g) a=180°

Figure 6-21 The dc-side voltage waveforms as a
function of a where ¥, = A/(w/3). (From ref. 2

with permission.)
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and the rms values of the harmonic components are inversely proportional to their har-

monic order,

=3
IJ"I - h
as plotted in Fig. 6-22b.

where h = 6n * 1

(6-45)
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Figure 6-22 Line current in a three-phase thyristor converter of Fig. 6-19.

From the i, waveform of Fig. 6-22, the total rms value of the phase current can be
calculated as

I, = \[51,, = 0.816l, (6-46)
Therefore, with iy = I, and L, = 0, from Eqgs. 6-45 and 6-46
I, 3
= ===10955 (6-47a)
I, =
and therefore, in i
THD = 31.08% (6-47b)

6-4-1-3 Power, Power Factor, and Reactive Volt-Amperes
With L, = 0, ¢, = «, as shown in Fig. 6-22a, and

DPF = cos ¢; = cos a (6-48)
Using Eq. 3-44 for the power factor, Eqs. 6-47 and 6-48 yield

3
PF = —cos a (6-49)
T

The current waveforms along with the phasor representation of its fundamental-frequency
component are shown in Fig. 6-23 for various values of «. Similar to Eqs. 6-19a through
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6-19c for the single-phase converters, the equations can be written for P, Q, and S, along
with a plot similar to that in Fig. 6-8c, for the three-phase converters.

6-4-2 EFFECT OF Lg

Next, we will include the ac-side inductance L, in Fig. 6-24, which cannot be ignored in
practical thyristor converters. In fact, the German VDE standards require that this induc-
tance must be a minimum of 5%, that is,

V. V3

oL, = 0.05
Isl

(6-50)

Now for a given delay angle a, the current commutation takes a finite commutation
interval u. Consider the situation where thyristors 5 and 6 have been conducting previ-
ously, and at w¢ = a the current begins to commutate from thyristor 5 to 1. Only the
thyristors involved in current conduction are drawn in Fig. 6-25a. The instant when v,,
becomes more positive than v, (the instant of natural conduction for thyristor 1) is chosen
as the time origin wt = 0 in Fig. 6-25b.
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2! N
Lf Figure 6-24 Three-phase
Tsl Te T2 - converter with L, and a constant
N ) dc current.
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i =ig |X| g =4
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Figure 6-25 Commutation in the presence of L,.

During the current commutation interval «, thyristors 1 and 5 conduct simultaneously
and the phase voltages v,, and v,,, are shorted together through L, in each phase. The
current i, builds up from 0 to /;, whereas i_ decreases from I, to zero, at which instant the
current commutation from 5 to 1 is completed. Currents i5 and i; through thyristors 5 and
1 are drawn in Fig. 6-25¢. The complete i, waveform is shown in Fig. 6-26.

In Fig. 6-25a during the commutation interval a < ot < a + u

v, (6-51)

VPn = Van
where

di
Vi, = Ls =

=L (6-52)
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at

Figure 6-26 Line current in the presence of L.

The reduction in volt-radian area due to the commutation interval (in Fig. 6-25b) is

oatu
A, = f v, d(wt) (6-53)

o

Using Eq. 6-52 in Eq. 6-53 and recognizing that i, changes from zero to /, in the
interval of = o to of = o + u give

Iﬂ
Au = ol, f di, = oL, (6-54)
0

Therefore, the average dc output voltage is reduced from V, (given by Eq. 6-40) by
AJ(wi3):

N2 3oL,
k11

Vg = —%— Viicos a — Id (6-55)

In the foregoing derivation, the following should be noted: During the current com-
mutation, phases g and ¢ are shorted together. Therefore, during commutation

di,
VPn = Van — L —d't" (6-56)
Also
Vpp = - L iy
Pn Ven s dt (6-57)
Therefore, from Eqs. 6-56 and 6-57
+ L [di, .
vp, (during commutation) = 3‘32—‘@3 - 5{ (% + %) (6-58)

Since I, (=i, + i) is assumed to be constant during the commutation interval,

di, __di,
a - @ (6-59)

Therefore, Eq. 6-58 reduces to

Vpa = %{Vm + vcn) (6'60)
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The vp, waveform during the commutation interval is shown in Fig. 6-25b. The
importance of L, in the inverter operation is discussed in the next section.

Even though an explicit expression for the commutation interval u is not needed to
calculate V, (see Eq. 6-55), it is required to ensure reliable operation in the inverter mode.
Thus, this is the appropriate place to calculate this interval u. Combining Egs. 6-56 and
6-60 in the circuit of Fig. 6-25a yields

L, Ba _ Yan  Von Ve (6-61)

With the time origin chosen in Fig. 6-25b, v,. = \/2V,sin wt. Therefore

dis Vi sin ot
d(of) V2 2oL,

Its integration between w¢ = a and ot = & + u, recognizing that during this interval
i, changes from zero to 1,, results in

1y Ve et
di, = i
L i, \/izw L j sin wf d(wf)

o

or

2oL,
cos(a + 1) = cos a ~ \/;’ 1, (6-62)
LL

Thus, knowing a and /,;, the commutation interval ¥ can be calculated.

6-4-2-1 Input Line Current i;

Similar to the analysis for the single-phase converters in Section 6-3-2-1, the i, waveform
in Fig. 6-26 can be approximated to be trapezoidal. With this approximation,

DPF = cos (a + 3u) (6-63)

Another expression for the displacement power factor, by equating ac-side and dc-
side powers, is given by Eq. 6-64 {2]. Its derivation is left as an exercise (see Prob-
lem 6-11):

DPF = 1[cos & + cos(a + u)] (6-64)

The ac-side inductance reduces the magnitudes of the harmonic currents. Figures 6-27a
through d show the effects of L, (and hence of ) on various harmonics for various values
of o, where 1, is a constant dc. The harmonic currents are normalized by /, with L, = 0,
which is given by Eq. 6-44. Normally, the dc-side current is not a constant dc. Typical
and idealized harmonics are shown in Table 6-1.
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Figure 6-27 Normalized harmonic currents in the presence of L,. (With permission from
ref. 2).

Table 6-1 Typical and ldealized Harmonics

K 5 7 11 13 17 19 23 25
Typical  I,4, 017 010 004 003 002 001 001 0.0l
Idealized 1/, 020 014 009 007 006 005 004 004

6-4-3 PRACTICAL CONVERTER

The circuit of a converter used in practice was shown in Fig. 6-4b. It is redrawn in Fig.
6-28, where the load is represented by a dc voltage source E, and L, is finite. A small
resistance r, is also included. Such practical converters are analyzed by means of a
computer simulation in the following example.
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I

R L
T }‘r is _ Figure 6-28 A practical
. . thyristor converter.

W Example 6-3 A three-phase thyristor converter is supplied by a 480-V (line-to-
line), 60-Hz source. Its internal inductance L;; = 0.2 mH. The converter has a series
inductance L, = 1.0 mH. The load is represented as shown in Fig. 6-28, with L, = 5 mH,
r, =0, and E, = 600 V and the delay angle « = 20°. Using PSpice simulation, obtain
v,, i,, and v, waveforms and calculate I, I, DPF, PF, and %THD.

Solution The PSpice circuit and the input data file are included in the Appendix at
the end of this chapter. The waveforms are shown in Fig, 6-29. The calculated results are
as follows: I; = 22.0 A, I, = 22.94 A, DPF = 0.928, PF = 0.89, and THD = 29.24%.

Figure 6-29 Waveforms in the converter of Fig. 6-28. u

6-4-3-1 Discontinuous-Current Conduction

As in a single-phase converter, the dc-side current i, becomes discontinuous in the circuit
of Fig. 6-28 below a certain average value for a given a. The waveforms are shown in
Fig. 6-30. A larger value of E, will result in a smaller /,. In order to regulate V,, a will
have to be increased at lower values of I,

6-4-4 INVERTER MODE OF OPERATION

Once again, to understand the inverter mode of operation, we will assume that the dc side
of the converter can be represented by a current source of a constant amplitude [, as
shown in Fig. 6-31. For a delay angle a greater than 90° but less than 180°, the voltage
and current waveforms are shown in Fig. 6-324. The average value of V, is negative
according to Eq. 6-55. On the ac side, the negative power implies that the phase angle ¢,
between v, and i, is greater than 90°, as shown in Fig. 6-32b.
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Figure 6-30 Waveforms in a discontinuous-current-conduction mode.
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Figure 6-32 Waveforms in the inverter of Fig. 6-31.

In a practical circuit shown in Fig. 6-33a, the operating point for a given E; and a
can be obtained from the characteristics shown in Fig. 6-33b.

Similar to the discussion in connection with single-phase converters, the extinction
angle y (=180° — a — u) must be greater than the thyristor turn-off interval w?, in the
waveforms of Fig. 6-34, where v is the voltage across thyristor 5.
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a Figure 6-33 (a) Thyristor inverter
with a dc voltage source.
b) (b) ¥, versus I,

6-4-4-1 Inverter Start-up

As discussed in Section 6-3-4-1 for start up of a single-phase inverter, the delay angle a
in the three-phase inverter of Fig. 6-33a is initially made sufficiently large (e.g., 165°) so
that i, is discontinuous. Then, a is decreased by the controller such that the desired 7, and
P, are obtained.

6-4-5 ac VOLTAGE WAVEFORM (LINE NOTCHING AND DISTORTION)

Figure 6-35a shows a practical arrangement with L, = L, + L, where L is the
per-phase internal inductance of the ac source and L, is the inductance associated with the
converter. The junction of L ; and L, is also the point of common coupling where other
loads may be connected, as shown in Fig. 6-35a. A thyristor converter results in line
noise. Two main reasons for line noise are line notching and waveform distortion, which
are considered in the following sections.

6-4-5-1 Line Notching

In the converter of Fig. 6-35a, there are six communications per line-frequency cycle. The
converter voltage waveforms are shown in Fig. 6-35b. During each commutation, two out
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u v = extinction angle Figure 6-34 Voltage across a
(6) thyristor in the inverter mode.

of three phase voltages are shorted together by the converter thyristors through L, in each
phase. Consider a line-to-line voltage, for example, V45, at the converter internal termi-
nals, as shown in Fig. 6-35c. It is short-circuited twice per cycle, resulting in deep
notches. There are four other notches where either phase A or phase B (but not both) is
involved in commutation. Ringing due to stray capacitances C, and snubbers in Fig. 6-35a
have been omitted for clarity.

The area for each of the deep notches in Fig. 6-35¢, where both phases A and B are
shorted, would be twice that of A, in Fig. 6-25b. Therefore, from Eq. 6-54

Deep notch area A, = 2wl;  [volt radians] (6-65)

The notch width u can be calculated from Eq. 6-62. Assuming that u is small, as an
approximation, we may write

Deep notch area depth = V2V sina (o = delay angle) (6-66)
Therefore, from Eqs. 6-65 and 6-66, considering one of the deep notches yields
notch area  2wl,l4
notch depth \/EVLLsin a

Otherwise, Eq. 6-62 can be used to calculate u.

The shallow notches in Fig. 6-35¢ have the same width u as is calculated for the deep
notches in Eq. 6-67. However, the depth and the area for each of the shallow notches is
one-half compared with those of the deep notches.

Notch width u =

rad (6-67)
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Figure 6-35 Line notching in other equipment voltage: (a) circuit, (b) phase voltages,
(c) hine-to-line voltage v 5.

In practice, the line notching at the point of common coupling is of concern. The
notches in the line-to-line voltage v,, have the same width u, as shown in Fig. 6-34¢ and
given by Eq. 6-67. However, the notch depths and the notch areas are a factor p times the
corresponding depth and areas, respectively, in Fig. 6-35¢, where

L:l

= 6-68
P L:l + L:2 ( )

Therefore, for a given ac system (i.e., given L), a higher value of L, will result in
smaller notches at the point of common coupling. The German VDE standards recom-
mend that wL,, must be a minimum of 5%, that is, in Fig. 6~35a

VL
Lolay = 0.05 —= 6-69
Whisolag _\/3 ( )
In Table 6-2, guidelines suggested by IEEE standard 519-1981 for the line noise at

the point of common coupling are given. This standard also suggests that the converter
equipment should be capable of performing satisfactorily on supply systems containing
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Table 6-2 Line Notching and Distortion Limits for 460-V Systems

Voltage Total
Line Notch Depth Line Notch Area Harmonic Distortion

Class p(%) (V-us) (%)
Special applications 10 16,400 3
General system 20 22,800 5
Dedicated system 50 36,500 10

line notches of 250 p.s width (5.4 electrical degrees) and a notch depth of 70% of the rated
maximum line voltage.

Due to the stray capacitances (or if any filter capacitor is used at the input) and
snubbers across thyristors, there would be ringing at the end of each commutation inter-
val. These transient voltages can overload the transient suppressors within the equipment.

6-4-5-2 Voltage Distortion

The voltage distortion at the point of common coupling can be calculated by means of
phase quantities by knowing the harmonic components I, of the converter input current
and the ac source inductance (L,,):
1/2
[E(Ih X (Dle)Z]

Voltage %THD = —— X 100 (6-70)
Vphase(fundamemal)

The recommended limits for this system are given in Table 6-2.

It should be noted that the total harmonic distortion in the voltage at the point of
common coupling can also be calculated by means of the notches in its line-to-line voltage
waveform as follows: The total rms value of the harmonic components (other than the
fundamental) can be approximately obtained by root-mean-squaring the six notches per
cycle in the line-to-line voltage waveform; moreover the fundamental-frequency compo-
nent of the line-to-line voltage at the point of common coupling can be approximated as
V.. (see Problem 6-21).

6-5 OTHER THREE-PHASE CONVERTERS

Only the three-phase, full-bridge, six-pulse converters have been analyzed in detail in the
preceding sections. There are several other types of converters: 12-pulse and higher pulse
number bridge converters, the 6-pulse bridge converter with a star-connected transformer,
the 6-pulse bridge converter with an interphase transformer, half-controlled bridge rec-
tifiers, and so on. The choice of converter topology depends on the application. For
example, 12-pulse bridge converters are used for high-voltage dc transmission, as dis-
cussed in Chapter 17. A detailed description of these converters is presented in refer-
ence 2.

SUMMARY

1. Line-frequency controlled rectifiers and inverters are used for controlled transfer of
power between the line-frequency ac and the adjustable-magnitude dc. By controlling
the delay angle of thyristors in these converters, a smooth transition can be made from
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Figure 6-36 Summary of thyristor converter output voltage with a dc current /.

the rectification mode to the inversion mode or vice versa. The dc-side voltage can
reverse polarity but the dc-side current remains unidirectional.

. Because of the increasing importance of diode rectifiers, discussed in Chapter 5, the

phase-controlled converters are mostly used at high power levels.

. Phase-controlled converters inject large harmonics into the utility system. At small

values of V,; (compared (o its maximum possible value)}, these operate at a very poor
power factor as well as a poor displacement power factor. Additionally, these con-
verters produce notches in the line-voltage waveform.

The relationship between the control input and the average converter output in the
steady state can be summarized as shown in Fig. 6-36. In a dynamic sense, the output
of the converter does not respond instantaneously to the change in the control input.
This delay, which is a fraction of the line-frequency cycle, is larger in a single-phase
converter than in a three-phase converter.

PROBLEMS

BASIC CONCEPTS

In the circuit of Fig. P6-1, v,; and v, have an rms value of 120 V at 60 Hz, and the two are 180°
out of phase. Assume L, = S mH and /, = 10 A is a dc current. For the following two values of
the delay angle «, obtain v, i, and v, waveforms. Calculate the average value V, and the
commutation interval u at (a) 45° and (b) 135°.

Vgl

ig1 L, Vil

bg2 L, Ty +
: e g g W—_
vy Iy
Ug2

Figure P6-1
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In the circuit of Fig. P6-2, the balanced three-phase voltages v,, v,, and v have an rms value of 120
V at 60 Hz. Assume L, = SmH and 7, = 10 A is a dc current. For the following two values of the
delay angle a, obtain v,, i,, and v, waveforms. Calculate the average value V, and the commutation
interval u at (a) 45° and (b) 135°.

iq L, T
: YYD
T;
7YY\ ;')1“ -

T5
. O
+ + + ) d

Vq ﬁ\> Up Ve
- _ _ . Figure P6-2

In the single-phase converter of Fig. 6-5, the input voltage has a square waveform with amplitude
of 200 V at a frequency of 60 Hz. Assume I; = 10 A. Obtain an analytical expression for V, in terms
of V., 1, and . Obtain the v, waveform and its average value V,, for a equal to 45° and 135°.

In the single-phase converter of Fig. 6-9, the input voltage has a square waveform with amplitude
of 200 V at a frequency of 60 Hz. Assume L, = 3 mH and /, = 10 A.

(a) Obtain analytical expressions for u and V, in terms of V,, L,, w, I, and a. Why is u
independent of «, unlike in Eq. 6-24.

(b) Obtain the i, and v, waveforms and calculate the commutation interval u and V, for the
following values of the delay angle a: 45° and 135°.

SINGLE-PHASE CONVERTERS
Consider the single-phase, half-controlled converter shown in Fig. P6-5, where v, is sinusoidal.

(a) Draw vy, i;, and v, waveforms and identify the devices conducting for various intervals for the
following values of a: 45°, 90°, and 135°.

(b) Calculate DPF, PF, and %THD for V, = %Vdo, where V,_ is the dc output at a = 0.
(c) Repeat part (b) for a full-bridge converter.
(d) Compare results in parts (b) and (c).

Figure P6-5

In terms of V, and I, in the single-phase converter of Fig. 6-5a, compute the peak inverse voltage
and the average and the rms values of the current through each thyristor.

The single-phase converter of Fig. 6-9 is supplying a dc load of 1 kW. A 1.5-kVA-isolation
transformer with a source-side voltage rating of 120 V at 60 Hz is used. It has a total leakage
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reactance of 8% based on its ratings. The ac source voltage of nominally 115 V is in the range of
—10% and +5%. Assume L, is large enough to allow the assumption of i, = I,.

Calculate the minimum transformer turns ratio if the dc load voltage is to be regulated at a
constant value of 100 V. What is the value of a when V, = 115 V + 5%.

Equation 6-26 can be expressed in terms of the equivalent circuit shown in Fig. P6-8, where R, is
a ‘‘lossless’” resistor to represent the voltage drop due to I,. Express this equivalent circuit in terms
of the extinction angle vy rather than the delay angle a to represent the inverter mode of operation.

B2,
— 1.
4y

Vda cos a Vd

T T_ Figure P6-8

In the single-phase inverter of Fig. 6-16a, V., = 120 Vat 60 Hz, L, = 1.2 mH, L, = 20 mH, E,
= 88 V, and the delay angle a = 135°. Using PSpice, obtain v, i,, v, and i, waveforms in steady
state. /
In the inverter of Problem 6-9, vary the delay angle a from a value of 165° down to 120° and plot
1, versus a. Obtain the delay angle a,, below which i, becomes continuous. How does the slope of
the characteristic in this range depend on L.?

THREE-PHASE CONVERTERS

In the three-phase converter of Fig. 6-24, derive the expression for the displacement power factor
given by Eq. 6-64.

In the three-phase converter of Fig. 6-24, V,, = 460 V at 60 Hz and L, = 25 puH. Calculate the
commutation angle « if V, = 525 V and P, = 500 kW.

In terms of V;, and I, in the three-phase converter of Fig. 6-19a, compute the peak inverse voltage
and the average and the rms values of the current through each thyristor.

In the three-phase converter of Fig. 6-28, derive the expression for the minimum dc current 7 ;5 that
results in a continuous-current conduction for given V;,, o, L,, and a = 30°. Assume that L, and
r, are negligible and E, is a dc voltage.

Consider the three-phase, half-controlled converter shown in Fig. P6-15. Calculate the value of the
delay angle a for which V, = V. Draw v, waveform and identify the devices that conduct during
various intervals. Obtain the DPF, PF, and %THD in the input line current and compare results with
a full-bridge converter operating at V, = 0.5 V,,,. Assume L, = 0.

Figure P6-15
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6-16 Repeat Problem 6-15 by assuming that diode D, is not present in the converter of Fig. P6-15.
6-17 The three-phase converter of Fig. 6-24 is supplying a dc load of 12kW. A Y-Y connected isolation
transformer has a per-phase rating of 5 kVA and an ac source-side voltage rating of 120 V at 60 Hz.
It has a total per-phase leakage reactance of 8% based on its ratings. The ac source voltage of
nominally 208 V (line to line) is in the range of —10% and +5%. Assume L, is large enough to
allow the assumption of iy, = I,.
Calculate the minimum transformer turns ratio if the dc load voltage is to be regulated at a
constant value of 300 V. What is the value of a when V;;, = 208 V +5%.

6-18 In the three-phase inverter of Fig. 6-33a, V,, = 460V at 60 Hz, E = 550 V, and L; = 0.5 mH.
Assume L, is very large, to yield if) = I,. Calculate a and v if the power flow is 55 kW.

6-19 In typical applications, L, is finite. Moreover, i, is not a pure dc current. Table 6-1 lists typical and
idealized values of ac-side current harmonics in a six-pulse, full-bridge controlled converter as
functions of its fundamental current component.

Calculate the ratio /,// and the THD in the current for typical as well as idealized harmonics.

6-20 In the three-phase converter of Fig. 6-19, assume that the input ac voltages and the dc current I,
remain constant. Plot the locus of the reactive volt-amperes due to the fundamental-frequency
component of the line current versus the real power for various values of the delay angle a.

6-21 In the circuit of Fig. 6-35a, L,, corresponds to the leakage inductance of a 60-Hz transformer with
the following ratings: three-phase kVA rating of 500 kVA, line-to-line voltage of 480 V, and an
impedance of 6%. Assume L, is due to a 200-ft-long cable, with a per-phase inductance of 0.1
pH/ft. The ac input voltage is 460 V line to line and the dc side of the rectifier is delivering 25 kW
at a voltage of 525 V.

Calculate the notch width in microseconds and the line notch depth p in percentage at the point
of common coupling. Also, calculate the area for a deep line notch at the point of common coupling
in volt-microseconds and compare the answers with the recommended limits in Table 6-2.

6-22 Repeat Problem 6-21 if a 480-V 1 : 1 transformer is also used at the input to the rectifier, which
has a leakage impedance of 3%. The three-phase rating of the transformer equals 40 kVA.

6-23 Calculate the THD in the voltage at the point of common coupling in Problems 6-21 and 6-22.

6-24 Using the typical harmonics in the input current given in Table 6-1, obtain the THD in the voltage
at the point of common coupling in Problem 6-21.

6-25 With the parameters for the converter in Example 6-3, use the PSpice listing of the Appendix at the
end of this chapter to evaluate the voltage distortion at the point of common coupling.
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APPENDIX

(PSpice examples are adapted from ‘‘Power Electronics: Computer Simulation, Analysis and Ed-
ucation Using Evaluation Version of PSpice,’”’ Minnesota Power Electronics, P.O. Box 14503,
Minneapolis, MN 55414.)

PSPICE INPUT CIRCUIT FILE FOR EXAMPLE 6-2

* Single-Phase, Thyristor-Bridge Rectifier
.PARAM PERIOD = {1/60}, ALFA= 45.0, PULSE_WIDTH=0.Sms

.PARAM HALF_PERIOD = {1/120}
*

LS1 1 2 D0.imH IC = 10A

Ls2 2 3 1.3mH IC = 10A

LD 4 S O9eH

VD S & 145V

*

XTHYL 3 4 SCR PARAMS: TDLY=D ICGATE=2V
XTHY3 0 4 SCR PARAMS: TDLY={HALF_PERIOD} ICGATE=0V
XTHY2 & 0 SCR PARANS: TDLY=0D ICGATE=2V
XTHY4 & 3 SCR PARAMS: TDLY={HALF_PERIOD} ICGATE=0V
*

VS 1 D SIN(D 340V 60 O O {ALFA})

x

. TRAN SO0us  100ms 0 SOus UIC
.PROBE

.FOUR &D0.0 v(1) 1i(1lsl) 1(1d)

.SUBCKT SCR 101} 103 PARAMS: TDLY=1ims ICGATE=0V

* Power Electronics: Simulation, Analysis Education..... by N. Mohan.
SW 101 102 S3 D SWITCH

VSENSE 102 103 0OV

RSNUB 101 104 200

CSNUB 104 103 21uF
*

VGATE 51 0 PULSE(D 1V {TDLY} DO O {PULSE_WIDTH} {PERIOD})

RGATE S1 D 1MEG

EGATE S2 0 TABLE {I(VSENSE)+V(51)} = (0.0,0.0) (D.1,1.0) (1.0,1.0)
RSER 52 53 1

CSER §53 D 2uF IC={ICGATE}

*

.MODEL SWITCH VSWITCH ( RON=D.01l )
.ENDS

.END

N

‘\@ ' Figure 6A-1 Spice Input
Circuit for Example 6-2.
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Vo

Figure 6A-2 PSpice Input Circuit for Example 6-3.

PSPICE INPUT CIRCUIT FILE FOR EXAMPLE 6-3

Example G-3
* Three-Phase, Thyristor-Bridge Rectifier
-PARAM PERIOD= {1/&0}, DEGl20= {1/(3*6D)}
-PARRM ALFA= 20.0, PULSE_WIDTH=0.5ns

*

LS32 11 12
LSdA e 13
LS1B 21 22
LSeB gd 23

.chi IC=45A
-OmH IC=45A
.emH IC=—45A
.OmH IC=-48A

= v o e

LSiC 31 32 .cnH

LSeC jg 33 .OmH

*

LD 4 SmH IC=45A

D S b L00.0V

-

XTHY1L 13 4 SCR PARAMS: TDLY=O ICGATE=2V
XTHY3 23 4 SCR PARAMS: TDLY={DEG120} ICGATE=0V

XTHYS 33 4 SCR PARANS: TDLY={2*DEG120} ICGATE=0V
ITHY? & 33 SCR PARAMS: TDLY={DEG1Z0/2} ICGATE=0V
XTHY4 b 13 SCR PARAMS: TDLY={3*DEG120/2} ICGATE=0YV
XTHYL b 23 S5CR PARANMS: TDLY={S*DEGl20/2} ICGATE=2V
-

¥SA 11 0 SIN(D 393.9V &0 0 O {3D+ALFA})

¥SB ¢l 0 SIN(O 391.9v &0 0 O {-90+ALFA})

¥SC 31 0 SIN(0 391.9V &0 0 D {-210+ALFA})

]

-.TRAN SOus S0ms Us S0us UIcC

.PROBE

LJPOUR 0.0 v(13) 1(LSIA) 1(LD)

159



160

CHAPTER 6 LINE-FREQUENCY PHASE-CONTROLLED RECTIFIERS AND INVERTERS

.SUBCKT SCR 101 103 PARAMS: TDLY=1lms ICGATE=0V

* Power Electronics: Simulation, Analysis Education..... by N. Mohan.
SW 101 102 S3 0 SWITCH

VSENSE 102 103 av

RSNUB 101 104 <200

CSNUB 104 103 1uF

*

VGATE S1 0 PUOLSE(O 1v {TDLY} 0O 0 {PULSE_WIDTH} {PERIOD})

RGATE S 0 1MEG

EGATE S2 0 TABLE {I(VSENSE)+V(S1)} = (0.0,0.0) ¢(D.1,1.0) (1.0,1.0)
RSER S¢ S3 1

CSER S3 0 1uF IC={ICGATE}

*

.MODEL SWITCH VSWITCH ( RON=0.01 )

.ENDS

.END



CHAPTER 7

71

dc—de SWITCH-MODE
CONVERTERS

INTRODUCTION

The dc—dc converters are widely used in regulated switch-mode dc power supplies and in
dc motor drive applications. As shown in Fig. 7-1, often the input to these converters is
an unregulated dc voltage, which is obtained by rectifying the line voltage, and therefore
it will fluctuate due to changes in the line-voltage magnitude. Switch-mode dc-to-dc
converters are used to convert the unregulated dc input into a controlled dc output at a
desired voltage level.

Looking ahead to the application of these converters, we find that these converters are
very often used with an electrical isolation transformer in the switch-mode dc power
supplies and almost always without an isolation transformer in case of dc motor drives.
Therefore, to discuss these circuits in a generic manner, only the nonisolated converters
are considered in this chapter, since the electrical isolation is an added modification.

The following dc—dc converters are discussed in this chapter:

Step-down (buck) converter

Step-up (boost) converter
Step-down/step-up (buck—boost) converter
Cik converter

Full-bridge converter

eSS S

Of these five converters, only the step-down and the step-up are the basic converter
topologies. Both the buck—boost and the Ciik converters are combinations of the two
basic topologies. The full-bridge converter is derived from the step-down converter.

) Battery k———=—= 1
[I—— [}
AC 1
line voltage _ Uncontrolled DC o Filter oC DC-BC be Load
(1-phase or Rggt)i?;r (unregulated) | Capacitar [ ( nregulated) |Converter| (regulated)
3-phase)

Vcontrol

Figure 7-1 A dc—dc converter system.
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The converters listed are discussed in detail in this chapter. Their variations, as they
apply to specific applications, are described in the chapters dealing with switch-mode dc
power supplies and dc motor drives.

In this chapter, the converters are analyzed in steady state. The switches are treated
as being ideal, and the losses in the inductive and the capacitive elements are neglected.
Such losses can limit the operational capacity of some of these converters and are dis-
cussed separately.

The dc input voltage to the converters is assumed to have zero internal impedance.
It could be a battery source; however, in most cases, the input is a diode rectified ac line
voltage (as is discussed in Chapter 5) with a large filter capacitance, as shown in Fig. 7-1
to provide a low internal impedance and a low-ripple dc voltage source.

In the output stage of the converter, a small filter is treated as an integral part of the
dc-to-dc converter. The output is assumed to supply a load that can be represented by an
equivalent resistance, as is usually the case in switch-mode dc power supplies. A dc motor
load (the other application of these converters) can be represented by a dc voltage in series
with the motor winding resistance and inductance.

CONTROL OF dc-dc CONVERTERS

In dc—dc converters, the average dc output voltage must be controlled to equal a desired
level, though the input voltage and the output load may fluctuate. Switch-mode dc—dc
converters utilize one or more switches to transform dc from one level to another. In a
dc—dc converter with a given input voltage, the average output voltage is controlled by
controlling the switch on and off durations (¢, and #,). To illustrate the switch-mode
conversion concept, consider a basic dc—dc converter shown in Fig. 7-2a. The average
value V, of the output voltage v, in Fig. 7-2b depends on ¢, and #,¢. One of the methods
for controlling the output voltage employs switching at a constant frequency (hence, a
constant switching time period T = 1., + 7, and adjusting the on duration of the switch
to control the average output voltage. In this method, called pulse-width modulation
(PWM) switching, the switch duty ratio D, which is defined as the ratio of the on duration
to the switching time period, is varied.

The other control method is more general, where both the switching frequency (and
hence the time period) and the on duration of the switch are varied. This method is used
only in dc—dc converters utilizing force-commutated thyristors and therefore will not be
discussed in this book. Variation in the switching frequency makes it difficult to filter the
ripple components in the input and the output waveforms of the converter.

+ |
) I — r_—; -
1

Va
Vd + 0 l >t
[ T |
- - I ’ 7l
{a) (7]

Figure 7-2 Switch-mode dc—dc conversion.
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v, (desired)———b-\
Am Y control

plitier > Switch
v, (actual)-—..»/ Comparator ——> control

signal

Repetitive
waveform

{a)

vg = Sawtooth voltage

Ucontrol
(amplified error)

t
|
H/:/Ucontrol > Uy

On On
Switch
control
signal

Off (o))

ton “Ucontrol < Vst

(switching frequency f, = 71,-)
H]
(b)

Figure 7-3 Pulse-width modulator: (a) block diagram; () comparator signals.

In the PWM switching at a constant switching frequency, the switch control signal,
which controls the state {on or off) of the switch, is generated by comparing a signal-level
control voltage v, ..o With a repetitive waveform as shown in Figs. 7-3a and 7-3b. The
control voltage signal generally is obtained by amplifying the error, or the difference
between the actual output voltage and its desired value. The frequency of the repetitive
waveform with a constant peak, which is shown to be a sawtooth, establishes the switch-
ing frequency. This frequency is kept constant in a PWM control and is chosen to be in
a few kilohertz to a few hundred kilohertz range. When the amplified error signal, which
varies very slowly with time relative to the switching frequency, is greater than the
sawtooth waveform, the switch control signal becomes high, causing the switch to turn
on. Otherwise, the switch is off. In terms of v, and the peak of the sawtooth wave-
form V, in Fig. 7-3, the switch duty ratio can be expressed as

fon Veontrol

D=

=2 (7-1)
L v,

The dc—dc converters can have two distinct modes of operation: (1) continuous
current conduction and (2) discontinuous current conduction. In practice, a converter may
operate in both modes, which have significantly different characteristics. Therefore, a
converter and its control should be designed based on both modes of operation.
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STEP-DOWN (BUCK) CONVERTER

As the name implies, a step-down converter produces a lower average output voltage than
the dc input voltage V. Its main application is in regulated dc power supplies and dc
motor speed control.

Conceptually, the basic circuit of Fig. 7-2a constitutes a step-down converter for a
purely resistive load. Assuming an ideal switch, a constant instantaneous input voltage
V,, and a purely resistive load, the instantaneous output voltage waveform is shown in
Fig. 7-2b as a function of the switch position. The average output voltage can be calcu-
lated in terms of the switch duty ratio:

1 Ts 1 bon T” tan
Vo—.}Ts | vo(f)d$=?—,s Vadt + , 0dt ~‘,;,,:VJ—DVJ (7-2)

0
Substituting for D in Eq. 7-2 from Eq. 7-1 yields

Vs
Vo = = Voontrol = K¥control

Va

on

where

|7
k = -— = constant
Vat

By varying the duty ratio z,,/T, of the switch, V,, can be controlled. Another important
observation is that the average output voltage V, varies linearly with the control voltage,
as is the case in linear amplifiers. In actual applications, the foregoing circuit has two
drawbacks: (1) In practice the load would be inductive. Even with a resistive load, there
would always be certain associated stray inductance. This means that the switch would
have to absorb (or dissipate) the inductive energy and therefore it may be destroyed. (2)
The output voltage fluctuates between zero and V,, which is not acceptable in most
applications. The problem of stored inductive energy is overcome by using a diode as
shown in Fig. 7-4a. The output voltage fluctuations are very much diminished by using
a low-pass filter, consisting of an inductor and a capacitor. Figure 7-4b shows the wave-
form of the input v,, to the low-pass filter (same as the output voltage in Fig. 7-2b without
a low-pass filter), which consists of a dc component V, and the harmonics at the switch-
ing frequency f, and its multiples, as shown in Fig. 7-4b. The low-pass filter character-
istic with the damping provided by the load resistor R is shown in Fig. 7-4c. The
corner frequency f, of this low-pass filter is selected to be much lower than the switch-
ing frequency, thus essentially eliminating the switching frequency ripple in the output
voltage.

During the interval when the switch is on, the diode in Fig. 7-4a becomes reverse
biased and the input provides energy to the load as well as to the inductor. During the
interval when the switch is off, the inductor current flows through the diode, transferring
some of its stored energy to the load.

In the steady-state analysis presented here, the filter capacitor at the output is assumed
to be very large, as is normally the case in applications requiring a nearly constant
instantaneous output voltage v () = V,. The ripple in the capacitor voltage (output
voltage) is calculated later.

From Fig. 7-4a we observe that in a step-down converter, the average inductor
current is equal to the average output current /,, since the average capacitor current in
steady state is zero (as discussed in Chapter 3, Section 3-2-5-1).
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Figure 7-4 Siep-down de~de converter.

7-3-1 CONTINUOUS-CONDUCTION MODE

Figure 7-5 shows the waveforms for the continuous-conduction mode of operation where
the inductor current flows continuously [i;(#) > 0]. When the switch is on for a time
duration ¢, the switch conducts the inductor current and the diode becomes reverse
biased. This results in a positive voltage v, = V,; — V,, across the inductor in Fig. 7-5a.
This voltage causes a linear increase in the inductor current i;. When the switch is turned
off, because of the inductive energy storage, i; continues to flow. This current now flows
through the diode, and v, = —V, in Fig. 7-5b.
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{a) (b)

Figure 7-5 Step-down converter circuit states (assuming ¢, flows continuously): (a)
switch on; (b) switch off.

Since in steady-state operation the waveform must repeat from one time period to the
next, the integral of the inductor voltage v; over one time period must be zero, as
discussed in Chapter 3 (Eq. 3-51), where T, =, + fo

T, [ T,
f v,_dt=f v,_dt+j vedt=0
0 0 P

on

In Fig. 7-5, the foregoing equation implies that the areas A and B must be equal.
Therefore,

Va = Volton = V(T — ton)
or

Vo _lon _ .
‘74 = E = D (duty ratio) (7-3)
Therefore, in this mode, the voltage output varies linearly with the duty ratio of the switch
for a given input voltage. It does not depend on any other circuit parameter. The foregoing
equation can also be derived by simply averaging the voltage v, in Fig. 7-4b and rec-
ognizing that the average voltage across the inductor in steady-state operation is zero:

Vd’on +0- Lofr
T, =V
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or

Neglecting power losses associated with all the circuit elements, the input power P,
equals the output power P :

P,=P,
Therefore,
Valy =V, I,
and
1_" = &1 = _1_ (7-4)
ly VvV, D

Therefore, in the continuous-conduction mode, the step-down converter is equivalent to
a dc transformer where the turns ratio of this equivalent transformer can be continuously
controlled electronically in a range of 0—1 by controlling the duty ratio of the switch.

We observe that even though the average input current /, follows the transformer
relationship, the instantaneous input current waveform jumps from a peak value to zero
every time the switch is turned off. An appropriate filter at the input may be required to
eliminate the undesirable effects of the current harmonics.

7-3-2 BOUNDARY BETWEEN CONTINUOUS AND DISCONTINUOUS
CONDUCTION

In this section, we will develop equations that show the influence of various circuit
parameters on the conduction mode of the inductor current (continuous or discontinuous).
At the edge of the continuous-current-conduction mode, Fig. 7-6a shows the waveforms
for v, and i, . Being at the boundary between the continuous and the discontinuous mode,
by definition, the inductor current i; goes to zero at the end of the off period.

At this boundary, the average inductor current, where the subscript B refers to the

boundary, is

1, ton DT,
Iip = 3 iLpeak = 57 Va—V,) = oL (Va— Vo) = g (7-5)
VL (Vg - Vo Ing = Ig V4 = Constant
i, p:«_——__ b | iw = I
- T,V,
T <. men = gL
(-VJ
"'——tan———+—‘oﬂ——“1 0 | >
0.5 1.0
——n———
{a) (b)

Figure 7-6 Current at the boundary of continuous—discontinucus conduction: (a) current
waveform; (b) I, 5 versus D keeping ¥, constant.
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Therefore, during an operating condition (with a given set of values for T, V,, V.,
L, and D), if the average output current (and, hence, the average inductor current)
becomes less than I, given by Eq. 7-5, then i; will become discontinuous.

7-3-3 DISCONTINUOUS-CONDUCTION MODE

Depending on the application of these converters, either the input voltage V, or the output

voltage V,, remains constant during the converter operation. Both of these types of oper-
ation are discassed below .

7-3-3-1 Discontinuous-Conduction Mode with Constant V,

In an application such as a dc motor speed control, V, remains essentially constant and V,
is controlled by adjusting the converter duty ratio D.

Since V, = DV, the average inductor current at the edge of the continuous-conduc-
tion mode from Eq. 7-5 is

TV
I = L" D1 ~ D) (7-6)

Using this equation, we find that Fig. 7-6b shows the plot of I, 5 as a function of the duty
ratio D, keeping V, and all other parameters constant. It shows that the output current
required for a continuous-conduction mode is maximum at D = 0.5:

.V,
ILB,mnx - 8L (7‘7)
From Egs. 7-6 and 7-7
Iip = 81 g maxD(1 — D) (7-8)

Next the voltage ratio V,/V, will be calculated in the discontinuous mode. Let us assume
that initially the converter is operating at the edge of continuous conduction, as in Fig.
7-6a, for given values of T, L, V,, and D. If these parameters are kept constant and the
output load power is decreased (i.e., the load resistance goes up), then the average
inductor current will decrease. As is shown in Fig. 7-7, this dictates a higher value of V,
than before and results in a discontinuous inductor current.

g wpn B e

[ T .|

e . ™

Figure 7-7 Discontinuous conduction in step-down converter.
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During the interval A,T, where the inductor current is zero, the power to the load
resistance is supplied by the filter capacitor alone. The inductor voltage v, during this
interval is zero. Again, equating the integral of the inductor voltage over one time period
to zero yields

(Va— Vo) DT + (=V,)A\T; = 0 (7-9)
Yo__D
"V, D+ A
(7-10)
where D + A, < 1.0. From Fig. 7-7,
. Vo
iL peak = ZAIT: (7-11)
Therefore,
. D+ A
Ip = ip peak 2 (7-12)
VDTS .
= TD + A;) A; (using Eq. 7-11) (7-13)
VdT.r .
=3 DA, (using Eq. 7-10) (7-149)
= 4l; 3 maxDA, (using Eq. 7-7) (7-15)
I,
LA = m (7-16)
From Egs. 7-10 and 7-16
Yo i 7-17
7= (7-17)

D? + 3 (Uo/I15,max)

Figure 7-8 shows the step-down converter characteristic in both modes of operation
for a constant V,,. The voltage ratio (V,/V,,) is plotted as a function of 1,/I; p ,,,,, for various
values of duty ratio using Eqs. 7-3 and 7-17. The boundary between the continuous and
the discontinuous mode, shown by the dashed curve, is established by Eq. 7-3 and 7-8.

7-3-3-2 Discontinuous-Conduction Mode with Constant V,

In applications such as regulated dc power supplies, V,; may fluctuate but V, is kept
constant by adjusting the duty ratio D.

Since V, = V,/D, the average inductor current at the edge of the continuous-con-
duction mode from Eq. 7-5 is

TI,v,
Iip = oL (1-D (7-18)

Equation 7-18 shows that if V,, is kept constant, the maximum value of I, ; occurs at
D=0
TV,

I1 g max = oL (7-19
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Figure 7-8 Step-down converter characteristics keeping ¥, constant.

It should be noted that the operation corresponding to D = 0 and a finite V,, is, of
course, hypothetical because it would require V, to be infinite.
From Egs. 7-18 and 7-19

Iy = (1 =~ D)lis max (7-20)

For the converter operation where V, is kept constant, it will be useful to obtain the
required duty ratio D as a function of I /I; 5 ... Using Eqgs. 7-10 and 7-13 (which are
valid in the discontinuous-conduction mode whether V,, or V, is kept constant) along with
Eq. 7-19 for the case where V,, is kept constant yields

- Yg I o/I LB ,max 2
Vd l - Vo/Vd
The duty ratio D as a function of I /I, g ., is plotted in Fig. 7-9 for various values

of V,/V,, keeping V, constant. The boundary between the continuous and the discontia-
uous mode of operation is obtained by using Eq. 7-20.

D (1-21)

7-3-4 OUTPUT VOLTAGE RIPPLE

In the previous analysis, the output capacitor is assumed to be so large as to yield v (1) =

V.. However, the ripple in the output voltage with a practical value of capacitance can be

calculated by considering the waveforms shown in Fig. 7-10 for a continuous-conductiom

mode of operation. Assuming that all of the ripple component in i, flows through the

capacitor and its average component flows through the load resistor, the shaded area

Fig. 7-10 represents an additional charge AQ. Therefore, the peak-to-peak voltage ripple:
AV, can be written as

From Fig. 7-5 during t¢

(7-29
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Figure 7-9 GStep-down converter characteristics keeping ¥,
constant.
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Figure 7-10 Output voltage ripple in a step-down converter.
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Therefore, substituting A/, from Eq. 7-22 into the previous equation gives
T, V,

Av, = 3C f(l - D), (7-23)
AV, 1 0 - D) «? fe
S =3 —LC— = —(1 - D) fr (7-24)
where switching frequency f;, = 1/T, and
1
ey —— 7-25
’ 2aVLC ¢ )

Equation 7-24 shows that the voltage ripple can be minimized by selecting a corner
frequency f, of the low-pass filter at the output such that f, < f,. Also, the ripple is
independent of the output load power, so long as the converter operates in the continuous-
conduction mode. A similar analysis can be performed for the discontinuous-conduction
mode.

We should note that in switch-mode dc power supplies, the percentage ripple in the
output voltage is usually specified to be less than, for instance, 1%. Therefore, the
analysis in the previous sections assuming v (¢) = V,, is valid. It should be noted that the
output ripple in Eq. 7-24 is consistent with the discussion of the low-pass filter charac-
teristic in Fig. 7-4c.

STEP-UP (BOOST) CONVERTER

Figure 7-11 shows a step-up converter. Its main application is in regulated dc power
supplies and the regenerative braking of dc motors. As the name implies, the output
voltage is always greater than the input voltage. When the switch is on, the diode is
reversed biased, thus isolating the output stage. The input supplies energy to the inductor.
When the switch is off, the output stage receives energy from the inductor as well as from
the input. In the steady-state analysis presented here, the output filter capacitor is assumed
to be very large to ensure a constant output voltage v,(¢) = V,

7-4-1 CONTINUOUS-CONDUCTION MODE

Figure 7-12 shows the steady-state waveforms for this mode of conduction where the
inductor current flows continuously [i;(#) > 0].

Since in steady state the time integral of the inductor voltage over one time period
must be zero,

Vd’on + (Vd - Vo)toﬂ‘ =0

Figure 7-11 Step-up dc—dc converter.
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vy,

v —

-+

VO
Figure 7-12 Continuous-conduction mode: (a) switch on; (b) switch off.
Dividing both sides by T and rearranging terms yield
Yo _ L __1 7-26
Vd Loss - i1—D (7-26)
Assuming a lossless circuit, P, = P,
led = VoIo
and
1,
7= (1-D 127
d

7-4-2 BOUNDARY BETWEEN CONTINUOUS AND DISCONTINUOUS
CONDUCTION

Figure 7-13a shows the waveforms at the edge of continuous conduction. By definition,
in this mode iy goes to zero at the end of the off interval. The average value of the inductor
current at this boundary is

[ .
!u; = 5 11, peak (Flg ?-130)
1V
2L o

T,V,
5. D = D) (using Eq. 7-26) (1-28)

=
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V, = Constant
T,V,
~ " ILB,max = 8L
i
_00747T,V,
vy, |-’aa, max — L
|
0 |
} } IoB
i I
! |
| | i i -0
s ton Lot 0 025 } 0.5 0.75 10
T,
1
: )
{a} {6}

Figure 7-13 Step-up de—de converter at the boundary of continnous—discontinuous
conduction.

Recognizing that in a step-up converter the inductor current and the input current are
the same (i; = i;) and using Eq. 7-27 and 7-28, we find that the average output current
at the edge of continuous conduction is

TV,
log = oL D(1 - DY (7-29

Most applications in which a step-up converter is used require that V, be kept
constant. Therefore, with V, constant, [, are plotted in Fig. 7-135 as a function of duty
ratio D. Keeping V, constant and varying the duty ratio imply that the input voltage is

varying.
Figure 7-13b shows that I, 5 reaches a maximum value at D = 0.5:
- TsVo
I g max = 3L (7-30)

Also, I has its maximum at D = § = 0.333:

108 max = 7L 0.074 —= (7-31)
In terms of their maximum values, I, and I,g can be expressed as
Iig = 4D(1 — D)1y max (7-32)
and
27
Iy = "4— D - D)zIoB.mnx (7-33)

Figure 7-135 shows that for a given D, with constant V,, if the average load current
drops below I,; (and, hence, the average inductor current below I, 5), the current con-
duction will become discontinuous.

7-4-3 DISCONTINUOUS-CONDUCTION MODE

To understand the discontinuous-current-conduction mode, we would assume that as the
output load power decreases, V, and D remain constant (even though, in practice, D
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Figure 7-14 Step-up converter waveforms: {a} at the boundary of continuous—
discontinuous conduction; (b) at discontinuous conduction.

would vary in order to keep V, constant). Figure 7-14 compares the waveforms at the
boundary of continuous conduction and discontinuous conduction, assuming that V; and
D are constant.

In Fig. 7-14b, the discontinuous current conduction occurs due to decreased P, (=P )
and, hence, a lower I, (=1, since V, is constant. Since i; ., is the same in both modes
in Fig. 7-14, a lower value of /; (and, hence a discontinuous i, ) is possible only if V,, goes
up in Fig. 7-14b.

If we equate the integral of the inductor voltage over one time period to zero,

VdDT_‘. + (Vy; — VO)AIT‘ =

Vo A+ D
S A (7-34)
and
Io = Al : -
L= A +D (since Py = P,) (7-35)

From Fig. 7-14b, the average input current, which is also equal to the inductor cur-
rent, is

Vv
Iy = 32 DT(D + A)) (7-36)
2L
Using Eq. 7-35 in the foregoing equation yields
[AZ
1= ( %“‘)m, (7-37)

In practice, since V,, is held constant and D varies in response to the variation in V;,
it is more useful to obtain the required duty ratio D as a function of load current for various
values of V,,/V,. By using Egs. 7-34, 7-37, and 7-31, we determine that

4 V,[v 1, V2
o B A - 7-
b {27 V4 (Vd 1) IoB.max] (7-38)

In Fig. 7-15, D is plotted as a function of /,/l,p .,y for various values of V,/V,,. The
boundary between continuons and discontinuons conduction is shown by the dashed
curve.
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D
Lo
\
\ V, = Constant
\\ Ya =0.25
~ o
0.75}¢ ~
Y _0s
= Yo
0.5 <<
Discontinuous \
/ v,
-4 -08
0.25 i v,
0 1 1 Io
0 0.25 0.50 0.75 1.0 1.25 Iop, max

L, max = 0.074 T2Ve:

Figure 7-15 Step-up converter characteristics keeping ¥, constant.

In the discontinuous mode, if V,, is not controlled during each switching time period,
at least

L. (VaDT)?
7w =5 W

are transferred from the input to the output capacitor and to the load. If the load is not able
to absorb this energy, the capacitor voltage V, would increase until an energy balance is
established. If the load becomes very light, the increase in V, may cause a capacitor
breakdown or a dangerously high voltage to occur.

B Example 7-1 In a step-up converter, the duty ratio is adjusted to regulate the
output voltage V, at 48 V. The input voltage varies in a wide range from 12 to 36 V. The
maximum power output is 120 W. For stability reasons, it is required that the converter
always operate in a discontinuous-current-conduction mode. The switching frequency is
50 kHz.

Assuming ideal components and C as very large, calculate the maximum value of L
that can be used.

Solution In this converter, V, = 48V, T, =20 s, and [, .., = 120 W/48V = 2.5
A. To find the maximum value of L that keeps the current conduction discontinuous, we
will assume that at the extreme operating condition, the inductor current is at the edge of
continuous conduction.

For the given range of V; (12-36 V), D is in a range of 0.75-0.25 (corresponding
to the current conduction bordering on being continuous). For this range of D, from Fig.
7-13b, I 5 has the smallest value at D = 0.75.
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Therefore, by substituting D = 0.75 in Eq. 7-29 for I, and equating it to I, ., of
2.5 A, we can calculate
L_20x10‘6x48
© 2X25
Therefore, if L = 9 pH is used, the converter operation will be at the edge of
continuous conduction with V,; = 12 V and P, = 120 W. Otherwise, the conduction will

be discontinuous. To further ensure a discontinuous-conduction mode, a smaller than 9
pH inductance may be used. [ ]

0.75(1 — 0.75)*

7-4-4 EFFECT OF PARASITIC ELEMENTS

The parasitic elements in a step-up converter are due to the losses associated with the
inductor, the capacitor, the switch, and the diode. Figure 7-16 qualitatively shows the
effect of these parasitics on the voltage transfer ratio. Unlike the ideal characteristic, in
practice, V,/V, declines as the duty ratio approaches unity. Because of very poor switch
utilization at high values of duty ratio (as discussed in Section 7-8), the curves in this
range are shown as dashed. These parasitic elements have been ignored in the simplified
analysis presented here; however, these can be incorporated into circuit simulation pro-
grams on computers for designing such converters.

7-4-5 OUTPUT VOLTAGE RIPPLE

The peak-to-peak ripple in the output voltage can be calculated by considering the wave-
forms shown in Fig. 7-17 for a continuous mode of operation. Assuming that all the ripple
current component of the diode current i, flows through the capacitor and its average
value flows through the load resistor, the shaded area in Fig. 7-17 represents charge AQ.
Therefore, the peak—peak voltage ripple is given by

AQ I,DT;

AV, = < cC (assuming a constant output current)

V, DT,
R C

(7-39)

aclss

IL/ldeal r-l‘D

! 7/ ’\\ (Oue to
parasitic
\;/elemnts)

\

\

\

{

|

|
1 Figure 7-16 Effect of parasitic elements on
0 1.0 voltage conversion ratio (step-up converter).
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:n

—{
J

AN T

g

| E 1
1 : I
f——bD7,——}-(1-D)T, ]

Figure 7-17 Step-up converter output voltage ripple.

AV, DT,
V, RC
T .
= D: (where T = RC time constant) (7-40)

A similar analysis can be performed for the discontinuous mode of conduction.

BUCK-BOOST CONVERTER

The main application of a step-down/step-up or buck—boost converter is in regulated dc
power supplies, where a negative-polarity output may be desired with respect to the
common terminal of the input voltage, and the output voltage can be either higher or lower
than the input voltage.

A buck-boost converter can be obtained by the cascade connection of the two basic
converters: the step-down converter and the step-up converter. In steady state, the output-
to-input voltage conversion ratio is the product of the conversion ratios of the two con-
verters in cascade (assuming that switches in both converters have the same duty ratio):

| %

L=p-——

7-41

(from Eqgs. 7-3 and 7-26)

This allows the output voltage to be higher or lower than the input voltage, based on
the duty ratio D.

The cascade connection of the step-down and the step-up converters can be
combined into the single buck—boost converter shown in Fig. 7-18. When the switch
is closed, the input provides energy to the inductor and the diode is reverse biased.
When the switch is open, the energy stored in the inductor is transferred to the output.
No energy is supplied by the input during this interval. In the steady-state analysis
presented here, the output capacitor is assumed to be very large, which results in a
constant output voltage v (f) = V,,.
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i Figure 7-18 Buck—boost converter.

7-5-1 CONTINUOUS-CONDUCTION MODE

Figure 7-19 shows the waveforms for the continuous-conduction mode where the inductor
current flows continuously.
Equating the integral of the inductor voltage over one time period to zero yields

VDT, + (-V Y1 — DT, =0

(a)

Figure 7-19

v, D
S = 7-42
Vv, 1-D (7-42)
v
J
vy —
0 t
V)
i
I =Ug+1,)
i >t
DT, (1-D)T,
(=t (= to) ]
+ |
Va . l .
L liL Vo
- - T +
. Pa—
'O io

(b)

Buck—boost converter (i, > 0): (a) switch on; (b) switch off.
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and

I, 1~-D

I, D

Equation 7-42 implies that depending on the duty ratio, the output voltage can be
either higher or lower than the input.

(assuming Py = P,) (7-43)

7-5-2 BOUNDARY BETWEEN CONTINUOUS AND DISCONTINUOUS
CONDUCTION

Figure 7-20a shows the waveforms at the edge of continuous conduction. By definition,
in this mode i, goes to zero at the end of the off interval.

From Fig. 7-20a,
Itp = 3 if, peak
AL
=3 D (7-44)
From Fig. 7-18,
L=1 -1 (7-45)

(since the average capacitor current is zero).
By using Egs. 7-42 through 7-45, we can obtain the average inductor current and the
output current at the border of continuous conduction in terms of V,,

TV,

Iip = oL (1 - D) (7-46)
and
TV,
I = 577 (1 = DY’ (7-47)
1.0
0.75 V, = Constant
\
\ fu.m:=fd,mx= %&
0.50H \
UL \
S—— g \
A N
0.25 N\
Iy =Irg Lon/Ton, ma—""" N
.
(~¥o) % olzs 0% o075 10 P
}«———9?,—-}-—(1-0)1’,—-*-— ‘ : : :
fa) (s)

Figure 7-20 Buck—boost converter: boundary of continuous— discontinuous conduction.
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Most applications in which a buck—boost converter may be used require that V, be
kept constant, though V, (and, hence, D) may vary. Our inspection of Eqs. 7-46 and 7-47
shows that both I,z and I result in their maximum values at D = O:

IL8,mex = LY (7-48)
: 2L

and

Lop max = TZ’Z" (7-49)
Using Eqs. 7-46 through 7-49 gives

Itg = I g mex(l — D) (7-50)

and
Iop = Iop max(1 — D)? (7-51)

Figure 7-20b shows I, and I as a function of D, keeping V, = const.

7-5-3 DISCONTINUOUS-CONDUCTION MODE

Figure 7-21 shows the waveforms with a discontinuous i;. If we equate the integral of the
inductor voltage over one time period to zero,

V.DT, + (~V,)AT, = 0

% = 1% (7-52)
and
1—0 = 5\—1 (since P; = P,) (7-53)
I D
From Fig. 7-21
I = %DT,(D + Ay (7-54)

——

o i [__._

(-Vo)

%. DT, ,%_ 5T, —H—A{I’,

Figure 7-21 Buck —boost converter waveforms in a
discontinuous-conduction mode.
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V, = Constant
L2
o
0.75
Ya 1o
v, .
0.50
N
\\
Vq
Discontinuous N\ v, =40
0.25 region D
\\
~
\\
0 I | .l P (7 )
0 0.25 0.50 0.75 1.0 125 ‘\op max

TIVD
Iop, max = 2L

Figure 7-22 Buck—boost converter characteristics keeping ¥, constant.

Since V,, is kept constant, it is useful to obtain D as a function of the output load
current /,, for various values of V,/V,. Using the equations derived earlier, we find that

V., [,
Vd IoB.max

(7-55)

Figure 7-22 shows the plot of D as a function of I /I g ., for various values of
V,/V,. The boundary between the continuous and the discontinuous mode is shown by the
dashed curve.

W Example 7-2 In a buck-boost converter operating at 20 kHz, L = 0.05 mH. The
output capacitor C is sufficiently large and V, = 15 V. The output is to be regulated at
10 V and the converter is supplying a load of 10 W. Calculate the duty ratio D.

Solution  In this example, /, = 10/10 = 1 A. Initially, the mode of conduction is not
known. If the current is assumed to be at the edge of continuous conduction, from Egq.
7-42

D__Io
1-D 15
D = 0.4 (initial estimate)
From Eq. 7-49
0.05 x 10 _

Top.max = 3575765 =3A

Using D = 0.4 and I g 1o = 5 A in Eq. 7-51, we find that

Ls = 5(1 — 0.4
=18A
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Since the output current /, = 1 A is less than I g, the current conduction is discon-
tinuous.
Therefore, using Eq. 7-55,

Duty ratio p < 10 [0
uty ratio = 15V50
= 0.3 (discontinuous conduction) =

7-5-4 EFFECT OF PARASITIC ELEMENTS

Analogous to the step-up converter, the parasitic elements have significant impact on the
voltage conversion ratio and the stability of the feedback-regulated buck—boost converter.
As an example, Fig. 7-23 qualitatively shows the effect of these parasitic elements. The
curves are shown as dashed because of the very poor switch utilization, making very high
duty ratios impractical. The effect of these parasitic elements can be modeled in the circuit
simulation programs for designing such converters.

7-5-5 OUTPUT VOLTAGE RIPPLE

The ripple in the output voltage can be calculated by considering the waveform shown in
Fig. 7-24 for a continuous mode of operation. Assuming that all the ripple current
component of i, flows through the capacitor and its average value flows through the load
resistor, the shaded area in Fig. 7-24 represents charge AQ. Therefore, the peak-to-peak
voltage ripple is calculated as

AQ I,DT, ;
AV, = < = C (assuming a constant output current) (7-56)
_V, DT,
"R C
AV, DT,
V, RC (1-57)
J— T:
™

where 7 = RC time constant.
A similar analysis can be performed for the discontinuous mode of operation.

Vo
Va
f
[ &
“D
[ (ideal)
/
/
/ — wnr;{
arasitic
'y d :Iements
\
\
[
|
|| Figure 7-23 Effect of parasitic
{ elements on the voltage conversion

0 e ratio in a buck—boost converter.



184

CHAPTER 7 dc-dc SWITCH-MODE CONVERTERS

.t
0}-———01‘,—4-—(1-0)1‘,—-]

Figure 7-24 Output voltage ripple in a buck—boost converter.

CUK de—dec CONVERTER

Named after its inventor, the Ciik converter is shown in Fig. 7-25. This converter is
obtained by using the duality principle on the circuit of a buck—boost converter, discussed
in the previous section. Similar to the buck—boost converter, the Cidk converter provides
a negative-polarity regulated output voltage with respect to the common terminal of the
input voltage. Here, the capacitor C, acts as the primary means of storing and transferring
energy from the input to the output.

In steady state, the average inductor voltages V;, and V;, are zero. Therefore, by
inspection of Fig. 7-25,

VCl = Vd + Vo (7-58)

Therefore, Vi, is larger than both V, and V,. Assuming C, to be sufficiently large, in
steady state the variation in v, from its average value V; can be assumed to be negligibly
small (i.e., v¢; = V), even though it stores and transfers energy from the input to the
output.

When the switch is off, the inductor currents i, and i;, flow through the diode. The
circuit is shown in Fig. 7-26a. Capacitor C, is charged through the diode by energy from
both the input and L,. Current i;, decreases, because V, is larger than V. Energy stored
in L, feeds the output. Therefore, i;, also decreases.

When the switch is on, V, reverse biases the diode. The inductor currents i, , and i;,
flow through the switch, as shown in Fig. 7-26b. Since Vs, > V,;, C, discharges through

Figure 7-25 Ciik converter.
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Figure 7-26 Cik converter waveforms: (a) switch off; (b) switch on.

the switch, transferring energy to the output and L,. Therefore, i;, increases. The input
feeds energy to L, causing i, to increase.

The inductor currents i;; and i;, are assumed to be continuous. The voltage and
current expressions in steady state can be obtained in two different ways.

If we assume the capacitor voltage V; to be constant, then equating the integral of
the voltages across L, and L, over one time period to zero yields

L1: le)Ts + (Vd - VCI)(I - D)T_‘- =0

1
iVea=t—pVa (159
Ll: (VCI - Vo)DT: + (_Vo)(l - D)T.\' =0
1
.'.VC] = = Vo (7'60)

D
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From Eqgs. 7-59 and 7-60

v, D

v.oT-D (7-61)
Assuming P, = P, gives

I, 1-D

2= —— 7-62

2 ) (7-62)

where I, = I,and I, = I,

There is another way to obtain these expressions. Assume that the inductor currents
iy, and i;, are essentially ripple free (i.e., i,; = I,; and i;, = I,,). When the switch is
off, the charge delivered to C, equals /, (1 — D)T,. When the switch is on, the capacitor
discharges by an amount I, , DT,. Since in steady state the net change of charge associated
with C; over one time period must be zero,

I (1 — D)T, = I;,DT; (7-63)
A I, _1-D
“Tn = T, =7 (7-64)
and
Yi’ = ince P, = Py (7-65)
Vdﬁl—D (since P, = P,

Both methods of analysis yield identical results. The average input and output rela-
tions are similar to that of a buck—boost converter.

In practical circuits, the assumption of a nearly constant V., is reasonably valid. An
advantage of this circuit is that both the input current and the current feeding the output
stage are reasonably ripple free (unlike the buck—boost converter where both these cur-
rents are highly discontinuous). It is possible to simultaneously eliminate the ripples in iy,
and i, , completely, leading to lower external filtering requirements. A significant disad-
vantage is the requirement of a capacitor C; with a large ripple-current-carrying capa-
bility.

Detailed analysis of this converter has been adequately reported in the technical
literature and will not be undertaken here.

8 Example 7-3 In a Cik converter operating at 50 kHz, L, = L, = 1 mH and
C, = 5 pF. The output capacitor is sufficiently large to yield an essentially constant output
voltage. Here V; = 10 V and the output V,, is regulated to be constant at 5 V. It is
supplying 5 W to a load. Assume ideal components.

Calculate the percentage errors in assuming a constant voltage across C; or in as-
suming constant currents i;; and i,,.

Solution
(a) If the voltage across C, is assumed to be constant, from Eq. 7-58
VCI=VC1=10+5=15V

Initially, we will assume the current conduction to be continuous. Therefore, from
Eq. 7-61
D
1=-D

(v Hlw
I 1]
L =lw
o 3|
(F8]

(F8]
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Therefore, from Fig. 7-26 during the off interval

Ver — V.
Aipy = —=——2(1 ~ D)T,
L
15 - 10
= (—l'b—_3—)(l —0.333) x 20 x 1076
= 0.067 A

and
Vo
Aif, = — (1 - D)T;
L,

=575 (1 = 0333) X 20 x 10°¢

= 0.067 A

Note that Ai;, and Ai;, would be equal (since V-, — V, = V), provided that
L, =L,
At an output load of 5 W, using Eq. 7-62,

I,=1A and I,=05A

Since Aiy; <1, (=I;,) and Ai;, <1, (=I;,), the mode of operation is continuous,
as assumed earlier.
Therefore, the percentage errors in assuming constant /;; and I,, would be

Aig _ 0.067 X 100

I, = 03 = 13.4%
and
X 100
AIL2 0.067 = 6.7%

Tz 10

(b) If i;; and i,, are assumed to be constant, from Fig. 7-26 during the off interval

1 {a-D)T,
AVCI = E iLl dt

0

Assuming
ipn=1I,=05A
yields
AVey = 110_6 X 0.5 x (1 — 0.333)20 x 107¢
= 1.33 1%

Therefore, the percentage error in assuming a constant voltage across C, is

AV 1.33 X 100 _
Ver = 15 = 8.87%

187
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This example shows that as a first approximation, to illustrate the principle of
operation, it is reasonable to assume either a constant v, or constant i,; and i, in
this problem. |

FULL-BRIDGE dc-dc CONVERTER

There are three distinct applications of the full-bridge switch-mode converters shown in
Fig. 7-27:

¢ dc motor drives
* dc-to-ac (sine-wave) conversion in single-phase uninterruptible ac power supplies

¢ dc-to-ac (high intermediate frequency) conversion in switch-mode transformer-
isolated dc power supplies

Even though the full-bridge topology remains the same in each of these three appli-
cations, the type of control depends on the application. However, the full-bridge con-
verter, as used in dc motor drives, is covered in this ‘‘generic’” chapter because it provides
a good basis for understanding the switch-mode dc-to-ac (sine-wave) converters of Chap-
ter 8.

In the full-bridge converter shown in Fig. 7-27, the input is a fixed-magnitude dc¢
voltage V,,. The output of the converter in this chapter is a dc voltage V,,, which can be
controlled in magnitude as well as polarity. Similarly, the magnitude and the direction of
the output current i, can be controlled. Therefore, a full-bridge converter such as that
shown in Fig. 7-27 can operate in all four quadrants of the i —v, plane, and the power flow
through the converter can be in either direction.

In a converter topology such as that of the full-bridge converter shown in Fig. 7-27,
where diodes are connected in antiparallel with the switches, a distinction must be made
between the on state versus the conducting state of a switch. Because of the diodes in
antiparallel with the switches, when a switch is turned on, it may or may not conduct a
current, depending on the direction of the output current i,. If the switch conducts a
current, then it is in a conducting state. No such distinction is required when the switch
is turned off.

The full-bridge converter consists of two legs, A and B. Each leg consists of two
switches and their antiparallel diodes. The two switches in each leg are switched in such

iq

—_—
T T, Zk . . |
) vh% %/ b, o Do oad
A ™\ N\ | |
+ + | |
| |
! R, {
| I
1 v, (= vgn—vEN) | |
d o \= VAN ~UBN' | L. |
vAN : N |
|
| e |
B - | 2
t I
+
Ta Ty T o J
A/ DA—Zf _B/ Dn-% BN
_ l o-d -
N

Figure 7-27 Full-bridge dc—dc converter.
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a way that when one of them is in its off state, the other switch is on. Therefore, the two
switches are never off simultaneously. In practice, they are both off for a short time
interval, known as the blanking time, to avoid short circuiting of the dc input. This
blanking time is neglected in this chapter since we are assuming the switches to be ideal,
capable of turning off instantaneously.

We should note that if the converter switches in each leg are switched in such a way
that both the switches in a leg are not off simultaneously, then the output current i, in Fig.
7-27 will flow continuously. Therefore, the output voltage is solely dictated by the status
of the switches. For example, consider leg A in Fig. 7-27. The output voltage v,,, with
respect to the negative dc bus N, is dictated by the switch states as follows: When T, , is
on, the output current will flow through T, if i, is positive or it will flow through D, ..
if i, is negative. In either case, T, being on ensures that point A in Fig. 7-27 is at the
same potential as the positive terminal of the dc input, and therefore

VAN & Vd (lf TA+ is on and TA_ is Off) (7'663)

Similarly, when T,_ is on, a negative i, will flow through T,_ (since D, is reverse
biased) and a positive i, will flow through D,_. Therefore

vay = 0 (if T4— is on and T, is off) (7-66b)

Equations 7-66a and 7-66b show that v, depends only on the switch status and is
independent of the direction of i,. Therefore, the output voltage of the converter leg A,
averaged over one switching frequency time period T, depends only on the input voltage
V, and the duty ratio of T, ,:

thon +0 - Loff .
Vay = __._T__ = V, - duty ratio of T4 (7-67)

where t,, and ! 4 are the on and off intervals of 7, ., respectively.
Similar arguments apply to the converter leg B, and V5, depends on V,; and the duty
ratio of the switch T, :

Vey = V, - duty ratio of T, (7-68)

independent of the direction of i,. Therefore, the converter output V, (=V,y — Vgy) can
be controlled by controlling the switch duty ratios and is independent of the magnitude
and the direction of i,.

(It should be noted that it is possible to control the output voltage of a converter leg
by turning both switches off simultaneously for some time interval. However, this scheme
would make the output voltage dependent on the direction of i, in Fig. 7-27. This is
obviously undesirable, since it would introduce nonlinearity in the relationship between
the control voltage and the average output voltage. Therefore, such a scheme will not be
considered with a load, such as a dc motor load, shown in Fig. 7-27.)

In the single-switch converters discussed previously, the polarity of the output volt-
age is unidirectional, and therefore, the converter switch is pulse-width modulated by
comparing a switching-frequency sawtooth waveform with the control voltage v ... In
contrast, the output voltage of the full-bridge converter is reversible in polarity and
therefore, a switching-frequency triangular waveform is used for PWM of the converter
switches. Two such PWM switching strategies are described below:

1. PWM with bipolar voltage switching, where (T, Tz_) and (T,_, Ty,) are
treated as two switch pairs; switches in each pair are turned on and off simulta-
neously.
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2. PWM with unipolar voltage switching is also referred to as the double-PWM
switching. Here the switches in each inverter leg are controlled independently of
the other leg.

As we mentioned earlier, the output current through these PWM full-bridge dc—dc
converters, while supplying dc loads of the type shown in Fig. 7-27, does not become
discontinuous at low values of [,, unlike the single-switch converters discussed in the
previous sections.

In the full-bridge converter of Fig. 7-27, the input cument i; changes direction
instantaneously. Therefore, it is important that the input to this converter be a dc voltage
source with a low internal impedance. In practice, the large filter-capacitor shown in the
block diagram of Fig. 7-1 provides this low-impedance path to i;.

7-7-1 PWM WITH BIPOLAR VOLTAGE SWITCHING

In this type of voltage switching, switches (T, Tp_) and (T, T,_) are treated as two
switch pairs (two switches in a pair are simultaneously turned on and off). One of the two
switch pairs is always on.

The switching signals are generated by comparing a switching-frequency triangular
waveform (vy) with the control voltage v o, o;. When vgpeot = Vigi» Tas and Ty_ are
turned on. Otherwise, T, and T, are turned on. The switch duty ratios can be obtained
from the waveforms in Fig. 7-28a as follows by arbitrarily choosing a time origin as
shown in the figure:

v ! 1
"‘”'V‘“T,m 0<t<;T, (7-69)
At ¢ = t, in Fig. 7-284, vy = Veopuor- Therefore, from Eq. 7-69
T,
- Vc?ntml Zs (7_70)
Ve

By studying Fig. 7-28, we find that the on duration f,, of switch pair 1 (T,,,
Tgo)is

ton =26 +1T, (3-1)
Therefore, their duty ratio from Eq. 7-71 is
t 1

Dy =2=_(1+2) (T4, Tao) (7-72)

T, 2 0

tri

Therefore, the duty ratio D, of the switch pair 2 (Tp,, T,_) is

Dy=1~-Dy (Tg+, Ta-) (7-713)

By using the foregoing duty ratios, we can obtain V,y and Vjy in Fig. 7-28 from Egs.
7-67 and 7-68, respectively. Therefore,

Vo =Van = Vagy = D)Vy — D3V, = 2D, ~ )V, (7-18)
Substituting D, from Eq. 7-72 into Eq. 7-74 yields
1%
Ve = Ti Veontrol = KVcontrol (7-75)

tri
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Figure 7-28 PWM with bipolar voltage switching.

where k = V,/V,; = const. This equation shows that in this switch-mode converter,
similar to the single-switch converters discussed previously, the average output voltage
varies linearly with the input control signal, similar to a linear amplifier. We will learn in
Chapter 8 that a finite blanking time has to be used between turning off one switch pair
and turning on the other switch pair. This blanking time introduces a slight nonlinearity
in the relationship between v g nq, and V,,.

The waveform for the output voltage v, in Fig. 7-284 shows that the voltage jumps
between +V,and —V,,. This is the reason why this switching strategy is referred to as the
bipolar voltage-switching PWM.
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We should also note that the duty ratio D, in Eq. 7-72 can vary between 0 and 1,
depending on the magnitude and the polarity of v, ... Therefore V, can be continuously
varied in a range from —V, to V. Here, the output voltage of the converter is independent
of the output current i, since the blanking time has been neglected.

The average output current /, can be either positive or negative. For small values of
1,, i, during a cycle can be both positive and negative; this is shown in Fig. 7-28e for I,
> 0, where the average power flow is from V,to V,,, and in Fig. 7-28f for I, < 0, where
the average power flow is from V, to V.

7-7-2 PWM WITH UNIPOLAR VOLTAGE SWITCHING

An inspection of Fig. 7-27 shows that regardless of the direction of i, v, = 0if T, and
Ty, are both on. Similarly, v, = 0 if T,_ and T_ are both on. This property can be
exploited to improve the output voltage waveform.

In Fig. 7-29, a triangular waveform is compared with the control voltage v, and
~Veonwot TOr determining the switching signals for leg A and leg B, respectively. A
comparison of v ..o With vy controls leg A switches, whereas leg B switches are
controlled by comparing —v, .1 With vy in the following manner:

Tae on:  if Vegneot = Ve (7-76)
and
TB+ on: if —Veontrol ~ Viri (7-77)

Output voltages of each leg and v, are shown in Fig. 7-29. By examining Fig. 7-29 and
comparing it to Fig. 7-28, it can be seen that the duty ratio D, of the switch T, is givea
by Eq. 7-72 of the previous switching strategy. Similarly, the duty ratio D, of the switch
Ty, is given by Eq. 7-73, That is,

l CO
D; = (1;“” + 1) Tas (7-78)
2\ vy
[13]
and
D,=1-D, Ta+ (7-79)
Therefore, from Eq. 7-74, which is also valid in this case,
Va
Vo = (ZDI - I)Vd = < Vcontrol (7'80)
Vis

Therefore, the average output voltage V,, in this switching scheme is the same as im
the bipolar voltage-switching scheme and varies linearly with v ;.

Figures 7-29¢ and 7-29f show the current waveforms and the devices conducting for
1,> 0and i, <0, respectively, where V,, is positive in both cases.

If the switching frequencies of the switches are the same in these two PWM strate-
gies, then the unipolar voltage switching results in a better output voltage waveform and
in a better frequency response, since the ‘‘effective’’ switching frequency of the output:
voltage waveform is doubled and the ripple is reduced. This is illustrated by means of the
following example.

B Example 7-4 In a full-bridge dc—dc converter, the input V,, is constant and the
output voltage is controlled by varying the duty ratio. Calculate the rms value of the ripple
V, in the output voltage as a function of the average V, for
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Figure 7-29 PWM with unipolar voltage switching.

<d

(a) PWM with bipolar voltage switching and
(b) PWM with unipolar voltage switching.
Solution

(a) Using PWM with bipolar voltage switching, the waveform of the output volt-
age v, is shown in Fig. 7-28d. For such a waveform, independent of the value of
Veontrol! Vui» the root-mean-square (rms) value of the output voltage is

Voums = Va (7-81)
and the average value V,, is given by Eq. 7-74.
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By using the definition of an rms value and Eqs. 7-74 and 7-81, we can calculate
the ripple component V, in the output voltage as

Viems = Vs — V2=V, V1 — (2D, — 12 = 2V,VVD, — D} (7-82)

As D, varies from O to 1, V, varies from —V,to V. Aplotof V.- as a function
of V, is shown in Fig. 7-30 by the solid curve.

(b) Using PWM with unipolar voltage switching, the waveform of the output voltage
v, is shown in Fig. 7-29d. To find the rms value of the output voltage, the interval
t, in Fig. 7-29 can be written as

conl TS
¢, = Yoontrol 3 for Veomrt > 0 (7-83)
Vi

By examining the v, waveform in Fig. 7-29d for v o1 > 0, the rms voltage can
be obtained as

v - 41,V
’ T.r

Veontrol
~ d
Vi

V2D, — 1)V, (using Eq. 7-80) (7-84)

Therefore, using Eqs. 7-80 and 7-84

Viems = VV2 e — V2 = V6D, — 4D7 — 2V, (7-85)

where Veonrot > 0 and 0.5 < D, < 1. AS Veopuo/Vi; varies from 0 to 1, D, varies
from 0.5 to 1.0 and the plot of V, .., as a function of V,, is shown by the dashed curve
in Fig. 7-30. Similarly, the curve corresponding to v, o)/ Vs in the range from —1.0
to O can be obtained.

Figure 7-30 shows that with the same switching frequency, PWM with unipolar
voltage switching results in a lower rms ripple component in the output voltage. B

(a)

0.75
(b)
i ‘/ N
\ /
0.25 /
\ 7
1 \iL I Y,
-1.0 -0.5 0 0.5 10 Va

Figure 7-30 7, ., in a full-bridge converter using PWM:
{a) with bipolar voltage switching; (b) with unipolar
voltage switching.



7-8 de~de CONVERTER COMPARISON 195

dc-de CONVERTER COMPARISON

The step-down, step-up, buck—boost, and Ciik converters in their basic forms are capable
of transferring energy only in one direction. This is a consequence of their capability to
produce only unidirectional voltage and unidirectional current. A full-bridge converter is
capable of a bidirectional power flow, where both V,, and 7, can be reversed independent
of one another. This capability to operate in four quadrants of the V —, plane allows a
full-bridge converter to be used as a dc-to-ac inverter. In dc-to-ac inverters, which are
described in Chapter 8, the full-bridge converter operates in all four quandrants during
each cycle of the ac output.

To evaluate how well the switch is utilized in the previously discussed converter
circuits, we make the following assumptions:

1. The average current is at its rated (designed maximum) value /. The ripple in the
inductor current is negligible; therefore i; (1) = ;. This condition implies a con-
tinuous-conduction mode for all converters.

2. The output voltage v, is at its rated (designed maximum) value V. The ripple in
v, is assumed to be negligible; therefore v (1) = Va.

3. The input voltage V, is allowed to vary. Therefore, the switch duty ratio must be
controlled to hold V, constant.

With the foregoing steady-state operating conditions, the switch peak voltage rating
Vr and the peak current rating /- are calculated. The switch power rating is calculated as
Py = VI The switch utilization is expressed as P,/P,, where P, = VI is the rated
output power.

In Fig. 7-31, the switch utilization factor P,/ P is plotted for the previously consid-
ered converters. This shows that in the step-down and the step-up converters, if the input
and the output voltages are of the same order of magnitude, then the switch utiliza-
tion is very good. In the buck-boost and the Cdk converter, the switch is poorly utilized.
The maximum switch utilization of 0.25 is realized at D = 0.5, which corresponds to
V, =V,

Py
Pr
4
1.0
Step-up
081~ Step-down
06
Buck-boost and
04 Clk converter
) ”~
L~
02 ““~Full-bridge
-~ P
~ ”~
0 ~ v/ D
0 0.5 10

Figure 7-31 Switch utilization in de—de
converters.
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In the nonisolated full-bridge converter, the switch utilization factor is plotted as a
function of the duty ratio of one of the switches (e.g., switch T, , in Fig. 7-27). Here, the
overall switch utilization is also poor. It is maximum at V, = -V, and V, = V,
respectively.

In conclusion, for these nonisolated dc—dc converters, if at all possible, it is pref-
erable to use either the step-down or the step-up converter from the switch utilization
consideration. If both higher as well as lower output voltages compared to the input are
necessary or a negative polarity output compared to the input is desired, then the buck-
boost or the Cik converter should be used. Similarly, the nonisolated full-bridge con-
verter should only be used if four-quadrant operation is required.

SUMMARY

In this chapter various nonisolated converter topologies for dc-to-dc conversion are dis-
cussed. Except for the full-bridge converter, all others operate in a single quadrant of the
output voltage—current plane, thereby allowing power to flow only in one direction.

In any converter circuit operating in steady state, a capacitor can be represented by
its instantaneous voltage as an equivalent voltage source. Similarly, an inductor can be
represented by its instantaneous current as an equivalent current source. Following
this procedure, various converters discussed in this chapter can be drawn as shown in
Fig. 7-32.

vd < ) i id Vo

(a) (b)

Z] iL Yo i (D ) CD 2

(c) (d)

(e)

Figure 7-32 Converter equivalent circuits: (a) step-down;
(b) step-up; (c) step-down/step-up; (d) Cik; (e) full-bridge.
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oF
Figure 7-33 Reversible power flow with reversible
direction of the output current i,.

In all converters, the switching action does not cause a jump (or discontinuity) in the
value of the voltage source or in the current source. In step-down (including full-bridge)
and step-up converters, the energy transfer is between a voltage and a current source, as
seen from the switch-diode combination. In step-down/step-up and Cik converters, the
energy transfer is between two similar types of sources but they are separated by a source
of the other type (for example, two voltage sources are separated by a current source in
the step-down/step-up converter).

It is possible to achieve a reversible flow of power by adding an additional diode and
a switch (shown by dashed lines) as in Fig. 7-33. This converter with a positive value of
i,, and with S; and D, operating, resembles a step-down converter where the flow of
power is from the voltage source to the equivalent current source. On the other hand, with
a negative value of i,, and with S, and D, operating, it resembles a step-up connector
where the flow of power is from the equivalent current source to the voltage source.

PROBLEMS

7-2

7-3
74

7-6

7-8

79

STEP-DOWN CONVERTERS

In a step-down converter, consider all components to be ideal. Let v, = V,, be held constant at 5 V
by controlling the switch duty ratio D. Calculate the minimum inductance L required to keep the
converter operation in a continuous-conduction mode under all conditions if V, is 10-40 V, P =
5 W, and f, = 50 kHz.

Consider all components to be ideal. Assume V, =5V, f, = 20kHz, L = 1 mH, and C = 470 pF.
Calculate AV, (peak—peak) if V, = 12.6 V, and 7, = 200 mA.

In Problem 7-2, calculate the rms value of the ripple current through L and, hence, through C.
Derive an expression for AV, (peak—-peak) in a discontinuous-conduction mode in terms of the
circuit parameters.

In Problem 7-2, calculate AV, (peak —peak) if I, (instead of being 200 mA) is equal to %105.

In the PSpice simulation of a step-down converter discussed in Chapter 4 (Figs. 4-8 through 4-10),
decrease the load so that R4 = 80 £}. Obtain the inductor current and the capacitor voltage
waveforms in the discontinuous-conduction mode.

STEP-UP CONVERTERS

In a step-up converter, consider all components to be ideal. Let V, be 8~16 V, V, = 24 V
(regulated), f, = 20 kHz, and C = 470 pF. Calculate L_;, that will keep the converter operating
in a continuous-conduction mode if P, = 5 W.

In a step-up converter, V, =12V, V_ =24V, ] =05A,L =150 pH, C = 470 pF, and f, =
20 kHz. Calculate AV, (peak—peak).

In Problem 7-8, calculate the rms value of the ripple in the diode current (which also flows through
the capacitor).
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7-10 Derive an expression for AV, (peak—peak) in a discontinuous-conduction mode in terms of the
circuit parameters.

7-11 In Problem 7-8, calculate AV, peak—peak if I, (instead of being 0.5 A) is equal to % Ig.
BUCK-BOOST CONVERTERS

7-12 In a buck—boost converter, consider all components to be ideal. Let V,be 8-40V, V, =15V
(regulated), f, = 20 kHz, and C = 470 pF. Calculate L, that will keep the converter operating
in a continuous-conduction mode if P, = 2 W.

7-13 In a buck—boost converter, V, = 12V, V, =15V, [, =250 mA, L = 150 pH, C = 470 uF, and
f, = 20 kHz. Calculate AV, (peak-peak).

7-14 Calculate the rms value of the ripple current in Problem 7-13 through the diode and, hence, through
the capacitor.

7-15 Derive an expression for AV, (peak—peak) in a discontinuous-conduction mode in terms of the
circuit parameters.

7-16 In Problem 7-13, calculate AV, (peak—peak), if I, (instead of being 250 mA) is equal to %I‘,B.
CUK CONVERTER

7-17 In the circuit of Example 7-3, calculate the tms current flowing through the capacitor C,.
FULL-BRIDGE dc-dc CONVERTERS

7-18 In a full-bridge dc—dc converter using PWM bipolar voltage switching, v.nee = 0.5 V. Obtaim
V, and I,. By Fourier analysis, calculate the amplitudes of the switching-frequency harmonics in v,
and i,.

7-19 Repeat Problem 7-18 for a PWM unipolar voltage-switching scheme.

7-20 Plot instantaneous power output p(¢) and the average power P, corresponding to i, in Figs. 7-28e
and 7-28f.

7-21 Repeat Problem 7-20 for Figs. 7-29¢ and 7-29f.

7-22 In a full-bridge dc—dc converter using PWM bipolar voltage switching, analytically obtain the value
of (V,/V,) which results in the maximum (peak—peak) ripple in the output current i,,. Calculate this
ripple in terms of V,,, L,, and f,.

7-23 Repeat Problem 7-22 for a PWM unipolar voltage-switching scheme.

7-24 Using PSpice, simulate the full-bridge dc—dc converter shown in Fig. P7-24 using (a) PWM bipolar
voltage switching and (b) PWM unipolar voltage switching.
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SWITCH-MODE dc—ac
INVERTERS: dc <
SINUSOIDAL ac

INTRODUCTION

Switch-mode dc-to-ac inverters are used in ac motor drives and uninterruptible ac power
supplies where the objective is to produce a sinusoidal ac output whose magnitude and
frequency can both be controlled. As an example, consider an ac motor drive, shown in
Fig. 8-1 in a block diagram form. The dc voltage is obtained by rectifying and filtering
the line voltage, most often by the diode rectifier circuits discussed in Chapter 5. In an ac
motor load, as will be discussed in Chapters 14 and 15, the voltage at its terminals is
desired to be sinusoidal and adjustable in its magnitude and frequency. This is accom-
plished by means of the switch-mode dc-to-ac inverter of Fig. 8-1, which accepts a dc
voltage as the input and produces the desired ac voltage input.

To be precise, the switch-mode inverter in Fig. 8-1 is a converter through which the
power flow is reversible. However, most of the time the power flow is from the dc side
to the motor on the ac side, requiring an inverter mode of operation. Therefore, these
switch-mode converters are often referred to as switch-mode inverters.

To slow down the ac motor in Fig. 8-1, the kinetic energy associated with the inertia
of the motor and its load is recovered and the ac motor acts as a generator. During the
so-called braking of the motor, the power flows from the ac side to the dc side of the
switch-mode converter and it operates in a rectifier mode. The energy recovered during
the braking of the ac motor can be dissipated in a resistor, which can be switched in

e

l ]

Diode-rectifier  Filter  Switch-mode
capacitor inverter

Figure 8-1 Switch-mode inverter in ac motor drive.
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parallel with the dc bus capacitor for this purpose in Fig. 8-1. However, in applications
where this braking is performed frequently, a better alternative is regenerative braking
where the energy recovered from the motor load inertia is fed back to the utility grid, as
shown in the system of Fig. 8-2. This requires that the converter connecting the drive to
the utility grid be a two-quadrant converter with a reversible dc current, which can operate
as a rectifier during the motoring mode of the ac motor and as an inverter during the
braking of the motor. Such a reversible-current two-quadrant converter can be realized by
two back-to-back connected line-frequency thyristor converters of the type discussed in
Chapter 6 or by means of a switch-mode converter as shown in Fig. 8-2. There are other
reasons for using such a switch-mode rectifier (called a rectifier because, most of the time,
the power flows from the ac line input to the dc bus) to interface the drive with the utility
system. A detailed discussion of switch-mode rectifiers is deferred to Chapter 18, which
deals with issues regarding the interfacing of power electronics equipment with the utility
grid.

In this chapter, we will discuss inverters with single-phase and three-phase ac out-
puts. The input to switch-mode inverters will be assumed to be a dc voltage source, as was
assumed in the block diagrams of Fig. 8-1 and 8-2. Such inverters are referred to as
voltage source inverters (VSIs). The other types of inverters, now used only for very high
power ac motor drives, are the current source inverters (CSIs), where the dc input to the
inverter is a dc current source. Because of their limited applications, the CSls are not
discussed in this chapter, and their discussion is deferred to ac motor drives Chapters 14
and 15.

The VSIs can be further divided into the following three general categories:

1. Pulse-width-modulated inverters. In these inverters, the input dc voltage is es-
sentially constant in magnitude, such as in the circuit of Fig. 8-1, where a diode
rectifier is used to rectify the line voltage. Therefore, the inverter must control the
magnitude and the frequency of the ac output voltages. This is achieved by PWM
of the inverter switches and hence such inverters are called PWM inverters. There
are various schemes to pulse-width modulate the inverter switches in order to
shape the output ac voltages to be as close to a sine wave as possible. Out of these
various PWM schemes, a scheme called the sinusoidal PWM will be discussed in
detail, and some of the other PWM techniques will be described in a separate
section at the end of this chapter.

2. Square-wave inverters. In these inverters, the input dc voltage is controlled in
order to control the magnitude of the output ac voltage, and therefore the inverter
has to control only the frequency of the output voltage. The output ac voltage has
a waveform similar to a square wave, and hence these inverters are called square-
wave inverters.

+ )
60 H £
ac : / T Ve

Switch-mode Filter Switch-mode
converter capacitor converter

Figure 8-2 Switch-mode converters for motoring and regener-
ative braking in ac motor drive.
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3. Single-phase inverters with voltage cancellation. In case of inverters with single-
phase output, it is possible to control the magritude and the frequency of the
inverter output voltage, even though the input to the inverter is a constant dc
voltage and the inverter switches are not pulse-width modulated (and hence the
output voltage waveshape is like a square wave). Therefore, these inverters com-
bine the characteristics of the previous two inverters. It should be noted that the
voltage cancellation technique works only with single-phase inverters and not with
three-phase inverters.

BASIC CONCEPTS OF SWITCH-MODE INVERTERS

In this section, we will consider the requirements on the switch-mode inverters. For
simplicity, let us consider a single-phase inverter, which is shown in block diagram form
in Fig. 8-3a, where the output voltage of the inverter is filtered so that v, can be assumed
to be sinusoidal. Since the inverter supplies an inductive load such as an ac motor, i, will
lag v,, as shown in Fig. 8-3b. The output waveforms of Fig. 8-3b show that during
interval 1, v, and i, are both positive, whereas during interval 3, v, and i, are both
negative. Therefore, during intervals 1 and 3, the instantaneous power flow p, (=v,i ) is
from the dc side to the ac side, corresponding to an inverter mode of operation. Im
contrast, v, and i, are of opposite signs during intervals 2 and 4, and therefore p, flows
from the ac side to the dc side of the inverter, corresponding to a rectifier mode of
operation. Therefore, the switch-mode inverter of Fig. 8-3a must be capable of operating
in all four quadrants of the i —v, plane, as shown in Fig. 8-3¢ during each cycle of the ae

1-phase |———o0
+ | switch - +
mede
] inverter Vo
- + -
filter P———=o0

(a)

2
Rectitier Inverter

3 4
Inverter Rectifier

Figure 8-3 Single-phase

(c) switch-mode inverter.
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output. Such a four-quadrant inverter was first introduced in Chapter 7, where it was
shown that in a full-bridge converter of Fig. 7-27, i, is reversible and v, can be of either
polarity independent of the direction of i,. Therefore, the full-bridge converter of Fig.
7-27 meets the switch-mode inverter requirements. Only one of the two legs of the
full-bridge converter, for example leg A, is shown in Fig. 8-4. All the dc-to-ac inverter
topologies described in this chapter are derived from the one-leg converter of Fig. 8-4. For
ease of explanation, it will be assumed that in the inverter of Fig. 8-4, the midpoint ‘‘0’’
of the dc input voltage is available, although in most inverters it is not needed and also
not available.

To understand the dc-to-ac inverter characteristics of the one-leg inverter of Fig. 8-4,
we will first assume that the input dc voltage V, is constant and that the inverter switches
are pulse-width modulated to shape and control the output voltage. Later on, it will be
shown that the square-wave switching is a special case of the PWM switching scheme.

8-2-1 PULSE-WIDTH-MODULATED SWITCHING SCHEME

We discussed the PWM of full-bridge dc~dc converters in Chapter 7. There, a control
signal v ..o (constant or slowly varying in time) was compared with a repetitive switch-
ing-frequency triangular waveform in order to generate the switching signals. Controlling
the switch duty ratios in this way allowed the average dc voltage output to be controlled.

In inverter circuits, the PWM is a bit more complex, since as mentioned earlier, we
would like the inverter output to be sinusoidal with magnitude and frequency controllable.
In order to produce a sinusoidal output voltage waveform at a desired frequency, a
sinusoidal control signal at the desired frequency is compared with a triangular waveform,
as shown in Fig. 8-5a. The frequency of the triangular waveform establishes the inverter
switching frequency and is generally kept constant along with its amplitude V,;.

Before discussing the PWM behavior, it is necessary to define a few terms. The
triangular waveform v; in Fig. 8-5a is at a switching frequency f,, which establishes the
frequency with which the inverter switches are switched (f; is also called the carrier
frequency). The control signal v .., is used to modulate the switch duty ratio and has a
frequency f;, which is the desired fundamental frequency of the inverter voltage output
(f; is also called the modulating frequency), recognizing that the inverter output voltage
will not be a perfect sine wave and will contain voltage components at harmonic fre-
quencies of f;. The amplitude modulation ratio m, is defined as

A

Vcontrol
m, = ———
Vei (8-1)

where V... is the peak amplitude of the control signal. The amplitude V; of the
triangular signal is generally kept constant.
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Figure 8-5 Pulse-width modulation.

The frequency modulation ratio m, is defined as
fs

mf=};

(Gm; + 2)

&

In the inverter of Fig. 8-4b, the switches T, and T,.. are controlled based on thei
comparison of V..., and v, and the following output voltage results, independent of the

direction of i,

Veontrol = Vui»  Ta+ is on,

or

i — 1
Veonrol < Varis T,— is on, Voo = ™ EVd

8-3
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Since the two switches are never off simultaneously, the output voltage v,,
fluctuates between two values (%Vd and —%Vd). Voltage v,, and its fundamental fre-
quency component (dashed curve) are shown in Fig. 8-5b, which are drawn for m, = 15
and m, = 0.8.

The harmonic spectrum of v, under the conditions indicated in Figs. 8-5a and 8-5b
is shown in Fig. 8-5¢, where the normalized harmonic voltages (VA,,),,/%V,, having sig-
nificant amplitudes are plotted. This plot (for m, =< 1.0) shows three items of importance:

1. The peak amplitude of the fundamental-frequency component (V,,,), is m, times
%Vd. This can be explained by first considering a constant v, ,.; as shown in Fig. 8-6q.
This results in an output waveform v,,. From the discussion of Chapter 7 regarding the
PWM in a full-bridge dc—dc converter, it can be noted that the average output voltage (or
more specifically, the output voltage averaged over one switching time period T, = 1/f;)
V,, depends on the ratio of v o to V,; for a given V.

Y V. N
Vao = 2220 Voot < Vi (8-4)
Ve

Let us assume (though this assumption is not necessary) that v, varies very little
during a switching time period, that is, m, is large, as shown in Fig. 8-6b. Therefore,
assuming v, .., to be constant over a switching time period, Eq. 8-4 indicates how the
‘‘instantaneous average’’ value of v, (averaged over one switching time period T,) varies
from one switching time period to the next. This ‘‘instantaneous average’’ is the same as
the fundamental-frequency component of v,,,.

The foregoing argument shows why v ., is chosen to be sinusoidal to provide a
sinusoidal output voltage with fewer harmonics. Let the control voltage vary sinusoidally
at the frequency f; = o,/2w, which is the desired (or the fundamental) frequency of the
inverter output:

Veontrol = Veontrol SN @1
where
Vconlrol = Vtri (8'5)
A Vtri v
\ thi " control
S b\ —— | (X —= VAo
|7 a \ Vo = Veontral , ¥4
[ p
2 ( v d) tri

Utri

T

Figure 8-6 Sinusoidal PWM.
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Using Eqgs. 8-4 and 8-5 and the foregoing arguments, which show that the funda-
mental-frequency component (v,,), varies sinusoidally and in phase with v o as a
function of time, results in

A

1% 1%

(Vaoh = 2 sin gt =

Ves 2

. Va
= m, sin ¢ > form, < 1.0 (8-6)
Therefore,
. Va

(VAo)l =m, 7 m, =1.0 (8'7)

which shows that in a sinusoidal PWM, the amplitude of the fundamental-frequency
component of the output voltage varies linearly with m, (provided m, =< 1.0). Therefore,
the range of m, from O to 1 is referred to as the linear range.

2. The harmonics in the inverter output voltage waveform appear as sidebands,
centered around the switching frequency and its multiples, that is, around harmonics my,
2my, 3m,, and so on. This general pattern holds true for all values of m, in the range 0-1.

For a frequency modulation ratio my < 9 (which is always the case, except in very
high power ratings), the harmonic amplitudes are almost independent of my, though m,
defines the frequencies at which they occur. Theoretically, the frequencies at which
voltage harmonics occur can be indicated as

o = Ume = B)fy

that is, the harmonic order h corresponds to the kth sideband of j times the frequency
modulation ratio mg

h = jim) = k 8-9)

where the fundamental frequency corresponds to # = 1. For odd values of j, the har-
monics exist only for even values of k. For even values of j, the harmonics exist only for
odd values of k.

In Table 8-1, the normalized harmonics (V,,,),/ %Vd are tabulated as a function of the
amplitude modulation ratio m,, assuming m, = 9. Only those with significant amplitudes
up to j = 4 in Eq. 8-8 are shown. A detailed discussion is provided in reference 6.

It will be useful later on to recognize that in the inverter circuit of Fig. 8-4

VAN = Vao + 3Vu 39

Therefore, the harmonic voltage components in v,y and v,, are the same:

Vann = (Vao (8-10

Table 8-1 shows that Eq. 8-7 is followed almost exactly and the amplitude of the
fundamental component in the output voltage varies linearly with m,.

3. The harmonic m, should be an odd integer. Choosing m, as an odd integer results
in an odd symmetry [ f(—#) = —f)] as well as a half-wave symmetry [ f() = —f(t +
51T1)] with the time origin shown in Fig. 8-5b, which is plotted for m, = 15. Therefore,
only odd harmonics are present and the even harmonics disappear from the waveform of
v,4,- Moreover, only the coefficients of the sine series in the Fourier analysis are finites
those for the cosine series are zero. The harmonic spectrum is plotted in Fig. 8-5c.
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Table 8-1 Generalized Harmonics of v, for a Large my.

md
h 0.2 04 0.6 0.8 1.0
1 0.2 04 0.6 0.8 1.0
Fundamental
m, 1.242 1.15 1.006 0.818 0.601
me*2 0,016 0.061 0.131 0.220 0.318
m x4 0.018
2m, = 1 0.190 0.326 0.370 0.314  0.181
2m, =3 0.024 0.071 0.139 0.212
2m, x5 0.013 0.033
3m, 0.335 0.123 0.083 0.171 0.113
3m. £ 2 0.044 0.139 0.203 0.176 0.062
3m.+ 4 0.012 0.047 0.104 0.157
Imx 6 0.016 0.044
4m, = 1 0.163 0.157 0.008 0.105 0.068
4m, = 3 0.012 0.070 0.132 0.115 0.009
dm, = 5 0.034 0.084 0.119
4m, = 7 0.017 0.050

Note: (VA‘,),,/%V,, (= (Vun ,,/%V,,] is tabulated as a function of m,.

W Example 8-1 In the circuit of Fig. 8-4, V, =300V, m, = 0.8, m; = 39, and the
fundamental frequency is 47 Hz. Calculate the rms values of the fundamental-frequency
voltage and some of the dominant harmonics in v,, using Table 8-1.

Solution From Table 8-1, the rms voltage at any value of h is given as

Vo = Vi (Vaoky
AR T \/2 2 Va2
(OAo)h

= 106.07—‘/72— (8-11)

Therefore, from Table 8-1 the rms voltages are as follows:
Fundamental: (Vao); = 106.07 X 0.8 = 84.86 V at47 Hz

(Vao)sr = 106.07 X 0.22 = 2333V at 1739 Hz
(Vao)ss = 106.07 x 0.818 = 86.76 V at 1833 Hz
(Vao)ar = 106.07 X 0.22 = 23.33 V at 1927 Hz
(Vao)r7 = 106.07 x 0.314 = 33.31 V at 3619 Hz
(Vahs = 106.07 X 0.314 = 33.31 V at 3713 Hz
etc. [ ]

Now we discuss the selection of the switching frequency and the frequency modu-
lation ratio m,. Because of the relative ease in filtering harmonic voltages at high fre-
quencies, it is desirable to use as high a switching frequency as possible, except for one
significant drawback: Switching losses in the inverter switches increase proportionally
with the switching frequency f,. Therefore, in most applications, the switching frequency
is selected to be either less than 6 kHz or greater than 20 kHz to be above the audible
range. If the optimum switching frequency (based on the overall system performance)
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turns out to be somewhere in the 6—20-kHz range, then the disadvantages of increasing
it to 20 kHz are often outweighed by the advantage of no audible noise with f; of 20 kHz
or greater. Therefore, in 50- or 60-Hz type applications, such as ac motor drives (where
the fundamental frequency of the inverter output may be required to be as high as 200 Hz),
the frequency modulation ratio m, may be 9 or even less for switching frequencies of less
than 2 kHz. On the other hand, m, will be larger than 100 for switching frequencies higher
than 20 kHz. The desirable relationships between the triangular waveform signal and the
control voltage signal are dictated by how large m;is. In the discussion here, m, = 21 is
treated as the borderline between large and small, though its selection is somewhat
arbitrary. Here, it is assumed that the amplitude modulation ratio m, is less than 1.

8-2-1-1 Small m; (m, < 21)

1. Synchronous PWM. For small values of my, the triangular waveform signal and
the control signal should be synchronized to each other (synchronous PWM) as
shown in Fig. 8-5a. This synchronous PWM requires that m, be an integer. The
reason for using the synchronous PWM is that the asynchronous PWM (where m,
is not an integer) results in subharmonics (of the fundamental frequency) that are
very undesirable in most applications. This implies that the triangular waveform
frequency varies with the desired inverter frequency (e.g., if the inverter output
frequency and hence the frequency of v, is 65.42 Hz and m, = 15, the
triangular wave frequency should be exactly 15 X 65.42 = 981.3 Hz).

2. mgshould be an odd integer. As discussed previously, m,should be an odd integer
except in single-phase inverters with PWM unipolar voltage switching, to be
discussed in Section 8-3-2-2.

8-2-1-2 Large m,(m, > 21)

The amplitudes of subharmonics due to asynchronous PWM are small at large values of
my. Therefore, at large values of my, the asynchronous PWM can be used where the
frequency of the triangular waveform is kept constant, whereas the frequency of v
varies, resulting in noninteger values of m;, (so long as they are large). However, if the
inverter is supplying a load such as an ac motor, the subharmonics at zero or close to zero
frequency, even though small in amplitude, will result in large currents that will be highly
undesirable. Therefore, the asynchronous PWM should be avoided.

8-2-1-3 Overmodulation (m, > 1.0)

In the previous discussion, it was assumed that m, < 1.0, corresponding to a sinusoidal
PWM in the linear range. Therefore, the amplitude of the fundamental-frequency voltage
varies linearly with m,, as derived in Eq. 8-7. In this range of m, = 1.0, PWM pushes
the harmonics into a high-frequency range around the switching frequency and its muk
tiples. In spite of this desirable feature of a sinusoidal PWM in the linear range, one off
the drawbacks is that the maximum available amplitude of the fundamental-frequency
component is not as high as we wish. This is a natural consequence of the notches in the
output voltage waveform of Fig. 8-5b.

To increase further the amplitude of the fundamental-frequency component in the
output voltage, m, is increased beyond 1.0, resulting in what is called overmodulation.
Overmodulation causes the output voltage to contain many more harmonics in the side-
bands as compared with the linear range (with m, =< 1.0), as shown in Fig. 8-7. The
harmonics with dominant amplitudes in the linear range may not be dominant during
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Figure 8-7 Harmonics due to overmodulation; drawn for m, = 2.5 and m, = 15.
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overmodulation. More significantly, with overmodulation, the amplitude of the funda-
mental-frequency component does not vary linearly with the amplitude modulation ratio
m,. Figure 8- 8 shows the normalized peak amplitude of the fundamental-frequency com-
ponent (V,,),/> sVaasa functlon of the amplitude modulation ratio m,. Even at reasonably
large values of my, Va5 5Va depends on my in the overmodulation region. This is
contrary to the linear range (m = 1.0) where (VAO)I/ V, varies linearly with m,, almost
independent of m, (provided m; > 9).

With overmodulation regardless of the value of my, it is recommended that a syn-
chronous PWM operation be used, thus meeting the requirements indicated previousty for
a small value of m,.

(OAD)]

1.0

- — —

modulation

Linear

over-

T—Square-wave

|

1.0

3.24
(for my = 15)

Figure 8-8 Voltage control by varying m,,.
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As will be described in Chapter 11, the overmodulation region is avoided in unin-
terruptible power supplies because of a stringent requirement on minimizing the distortion
in the output voltage. In induction motor drives described in Chapter 14, overmodulation
is normally used.

For sufficiently large values of m,, the inverter voltage waveform degenerates from
a pulse-width-modulated waveform into a square wave, which is discussed in detail in the
next section. From Fig. 8-8 and the discussion of square-wave switching to be presented
in the next section, it can be concluded that in the overmodulation region with m, > 1

Va 4V,

7 < Vaoh < = "y (8-12)

8-2-2 SQUARE-WAVE SWITCHING SCHEME

In the square-wave switching scheme, each switch of the inverter leg of Fig. 8-4 is on for
one half-cycle (180°) of the desired output frequency. This results in an output voltage
waveform as shown in Fig. 8-9a¢. From Fourier analysis, the peak values of the funda-
mental-frequency and harmonic components in the inverter output waveform can be
obtained for a given input V, as

A 4
Vaoh = 2 1.273(3) (8-13)

and

Vaohs = O (8-14)

where the harmonic order h takes on only odd values, as shown in Fig. 8-9b. It should be
noted that the square-wave switching is also a special case of the sinusoidal PWM
switching when m, becomes so large that the control voltage waveform intersects with the
triangular waveform in Fig. 8-5a only at the zero crossing of v_,..o,- Therefore, the output
voltage is independent of m, in the square-wave region, as shown in Fig. 8-8.

One of the advantages of the square-wave operation is that each inverter switch
changes its state only twice per cycle, which is important at very high power levels where
the solid-state switches generally have slower turn-on and turn-off speeds. One of the
serious disadvantages, of square-wave switching is that the inverter is not capable of
regulating the output voltage magnitude. Therefore, the dc input voltage V; to the inverter
must be adjusted in order to control the magnitude of the inverter output voltage.
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Figure 8-9 Square-wave switching.
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SINGLE-PHASE INVERTERS

8-3-1 HALF-BRIDGE INVERTERS (SINGLE PHASE)

Figure 8-10 shows the half-bridge inverter. Here, two equal capacitors are connected in
series across the dc input and their junction is at a midpotential, with a voliage %Vd across
each capacitor. Sufficiently large capacitances should be used such that it is reasonable to
assume that the potential at point o remains essentially constant with respect to the
negative dc bus N. Therefore, this circuit configuration is identical to the basic one-leg
inverter discussed in detail earlier, and v, = v,,.

Assuming PWM switching, we find that the output voltage waveform will be exactly
as in Fig. 8-5b. It should be noted that regardless of the switch states, the current between
the two capacitors C . and C_ (which have equal and very large values) divides equally.
When T, is on, either T, or D, conducts depending on the direction of the output current,
and i, splits equally between the two capacitors. Similarly, when the switch T_ is in its
on state, either T_ or D_ conducts depending on the direction of i,, and i, splits equally
between the two capacitors. Therefore, the capacitors C, and C_ are ‘‘effectively’’
connected in parallel in the path of i,. This also explains why the junction o in Fig. 8-10
stays at midpotential.

Since i, must flow through the parallel combination of C, and C_, i, in steady state
cannot have a dc component. Therefore, these capacitors act as dc blocking capacitors,
thus eliminating the problem of transformer saturation from the primary side, if a trans-
former is used at the output to provide electrical isolation. Since the current in the primary
winding of such a transformer would not be forced to zero with each switching, the
transformer leakage inductance energy does not present a problem to the switches.

In a half-bridge inverter, the peak voltage and current ratings of the switches are as
follows:

V=V, (8-15)
and
[T = io,peak (8-16)

8-3-2 FULL-BRIDGE INVERTERS (SINGLE PHASE)

A full-bridge inverter is shown in Fig. 8-11. This inverter consists of two one-leg inverters
of the type discussed in Section 8-2 and is preferred over other arrangements in higher
power ratings. With the same dc input voltage, the maximum output voltage of the

Figure 8-10 Half-bridge inverter.
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Figure 8-11 Single-phase full-bridge inverter.

full-bridge inverter is twice that of the half-bridge inverter. This implies that for the same
power, the output current and the switch currents are one-half of those for a half-bridge
inverter. At high power levels, this is a distinct advantage, since it requires less paralleling
of devices.

8-3-2-.1 PWM with Bipolar Voltage Switching

This PWM scheme was first discussed in connection with the full-bridge dc—dc convert-
ers in Chapter 7. Here, the diagonally opposite switches (T, .., Tg_) and (T, _, T ) from
the two legs in Fig. 8-11 are switched as switch pairs 1 and 2, respectively. With this type
of PWM switching, the output voltage waveform of leg A is identical to the output of
the basic one-leg inverter in Section 8-2, which is determined in the same manner by
comparison of Vqnuo and vy in Fig. 8-12a. The output of inverter leg B is negative of

Ucontrol

ad

|
|
: (a)
|
|

(6)
Figure 8-12 PWM with bipolar voltage switching.
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the leg A output; for example, when T, is on and v, is equal to +%Vd, Ty.. is also
on and vy, = —%Vd. Therefore

VBo{t) = —va(0) (8-17)
and
vo(t) = VAo(t) - VBD(t) = 2‘).40(‘) (8"18)

The v, waveform is shown in Fig. 8-12b. The analysis carried out in Section 8-2 for the
basic one-leg inverter completely applies to this type of PWM switching. Therefore, the
peak of the fundamental-frequency component in the output voltage (V,,) can be obtained
from Egs. 8-7, 8-12, and 8-18 as

Vo=mV, (m,=10) (8-19)

and
- 4
Vi< Va < ;Vd {m, > 1.0) (8-20)

In Fig. 8-12b, we observe that the output voltage v, switches between —V, and + V,,
voltage levels, That is the reason why this type of switching is called a PWM with bipolar
voltage switching. The amplitudes of harmonics in the output voltage can be obtained by
using Table 8-1, as illustrated by the following example.

M Example 8-2 In the full-bridge converter circuit of Fig. 8-11, V, = 300 V,
m, = 0.8, m = 39, and the fundamental frequency is 47 Hz. Calculate the rms values of
the fundamental-frequency voltage and some of the dominant harmonics in the output
voltage v, if a PWM bipolar voltage-switching scheme is used.

Solution From Eq. 8-18, the harmonics in v, can be obtained by multiplying the
harmonics in Table 8-1 and Example 8-1 by a factor of 2. Therefore from Eq. 8-11, the
rms voltage at any harmonic A is given as

N Va Waohh _ Va (aohs
T\ 2 V2 N2 V2
— (‘}Ao)h
= 212.13 Vg2 (8-21)
Therefore, the rms voltages are as follows:
Fundamental: Vo = 212,13 X 0.8 = 169.7V at47 Hz

(Vozr = 212,13 X 0.22 = 4667V at 1739 Hz
(Vo)ae = 212,13 X 0.818 = 173.52V at 1833 Hz
(Vodar = 21213 X 0.22 = 46.67V at 1927 Hz
(Vo) = 212,13 X 0.314 = 66.60 V at 3619 Hz

(Vo)oe = 212,13 X 0.314 = 66,60 V at 3713 Hz
etc. n

de-Side Current iy 1t is informative to look at the dc-side current J, in the PWM
biopolar voltage-switching scheme,

For simplicity, fictitious L-C high-frequency filters will be used at the dc side as well
as at the ac side, as shown in Fig. 8-13. The switching frequency is assumed to be very
high, approaching infinity. Therefore, to filter out the high-switching-frequency compo-
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Figure 8-13 Inverter with “fictitious” filters.

nents in v, and i, the filter components L and C required in both ac- and dc-side filters
approach zero. This implies that the energy stored in the filters is negligible. Since the
converter itself has no energy storage elements, the instantaneous power input must equal
the instantaneous power output.

Having made these assumptions, v, in Fig. 8-13 is a pure sine wave at the funda-
mental output frequency w,,

Vor = Vo = V2V,sin oyt (8-22)

If the load is as shown in Fig. 8-13, where ¢, is a sine wave at frequency w,, then
the output current would also be sinusoidal and would lag v, for an inductive load such
as an ac motor:

i, = V2I,sin(wit — d) (8-23)

where ¢ is the angle by which i, lags v,.

On the dc side, the L-C filter will filter the high-switching-frequency components in
iz, and iy would only consist of the low-frequency and dc components.

Assuming that no energy is stored in the filters,

Vi) = voi () = V2V, sin 0,0V 21, sin(@t — ¢) (8-24)
Therefore
ixn = V“;:"cos b — V;—:ocos(Zwlt —d) =1+ ig (8-25)
= I; — V2500520, — d) (8-26)
where
Iy = V;:ocos ¢ (8-27)
and
1 Vo,

11z V2 Vi (8-28)

Equation 8-26 for i;; shows that it consists of a dc component I,,, which is responsible
for the power transfer from V, on the dc side of the inverter to the ac side. Also, i
contains a sinusoidal component at twice the fundamental frequency. The inverter input
current i, consists of i; and the high-frequency components due to inverter switchings, as
shown in Fig. 8-14.
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Figure 8-14 The dc-side current in a single-phase inverter with PWM
bipolar voltage switching.
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In practical systems, the previous assumption of a constant dc voltage as the input to
the inverter is not entirely valid. Normally, this dc voltage is obtained by rectifying the
ac utility line voltage. A large capacitor is used across the rectifier output terminals to
filter the dc voltage. The ripple in the capacitor voltage, which is also the dc input voltage
to the inverter, is due to two reasons: (1) The rectification of the line voltage to produce
dc does not result in a pure dc as discussed in Chapters 5 and 6, dealing with the
line-frequency rectifiers. (2) As shown earlier by Eq. 8-26, the current drawn by a
single-phase inverter from the dc side is not a constant dc but has a second harmonic
component (of the fundamental frequency at the inverter output) in addition to the high-
switching-frequency components. The second harmonic current component results in a
ripple in the capacitor voltage, although the voltage ripple due to the high switching
frequencies is essentially negligible.

8-3-2-2 PWM with Unipolar Voltage Switching

In PWM with unipolar voltage switching, the switches in the two legs of the full-bridge
inverter of Fig. 8-11 are not switched simultaneously, as in the previous PWM scheme.
Here, the legs A and B of the full-bridge inverter are controlled separately by comparing
Vi With Veoneor aNd —Veonimor, T€Spectively. As shown in Fig. 8-15a, the comparison of
Veontrol With the triangular waveform results in the following logic signals to control the
switches in leg A:

Veontrol > Viri- TA+ on and VAN = Vd (8-29)
vconml < Vu-i: TA— on and VAN = 0
The output voltage of inverter leg A with respect to the negative dc bus N is shown in Fig.
8-15b. For controlling the leg B switches, —v .01 is compared with the same triangular
waveform, which yields the following:
(—Veonrol) > Viic Tpron and vpy =V, (8-30)
(—Vcomrol) < Vit TB— on and VgN = 0
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Figure 8-15 PWM with unipolar voltage switching {single phase).

Because of the feedback diodes in antiparallel with the switches, the forego-
ing voltages given by Eqs. 8-29 and 8-30 are independent of the direction of the output

current i,.
The waveforms of Fig. 8-15 show that there are four combinations of switch on-states

and the corresponding voltage levels:
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1. Tay, Tg_on:vyy=V,, vgy=0; v, =V,
2. Tg— s Tgrom:vey =0, vgy=Vy v, = -V, 8-31
3. Ty, Tgoom:vyy = Vg, vgy=Vs v, =0 (8-31)

4. Ty, Tg_on:vyy =0, vgu=0; v, =0

We notice that when both the upper switches are on, the output voltage is zero. The
output current circulates in a loop through 7,4, and Dy, or D, and Ty, depending on
the direction of i,. During this interval, the input current i, is zero. A similar condition
occurs when both bottom switches T,_ and Tp_ are on.

In this type of PWM scheme, when a switching occurs, the output voltage changes
between zero and +V, or between zero and —V/,; voltage levels. For this reason, this type
of PWM scheme is called PWM with a unipolar voltage switching, as opposed to the
PWM with bipolar (between +V, and —V,) voltage-switching scheme described earlier.
This scheme has the advantage of ‘‘effectively’” doubling the switching frequency as far
as the output harmonics are concerned, compared to the bipolar voltage-switching
scheme. Also, the voltage jumps in the output voltage at each switching are reduced to V,,,
as compared to 2V, in the previous scheme.

The advantage of ‘‘effectively’’ doubling the switching frequency appears in the
harmonic spectrum of the output voltage waveform, where the lowest harmonics (in the
idealized circuit) appear as sidebands of twice the switching frequency. It is easy to
understand this if we choose the frequency modulation ratio myto be even (m, should be
odd for PWM with bipolar voltage switching) in a single-phase inverter. The voltage
waveforms v, and vy are displaced by 180° of the fundamental frequency £, with respect
to each other. Therefore, the harmonic components at the switching frequency in v,, and
vgy have the same phase (b,n — dpy = 180° - m, = 0°, since the waveforms are 180°
displaced and m; is assumed to be even). This results in the cancellation of the harmonic
component at the switching frequency in the output voltage v, = v,y — vgy. In addition,
the sidebands of the switching-frequency harmonics disappear. In a similar manner, the
other dominant harmonic at twice the switching frequency cancels out, while its sidebands
do not. Here also

Vo=mVy (m,=10) (8-32)
and
. 4
Va<Va<—Va (m>10) (8-33)

B Example 8-3 In Example 8-2, suppose that a PWM with unipolar voltage-
switching scheme is used, with m, = 38. Calculate the rms values of the fundamental-
frequency voltage and some of the dominant harmonics in the output voltage.

Solution Based on the discussion of unipolar voltage switching, the harmonic order
h can be written as

h = j@2my) * k (8-34)

where the harmonics exist as sidebands around 2m, and the multiples of 2m,. Since A is
odd, k in Eq. 8-34 attains only odd values. From Example 8-2

_ Vo
(Vo = 212132 (8-35)
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Using Eq. 8-35 and Table 8-1, we find that the rms voltages are as follows:

At fundamental or 47 Hz: V,, = 0.8 X 212.13 = 169.7V
Ath =2m,— 1=1750r3525 Hz. (V,);s = 0.314 X 212.13 = 66.60 V
Ath=2m;+1=7T70r3619 Hz: (V,), = 0.314 X 212.13 = 66.60 V
etc.

Comparison of the unipolar voltage switching with the bipolar voltage switching of
Example 8-2 shows that, in both cases, the fundamental-frequency voltages are the same
for equal m,. However, with unipolar voltage switching, the dominant harmonic voltages
centered around m; disappear, thus resulting in a significantly lower harmonic content. ®

dc-Side Current i;. Under conditions similar to those in the circuit of Fig. 8-13 for the
PWM with bipolar voltage switching, Fig. 8-16 shows the dc-side current i, for the PWM
unipolar voltage-switching scheme, where m, = 14 (instead of m, = 15 for the bipolar
voltage switching).

By comparing Figs. 8-14 and 8-16, it is clear that using PWM with unipolar voltage
switching results in a smaller ripple in the current on the dc side of the inverter.

8-3-2-3 Square-Wave Operation

The full-bridge inverter can also be operated in a square-wave mode. Both types of PWM
discussed earlier degenerate into the same square-wave mode of operation, where the
switches (T, Tz.) and (T, T,_) are operated as two pairs with a duty ratio of 0.5.

As is the case in the square-wave mode of operation, the output voltage magnitude
given below is regulated by controlling the input dc voltage:

A 4
Vor = —Vu (8-36)

8-3-2-4 Output Control by Voltage Cancellation

This type of control is feasible only in a single-phase, full-bridge inverter circuit. It is
based on the combination of square-wave switching and PWM with a unipolar voltage
switching. In the circuit of Fig. 8-17a, the switches in the two inverter legs are controlled
separately (similar to PWM unipolar voltage switching). But all switches have a duty raio
of 0.5, similar to a square-wave control. This results in waveforms for v, and vgy shown
in Fig. 8-17b, where the waveform overlap angle a can be controlled. During this overlap
interval, the output voltage is zero as a consequence of either both top switches or both

~ ’,f
\\-"\(~i,,) S

Figure 8-16 The de-side current in a single-phase inverter with
PWM unipolar voltage switching.
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Figure 8-17 Full-bridge, single-phase inverter control by voltage cancellation: (a) power
arcuit; (b) waveforms; (¢) normalized fundamental and harmonic voltage output and total
bharmonic distortion as a function of o. .

bottom switches being on. With a = 0, the output waveform is similar to a square-wave
inverter with the maximum possible fundamental output magnitude.

It is easier to derive the fundamental and the harmonic frequency components of the
output voltage in terms of § = 90° — i’,a, as is shown in Fig. 8-175:

N 2 [w2
Volu = - vocos(hB) db

~/2

2 Vv, h8) d
== " 4cos(h0) d8
A 4
SV = EVdsin(hB) (8-37)

where g = 90° - %a and £ is an odd integer.

Figure 8-17¢ shows the variation in the fundamental-frequency component as well as
the harmonic voltages as a function of a. These are normalized with respect to the
fundamental-frequency component for the square-wave (@ = 0) operation. The total
harmonic distortion, which is the ratio of the rms value of the harmonic distortion to the
rms value of the fundamental-frequency component, is also plotied as a function of a.
Because of a large distortion, the curves are shown as dashed for large values of a.

VAN
}
3
Q ‘]v' g =
—ap— 80—
71 {
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8-3-2-5 Switch Utilization in Full-Bridge Inverters

Similar to a half-bridge inverter, if a transformer is utilized at the output of a full-bridge
inverter, the transformer leakage inductance does not present a problem to the switches.

Independent of the type of control and the switching scheme used, the peak switch
voltage and current ratings required in a full-bridge inverter are as follows:

VT = Vd (8-38)
and

IT = io,pea.k (8-39)

8-3-2-6 Ripple in the Single-Phase Inverter OQutput

The ripple in a repetitive waveform refers to the difference between the instantaneous
values of the waveform and its fundamental-frequency component.

Figure 8-18a shows a single-phase switch-mode inverter. It is assumed to be sup-
plying an induction motor load, which is shown by means of a simplified equivalent
circuit with a counter electromotive force (emf) e,. Since e (f) is sinusoidal, only the
sinusoidal (fundamental-frequency) components of the inverter output voltage and current
are responsible for the real power transfer to the load.

We can separate the fundamental-frequency and the ripple components in v, and i, by
applying the principle of superposition to the linear circuit of Fig. 8-18a. Letv, = v,; +
Veipple and i, = i,; + iy, Figures 8-18b, ¢ show the circuits at the fundamental
frequency and at the ripple frequency, respectively, where the ripple frequency compo-
nent consists of sub-components at various harmonic frequencies.

Therefore, in a phasor form (with the fundamental-frequency components designated
by subscript 1) as shown in Fig. 8-184,

Vor = E, + V1 = E, + jo, L1, (8-40)

. = . Induction-motor load
Single-phase UL = VL1 * Uripple

inverter . F—— ————E

| bipple  Uripple
| > + _ople
{ l r 7YY\
+ | | + L
|
Va e, = JEE‘, sin @t Uripple
i | i -
‘ |
|
-
(a) (c)

- val

7——»
+ L +
HanL) oy =V
e, = Jon sin ¢ >
\ E,

oy

(b) (d)

Figure 8-18 Single-phase inverter: (a) circuit; (b) fundamental-frequency components;
(c) ripple frequency components; (d) fundamental-frequency phasor diagram.
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Since the superposition principle is valid here, all the ripple in v, appears across L,
where

Vripple(t) = Vo ~ Voir (8-41)

The output current ripple can be calculated as
1 t
iripple(t) = Z f Vripple(C) dC +k (8-42)
0
where k is a constant and { is a variable of integration.

With a properly selected time origin t = 0, the constant k in Eq. 8-42 will be zero.
Therefore, Eqs. 8-41 and 8-42 show that the current ripple is independent of the power
being transferred to the load.

As an example, Fig. 8-19a shows the ripple current for a square-wave inverter output.
Figure 8-19b shows the ripple current in a PWM bipolar voltage switching. In drawing
Figs. 8-19a and 8-19b, the fundamental-frequency components in the inverter output
voltages are kept equal in magnitude (this requires a higher value of V, in the PWM
inverter). The PWM inverter results in a substantially smaller peak ripple current com-
pared to the square-wave inverter. This shows the advantage of pushing the harmonics in
the inverter output voltage to as high frequencies as feasible, thereby reducing the losses
in the load by reducing the output current harmonics. This is achieved by using higher
inverter switching frequencies, which would result in more frequent switchngs and hence
higher switching losses in the inverter. Therefore, from the viewpoint of the overall
system energy efficiency, a compromise must be made in selecting the inverter switching

frequency.

8-3-3 PUSH-PULL INVERTERS

Figure 8-20 shows a push—pull inverter circuit. It requires a transformer with a center-
tapped primary. We will initially assume that the output current i, flows continuously.
With this assumption, when the switch T is on (and T;, is off), T; would conduct for a
positive value of i,, and D, would conduct for a negative value of i,. Therefore, regardless
of the direction of i,, v, = V /n, where n is the transformer turns ratio between the
primary half and the secondary windings, as shown in Fig. 8-20. Similarly, when 7, is on
(and T, is off), v, = — V,/n. A push-pull inverter can be operated in a PWM or a
square-wave mode and the waveforms are identical to those in Figs. 8-5 and 8-12 for
half-bridge and full-bridge inverters. The output voltage in Fig. 8-20 equals

A V.
Vor = me=2 (ma = 1.0) (8-43)
and
Ya _y 4V (m, > 1.0 8-44
n ol Tn m, . ) ( )

In a push-pull inverter, the peak switch voltage and current ratings are
VT = 2Vd 17' = i,,’pcak/n (8'45)

The main advantage of the push—pull circuit is that no more than one switch in series
conducts at any instant of time. This can be important if the dc input to the converter is
from a low-voltage source, such as a battery, where the voltage drops across more than
one switch in series would result in a significant reduction in energy efficiency. Also, the
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IT / I T2 2 Figure 8-20 Push—pull inverter
P l 1 (single phase).

control drives for the two switches have a common ground. It is, however, difficult to
avoid the dc saturation of the transformer in a push—pull inverter.

The output current, which is the secondary current of the transformer, is a slowly
varying current at the fundamental output frequency. It can be assumed to be a constant
during a switching interval. When a switching occurs, the current shifts from one half to
the other half of the primary winding. This requires very good magnetic coupling between
these two half-windings in order to reduce the energy associated with the leakage induc-
tance of the two primary windings. This energy will be dissipated in the switches or in
snubber circuits used to protect the switches. This is a general phenomenon associated
with all converters (or inverters) with isolation where the current in one of the windings
is forced to go to zero with every switching. This phenomenon is very important in the
design of such converters.

In a pulse-width-modulated push—pull inverter for producing sinusoidal output (un-
like those used in switch-mode dc power supplies), the transformer must be designed for
the fundamental output frequency. The number of turns will therefore be high compared
to a transformer designed to operate at the switching frequency in a switch-mode dc power
supply. This will result in a high transformer leakage inductance, which is proportional to
the square of the number of tumns, provided all other dimensions are kept constant. This
makes it difficult to operate a sine-wave-modulated PWM push—pull inverter at switching
frequencies higher than approximately 1 kHz.

8-3-4 SWITCH UTILIZATION IN SINGLE-PHASE INVERTERS

Since the intent in this section is to compare the utilization of switches in various single-
phase inverters, the circuit conditions are idealized. We will assume that V, ..., is the
highest value of the input voltage, which establishes the switch voltage ratings. In the
PWM mode, the input remains constant at V, ... In the square-wave mode, the input
voltage is decreased below V,, ..., to decrease the output voltage from its maximum value.
Regardless of the PWM or the square-wave mode of operation, we assume that there is
enough inductance associated with the output load to yield a purely sinusoidal current (an
idealized condition indeed for a square-wave output) with an rms value of /,, ,, at the
maximum load.

If the output current is assumed to be purely sinusoidal, the inverter rms volt-ampere
output at the fundamental frequency equals V,,\/, .., at the maximum rated output, where
the subscript 1 designates the fundamental-frequency component of the inverter output.
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With V- and I, as the peak voltage and current ratings of a switch, the combined utili-
zation of all the switches in an inverter can be defined as

Vollo,max

Switch utilization ratio =
qVrlr

(8-46)
where ¢ is the number of switches in an inverter.

To compare the utilization of switches in various single-phase inverters, we will
initially compare them for a square-wave mode of operation at the maximum rated output.
(The maximum switch utilization occurs at V, = V, ...)

Push—Pull Inverter

1, 4 Vimax
Vi=Wamax Ir=V2 ;“‘”‘ Vol max = —= — g=2 (8-47)

'n'\/in

(n = tumns ratio, Fig. 8-20)

1
= (.16 (8-48)

-.Maximum switch utilization ratio = -

Half-Bridge Inverter

B

Vd,max

Vr=Vimax Ir=V26ma  Volma = g=2 (849)

™2 2

1

..Maximum switch utilization ratio = 7 = (.16 (8-50)
Full-Bridge Inverter
4
Vr=V, Ir = V2 max = V. =4 8-51

T d,max 2 ,max 11’\/5 d,max q ( )

1
..Maximum switch utilization ratio = 2 = (.16 (8-52)

This shows that in each inverter, the switch utilization is the same with
1
Maximum switch utilization ratio = G = 0.16 (8-53)

In practice, the switch utilization ratio would be much smaller than 0.16 for the
following reasons: (1) switch ratings are chosen conservatively to provide safety margins;
(2) in determining the switch current rating in a PWM inverter, one would have to take
into account the variations in the input dc voltage available; and (3) the ripple in the output
current would influence the switch current rating. Moreover, the inverter may be required
to supply a short-term overload. Thus, the switch utilization ratio, in practice, would be
substantially less than the 0.16 calculated.

At the lower output volt-amperes compared to the maximum rated output, the switch
utilization decreases linearly. It should be noted that using a PWM switching with m, <
1.0, this ratio would be smaller by a factor of (/4)m, as compared to the square-wave
switching:

1

. NS S S | )
Maximum switch utilization ratio = 7w 4 m, 8m" (8-54)
(PWM, m, = 1.0)

Therefore, the theoretical maximum switch utilization ratio in a PWM switching is only
0.125 at m, = 1, as compared with 0.16 in a square-wave inverter.
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@ Example 84 In a single-phase full-bridge PWM inverter, V, varies in a range of
295-325 V. The output voltage is required to be constant at 200 V (rms), and the
maximum load current (assumed to be sinusoidal) is 10 A (rms). Calculate the combined
switch utilization ratio (under these idealized conditions, not accounting for any overcur-
rent capabilities).

Solution In this inverter
Vr= Vimax =325V

Ir= '\/510= '\/EX 10 = 14.14
g = no. of switches = 4

The maximum output volt-ampere (fundamental frequency) is
Vorlp.max = 200 X 10 = 2000 VA (8-55)
Therefore, from Eq. 8-46

Voilomax _ 2000 N
qVrlr — 4 X325 X 14.14

Switch utilization ratio = 0.11

THREE-PHASE INVERTERS

In applications such as uninterruptible ac power supplies and ac motor drives, three-phase
inverters are commonly used to supply three-phase loads. It is possible to supply a
three-phase load by means of three separate single-phase inverters, where each inverter
produces an output displaced by 120° (of the fundamental frequency) with respect to each
other. Though this arrangement may be preferable under certain conditions, it requires
either a three-phase output transformer or separate access to each of the three phases of
the load. In practice, such access is generally not available. Moreover, it requires 12
switches.

The most frequently used three-phase inverter circuit consists of three legs, one for
each phase, as shown in Fig. 8-21. Each inverter leg is similar to the one used for
describing the basic one-leg inverter in Section 8-2. Therefore, the output of each leg, for
example v,, (with respect to the negative dc bus), depends only on V, and the switch

—_—

v, T T, T,

_24 A+ Dy, B+ Dy, C+ Dc,
Vd (4]

+

3'24 Ta- Dy TE- Dy Teo De.

| | 14
N
oA 18 oC

Figure 8-21 Three-phase inverter.

—




CHAPTER 8 SWITCH-MODE dc—ac INVERTERS: de < SINUSOIDAL ac

status; the output voltage is independent of the output load current since one of the two
switches in a leg is always on at any instant. Here, we again ignore the blanking time
required in practical circuits by assuming the switches to be ideal. Therefore, the inverter
output voltage is independent of the direction of the load current.

8-4-1 PWM IN THREE-PHASE VOLTAGE SOURCE INVERTERS

Similar to the single-phase inverters, the objective in pulse-width-modulated three-phase
inverters is to shape and control the three-phase output voltages in magnitude and fre-
quency with an essentially constant input voltage V,. To obtain balanced three-phase
output voltages in a three-phase PWM inverter, the same triangular voltage waveform is
compared with three sinusoidal control voltages that are 120° out of phase, as shown in
Fig. 8-22a (which is drawn for m, = 15).

It should also be noted from Fig. 8-22b that an identical amount of average dc
component is present in the output voltages v,y and vg,, which are measured with respect
to the negative dc bus. These dc components are canceled out in the line-to-line voltages,
for example in v,; shown in Fig. 8-22b. This is similar to what happens in a single-phase
full-bridge inverter utilizing a PWM switching.

In the three-phase inverters, only the harmonics in the line-to-line voltages are of
concern. The harmonics in the output of any one of the legs, for example v,, in Fig.
8-22b, are identical to the harmonics in v4, in Fig. 8-5, where only the odd harmonics
exist as sidebands, centered around m, and its multiples, provided m, is odd. Only
considering the harmonic at m, (the same applies to its odd multiples), the phase difference
between the m, harmonic in v,y and vgy is (120 m,)°. This phase difference will be
equivalent to zero (a multiple of 360°) if m,is odd and a multiple of 3. As a consequence,
the harmonic at m, is suppressed in the line-to-line voltage v,5. The same argument
applies in the suppression of harmonics at the odd multiples of m; if m, is chosen to be an
odd multiple of 3 (where the reason for choosing m, to be an odd multiple of 3 is to keep
mgodd and, hence, eliminate even harmonics). Thus, some of the dominant harmonics in
the one-leg inverter can be eliminated from the line-to-line voltage of a three-phase
inverter.

PWM considerations are summarized as follows:

1. For low values of my, to eliminate the even harmonics, a synchronized PWM
should be used and m, should be an odd integer. Moreover, m, should be a
multiple of 3 to cancel out the most dominant harmonics in the line-to-line
voltage.

2. For large values of m;, the comments in Section 8-2-1-2 for a single-phase PWM
apply.

3. During overmodulation (m, > 1.0), regardless of the value of m,, the conditions
pertinent to a small m, should be observed.

8-4-1-1 Linear Modulation (m, < 1.0)

In the linear region (m, =< 1.0), the fundamental-frequency component in the output
voltage varies linearly with the amplitude modulation ratio m,. From Figs. 8-5b and
8-22b, the peak value of the fundamental-frequency component in one of the inverter
legs is

- Vy
(Vanh = m, 2 (8-56)



8-4 THREE-PHASE INVERTERS 227

AN W h:"!‘!‘ 'é.i'i' 4
N "“"’l‘l"'!

Va
1.0
0.8
0,6 m OB m, 15
0.4
0.2 T }‘
old 1. ¢ — l PR 2 T -k
1 my f my
(my +2) (@my + 1) Bmy+ 2)
1

fe}
Figure 8-22 Three-phase PWM waveforms and harmonic spectrum.
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Therefore, the line-to-line rms voltage at the fundamental frequency, due to 120°
phase displacement between phase voltages, can be written as

VLL, _ \/3 "}
(line—line, rms) ~ 75( anh
V3
= —=m,V,
22

= 0.612m,V, (m,=1.0) (8-57)

The harmonic components of the line-to-line output voltages can be calculated in a similar
manner from Table 8-1, recognizing that some of the harmonics are canceled out in the
line-to-line voltages. These rms harmonic voltages are listed in Table 8-2.

8-4-1-2 Overmodulation (m, > 1.0)

In PWM overmodulation, the peak of the control voltages are allowed to exceed the
peak of the triangular waveform. Unlike the linear region, in this mode of operation
the fundamental-frequency voltage magnitude does not increase proportionally with
m,. This is shown in Fig. 8-23, where the rms value of the fundamental-frequency
line-to-line voltage V,,, is plotted as a function of m,. Similar to a single-phase PWM,
for sufficiently large values of m,, the PWM degenerates into a square-wave inverter
waveform. This results in the maximum value of V,, equal to 0.78V, as explained in
the next section.

In the overmodulation region compared to the region with m, < 1.0, more sideband
harmonics appear centered around the frequencies of harmonics m, and its multiples.
However, the dominant harmonics may not have as large an amplitude as with m, < 1.0.
Therefore, the power loss in the load due to the harmonic frequencies may not be as high
in the overmodulation region as the presence of additional sideband harmonics would
suggest. Depending on the nature of the load and on the switching frequency, the losses
due to these harmonics in overmodulation may be even less than those in the linear region
of the PWM.

Table 8-2 Generalized Harmonics of v, for a Large and Odd
my That Is a Multiple of 3.

ma

h 0.2 0.4 0.6 0.8 1.0
1 0.122 0245 0367 049  0.612
m+ 2 0.010  0.037 0.080 0.135  0.195
m = 4 0.005  0.011
2m, * 1 0.116 0200 0227 0192 0.111
2m £ 5 0.008  0.020
3m, £ 2 0.027 0085 0124 0.108 0.038
3m, + 4 0.007 0.029 0064 0.09%
dmp = 1 0.100 0.096 0005 0064 0.042
4m x5 0.021 0051 0.073
4m, = 7 0.010  0.030

Note: (V) /V, are tabulated as a function of m, where (V,,), are the rms
values of the harmonic voltages.
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8-4-2 SQUARE-WAVE OPERATION IN THREE-PHASE INVERTERS

If the input dc voltage V, is controllable, the inverter in Fig. 8-24a can be operated in a
square-wave mode. Also, for sufficiently large values of m,, PWM degenerates into
square-wave operation and the voltage waveforms are shown in Fig. 8-24b. Here, each
switch is on for 180° (i.e., its duty ratio is 50%). Therefore, at any instant of time, three
switches are on.

In the square-wave mode of operation, the inverter itself cannot control the magnitude
of the output ac voltages. Therefore, the dc input voltage must be controlled in order to
control the output in magnitude. Here, the fundamental-frequency line-to-line rms voltage
component in the output can be obtained from Eq. 8-13 for the basic one-leg inverter
operating in a square-wave mode:

Vu, V34 Ve
(tms) /2w 2
_ \/EV
=—Vy
= .78V, (8-58)
The line-to-line output voltage waveform does not depend on the load and contains
harmonics (6n * 1; n = 1, 2, . . .), whose amplitudes decrease inversely proportional
to their harmonic order, as shown in Fig. 8-24c:
0.78
VUa = '—h—'Vd (8-59)
where

h=6n=*x1 n=12,3...)
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Figure 8-24 Square-wave inverter (three phase).

It should be noted that it is not possible to control the output magnitude in a three-
phase, square-wave inverter by means of voltage cancellation as described in Section
8-3-2-4.

8-4-3 SWITCH UTILIZATION IN THREE-PHASE INVERTERS

We will assume that V., is the maximum input voltage that remains constant during
PWM and is decreased below this level to control the output voltage magnitude in a
square-wave mode. We will also assume that there is sufficient inductance associated with
the load to yield a pure sinusoidal output current with an rms value of I, ,,,, (both in the
PWM and the square-wave mode) at maximum loading. Therefore, each switch would
have the following peak ratings:

Vr = Vi max (8-60)
and
Ir = V2o ma (8-61)

If V;, is the rms value of the fundamental-frequency line-to-line voltage component,
the three-phase output volt-amperes (rms) at the fundamental frequency at the rated out-
put is

(VA phase = V3Vis Lo max (8-62)
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Therefore, the total switch utilization ratio of all six switches combined is
(VA)3_phase
6Vply
_ \/§Vu_,lo.max
- 6Vd,max\/510,max
_ L Vu,
" 2V6 Vamax (8-63)

In the PWM linear region (m, < 1.0) using Eq. 8-57 and noting that the maximum switch
utilization occurs at V, = V, ..,

Switch utilization ratio =

Maximum switch utilization ratio _ 1 V3
(PWM) V6 275’”“
=im, (m,=<10)
(8-64)

In the square-wave mode, this ratio is 1/2 = 0.16 compared to a maximum of 0.125 for
a PWM linear region with m, = 1.0,

In practice, the same derating in the switch utilization ratio applies as discussed in
Section 8-3-4 for single-phase inverters.

Comparings Egs. 8-54 and 8-64, we observe that the maximum switch utilization
ratio is the same in a three-phase, three-leg inverter as in a single-phase inverter. In other
words, using the switches with identical ratings, a three-phase inverter with 50% increase
in the number of switches results in a 50% increase in the output volt-ampere, compared
to a single-phase inverter.

8-4-4 RIPPLE IN THE INVERTER OUTPUT

Figure 8-25a shows a three-phase, three-leg, voltage source, switch-mode inverter in a
block diagram form. It is assumed to be supplying a three-phase ac motor load. Each
phase of the load is shown by means of its simplified equivalent circuit with respect to the
load neutral n. The induced back-emfs e4(2), eg(r), and e(?) are assumed to be sinusoidal.

‘d

\

\

!

/(Load neutral) | Van,

/

/
/// ] E4
~ .
S~ o~ Toad Ph Herday
{a) (b)

8-25 Three-phase inverter: (a) circuit diagram; (b) phasor diagram (fundamental

frequency).
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Under balanced operating conditions, it is possible to express the inverter phase
output voltages v, , and so on (with respect to the load neutral ), in terms of the inverter
output voltages with respect to the negative dc bus N:

Vin =Vin — Vv (k=A,B,C) (8-65)
Each phase voltage can be written as
di
Vin = Lf +em (k=A4,B,C) (8-66)
In a three-phase, three-wire load
iA + iB + ic =0 (8'67a)
and
d. . .
E(IA +ig+icd)=0 (8-67b)

Similarly, under balanced operating conditions, the three back-emfs are a balanced
three-phase set of voltages, and therefore

€4 + (.1 + éc = 0 (8'68)

From the foregoing equations, the following condition for the inverter voltages can be
written:

Van + VBn + Ven = 0 (8‘69)
Using Egs. 8-65 through 8-69,
Vow = %(VAN + VN + vCN) (8'70)

Substituting v, from Eq. 8-70 into Eq. 8-65, we can write the phase-to-neutral voltage
for phase A as

Van = 2van — 30BN + ven) (8-71)

Similar equations can be written for phase B and C voltages.

Similar to the discussion in Section 8-3-2-6 for the ripple in the single-phase inverter
output, only the fundamental-frequency components of the phase voltage v,, and the
output current i,, are responsible for the real power transformer since the back-emf e,(f)
is assumed to be sinusoidal and the load resistance is neglected. Therefore, in a phasor
form as shown in Fig. 8-25b

VA"] = EA + j(l)lLI,“ (8-72)

By using the principle of superposition, all the ripple in v,, appears across the load
inductance L. Using Eq. 8-71, the waveform for the phase-to-load-neutral voltage V,,, is
shown in Figs. 8-26a and 8-26b for square-wave and PWM operations, respectively. Both
inverters have identical magnitudes of the fundamental-frequency voltage component
Van,» Which requires a higher V,, in the PWM operation. The voltage ripple vi5p1. (=44
= Vaa,) is the ripple in the phase-to-neutral voltage. Assuming identical loads in these two
cases, the output current ripple is obtained by using Eq. 8-42 and plotted in Fig. 8-26.
This current ripple is independent of the power being transferred, that is, the current ripple
would be the same so long as for a given load inductance L, the ripple in the inverter
output voltage remains constant in magnitude and frequency. This comparison indicates
that for large values of my, the current ripple in the PWM inverter will be significantly
lower compared to a square-wave inverter.
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8-4-5 dc-SIDE CURRENT i,

Similar to the treatment of a single-phase inverter, we now look at the voltage and current
waveforms associated with the dc side of a pulse-width-modulated, three-phase inverter.
The input voltage V, is assumed to be dc without any ripple. If the switching frequency
in Fig. 8-25a is assumed to approach infinity, then similar to Fig. 8-13, a fictitious filter
with negligible energy storage can be inserted on the ac side and the current at the inverter
output will be sinusoidal with no ripple. Because of the assumption of no energy storage
in the fictitious ac-side filter, the instantaneous ac power output can be expressed in terms
fundamental-frequency output voltages and currents. Similarly, on the dc side, a fictitious
filter with no energy storage, as shown in Fig. 8-13, can be assumed. Then, the high-
switching-frequency components in i, are filtered. Now equating the instantaneous power
input to the instantaneous power output, we get

Vil = Van(ia®) + vpn@i0) + v Dicd) (8-73)

In a balanced steady-state operation, the three phase quantities are displaced by 120°
with respect to each other. Assuming that ¢ is the phase angle by which a phase current
lags the inverter phase voltage and \/EV,, and \/51,, are the amplitudes of the phase
voltages and currents, respectively, yields

v _ 2V,
g = Vd

[cos @t cos(wyt — ¢) + cos(w it — 120°)cos(w t — 120° — ¢)

+cos(wyf + 120°) cos(wz + 120° — ¢)]
3v,1,
Va

cos ¢ = I; (a dc quantity) (8-74)

The foregoing analysis shows that iy is a dc quantity, unlike in the single-phase
inverter, where i contained a component at twice the output frequency. However, i,
consists of high-frequency switching components as shown in Fig. 8-27, in addition to
iz. These high-frequency components, due to their high frequencies, would have a neg-
ligible effect on the capacitor voltage V,,.

8-4-6 CONDUCTION OF SWITCHES IN THREE-PHASE INVERTERS

We discussed earlier that the output voltage does not depend on the load. However, the
duration of each switch conduction is dependent on the power factor of the load.

8-4-6-1 Square-Wave Operation

Here, each switch is in its on state for 180°. To determine the switch conduction interval,
a load with a fundamental-frequency displacement angle of 30° (lagging) is assumed (as

il
onﬂ I TL

Figure 8-27 Input dc current in a three-phase inverter.
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Figure 8-28 Square-wave inverter: phase A waveforms.

an example). The waveforms are shown in Fig. 8-28 for one of the three phases. The
phase-to-neutral voltages V4, and V,,, are shown in Fig. 8-28a. In Fig. 8-28b, V, (with
respect to the negative dc bus), i4, and its fundamental component i, are plotted. Even
though the switches 7, , and 7,,_ are in their on state for 180°, due to the lagging power
factor of the load, their actual conduction intervals are smaller than 180°. It is easy to
interpret that as the power factor (lagging) of the load decreases, the diode conduction
intervals will increase and the switch conduction intervals will decrease. On the other
hand, with a purely resistive load, theoretically the feedback diodes would not conduct
at all.

8-4-6-2 PWM Operation

The voltage and current waveforms associated with a PWM inverter are shown in Fig.
8-29. Here, as an example, the load displacement power factor angle is assumed to be
30° (lagging). Also, the output current is assumed to be a perfect sinusoid. In Figs.
8-29a through 8-29c, the phase to the negative dc bus voltages and the phase current
(Van, i4, etc.) are plotted for approximately one-fourth of the fundamental-frequency
cycle.

By looking at the devices conducting in Figs. 8-29a through 8-29¢, we notice that
there are intervals during which the phase currents i,, iz, and i flow through only the
devices connected to the positive dc bus (i.e., three out of T4, , D, Tp,, Dy, Ty, and
D¢, ). This implies that during these intervals, all three phases of the load are short-
circuited and there is no power input from the dc bus (i.e., i; = 0), as shown in Fig.
8-30a. Similarly, there are intervals during which all conducting devices are connected to
the negative dc bus resulting in the circuit of Fig. 8-305.

The output voltage magnitude is controlled by controlling the duration of these
short-circuit intervals. Such intervals of three-phase short circuit do not exist in a square-
wave mode of operation. Therefore, the output voltage magnitude in an inverter operating
in a square-wave mode must be controlled by controlling the input voltage V.
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Figure 8-29 PWM inverter waveforms: load power factor angle = 30° (lag).
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Figure 8-30 Short-circuit states in a three-phase PWM inverter.

8-5 EFFECT OF BLANKING TIME ON VOLTAGE IN PWM
INVERTERS

The effect of blanking time on the output voltage is described by means of one leg of a
single-phase or a three-phase full-bridge inverter, as shown in Fig. 8-31a. In the previous
discussion, the switches were assumed to be ideal, which allowed the status of the two
switches in an inverter leg to change simultaneously from on to off and vice versa.
Concentrating on one switching time period, v, is a constant dc voltage, as explained
in Fig. 8-6; its comparison with a triangular waveform v,; determines the switching
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Figure 8-31 Effect of blanking time ¢,.

instants and the switch control signals v_,, (ideal) as shown in Fig. 8-315, assuming ideal
switches.

In practice, because of the finite turn-off and turn-on times associated with any type
of switch, a switch is turned off at the switching time instant determined in Fig. 8-31b.
However, the turm-on of the other switch in that inverter leg is delayed by a blanking time
t5, which is conservatively chosen to avoid a ‘‘shoot through’’ or cross-conduction cur-
rent through the leg. This blanking time is chosen to be just a few microseconds for fast



238 CHAPTER 8 SWITCH-MODE dc—ac INVERTERS: dc « SINUSOIDAL ac

switching devices like MOSFETSs and larger for slower switching devices. The switch
control signals for the two switches in the presence of a blanking time are shown in Fig.
8-31c.

Since both the switches are off during the blanking time, v,, during that interval
depends on the direction of i,, as shown in Fig. 8-31d for i, > 0, and in Fig. 8-31e for
i4 < 0. The ideal waveforms (without the blanking time) are shown as dotted. Comparing
the ideal waveform of v, without the blanking time to the actual waveform with the
blanking time, the difference between the ideal and the actual output voltage is

Ve=(VaN)ideal — (VaN)actual

By averaging v, over one time period of the switching frequency, we can obtain the
change (defined as a drop if positive) in the output voltage due to 1,:

!
+2y, x>0
AVan = ’A: (8-75)
"'T_Vd iA < 0

Equation 8-75 shows that AV, does not depend on the magnitude of current but its
polarity depends on the current direction. Moreover, AV, is proportional to the blanking
time ¢, and the switching frequency f, (=1/T,), which suggests that at higher switching
frequencies, faster switching devices that allow 7, to be small should be used.

Applying the same analysis to the leg B of the single-phase inverter of Fig. 8-324 and
recognizing that iy = —ig, we determine that

_’_AV . is >0
AVgy = ’A’ (8-76)
+ivd iy <0
Since v, = v,y — vgy and i, = i,, the instantaneous average value of the voltage
difference, that is, the average value during T, of the idealized waveform minus the actual
waveform, is

2t .
AVuny — AVpy = +7.Avd i,>0
AV, = 2 . 8-77)
_T d I, <0

No blanking time
v (independent of i)

Va

>4

(a) ()
Figure 8-32 Effect of t, on ¥,, where A¥, is defined as a voltage drop if positive.
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Velt)

Figure 8-33 Effect of t, on the sinusoidal output.

A plot of the instantaneous average value V,, as a function of v, is shown in Fig.
8-32b, with and without the blanking time.

If the full-bridge converter in Fig. 8-32a is pulse-width modulated for a dc-to-dc
conversion as discussed in Chapter 7, then v ., is a constant dc voltage in steady state.
The plot of Fig. 8-32b is useful in determining the effect of blanking time in applications
of such converters for dc motor drives, as will be discussed in Chapter 13.

For a sinusoidal v, in a single-phase full-bridge PWM inverter, the instantaneous
average output V,(?) is shown in Fig. 8-33 for a load current i, which is assumed to be
sinusoidal and lagging behind V,(r). The distortion in V,(r) at the current zero crossings
results in low order harmonics such as third, fifth, seventh, and so on, of the fundamental
frequency in the inverter output. Similar distortions occur in the line-to-line voltages at the
output of a three-phase PWM inverter, where the low-order harmonics are of the order
6m=1(m=1,2,3,. . .)of the fundamental frequency. The effect of these distortions
due to the blanking time is further discussed in Chapter 11, dealing with uninterruptible
power supplies; Chapter 13, dealing with dc motor drives; and Chapter 15, dealing with
synchronous motor drives.

OTHER INVERTER SWITCHING SCHEMES

In the previous sections, two commonly used inverter switching schemes, sinusoidal
PWM and square wave, have been analyzed in detail. In this section, some other PWM
schemes are briefly discussed. A detailed discussion of these techniques is presented in the
references cited at the end of the chapter. A comprehensive review of varions PWM
techniques is presented in reference 14.

8-6-1 SQUARE-WAVE PULSE SWITCHING

Here, each phase voltage output is essentially square wave except for a few notches (or
pulses) to control the fundamental amplitude. These notches are introduced without any
regard to the harmonic content in the output, and therefore this type of scheme is no longer
employed except in some thyristor inverters. A serious drawback of the foregoing tech-
niques is that no attention is paid to the output harmonic content, which can become
unacceptable. The advantage is in their simplicity and a small number of switchings
required (which is significant in high-power thyristor inverters).
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8-6-2 PROGRAMMED HARMONIC ELIMINATION SWITCHING

This technique combines the square-wave switching and PWM to control the fundamental
output voltage as well as to eliminate the designated harmonics from the output.

The voltage v,,, of an inverter leg, normalized by %Vd is plotted in Fig. 8-34a, where
six notches are introduced in the otherwise square-wave output, to control the magnitude
of the fundamental voltage and to eliminate fifth and seventh harmonics. On a half-cycle
basis, each notch provides one degree of freedom, that is, having three notches per
half-cycle provides control of fundamental and elimination of two harmonics (in this case
fifth and seventh).

Figure 8-34a shows that the output waveform has odd half-wave symmetry (some-
times it is referred to as odd quarter-wave symmetry). Therefore, only odd harmonics

VAo
Va2
Notch, Notchz Notch, Fundamental
- —— \#
r/ I
p N
N \ A | \JF, .t
0 \ Ls x a X
1§ . 3 // 32 \\
~ 7
~—— _ — +
4 U L ] L
-1.0 ay ag ag (r — a3) (f - u1) \' + o
(r — ag) ? 1
Notch, Notchg Notchg

{a)

Notch angles in degrees
-] 8

3

10

0 ] ] 1 1 ]
0 20 40 60 80 100

Fundamental as a percentage of
maximum fundamental voitage

{b)

Figure 8-34 Programmed harmonic elimination of fifth and seventh harmonics.
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(coefficients of sine series) will be present. Since in a three-phase inverter (consisting of
three such inverter legs), the third harmonic and its multiples are canceled out in the
output, these harmonics need not be eliminated from the output of the inverter leg by
means of waveform notching.

A careful examination shows that the switching frequency of a switch in Fig. 8-34a
is seven times the switching frequency associated with a square-wave operation.

In a square-wave operation, the fundamental-frequency voltage component is

(OAo)l _ 4 —
V.2 === 1.273 (Eqg. 8-13 repeated)

Because of the notches to eliminate fifth and seventh harmonics, the maximum
available fundamental amplitude is reduced. It can be shown that

(‘A/Ao)l ,max

V.2 = 1.188 (8-78)

The required values of o, a,, and a5 are plotted in Fig. 8-34b as a function of the
normalized fundamental in the output voltage (see references 8 and 9 for details).

To allow control over the fundamental output and to eliminate the fifth-, seventh-,
eleventh-, and the thirteenth-order harmonics, five notches per half-cycle would be
needed. In that case, each switch would have 11 times the switching frequency compared
with a square-wave operation.

With the help of very large scale integrated (VLSI) circuits and microcontrollers, this
programmed harmonic elimination scheme can be implemented. Without making the
switching frequency (and therefore the switching losses) very high, it allows the unde-
sirable lower order harmonics to be eliminated. The higher order harmonics can be filtered
by a small filter, if necessary. However, before deciding on this technique, it should be
compared with a sinusoidal PWM technique with a low m,to evaluate which one is better.
It should be noted that the distortions due to the blanking time, as discussed in Section
8-5, occur here as well.

8-6-3 CURRENT-REGULATED (CURRENT-MODE) MODULATION

In applications such as dc and ac motor servo drives, it is the motor current (supplied by
the switch-mode converter or inverter) that needs to be controlled, even though a VSI is
often used. In this regard, it is similar to the switching dc power supplies of Chapter 10,
where the output-stage current can be controlled in order to regulate the output voltage.

There are various ways to obtain the switching signals for the inverter switches in
order to control the inverter output current. Two such methods are described.

8-6-3-1 Tolerance Band Control

This is illustrated by Fig. 8-35 for a sinusoidal reference current i,*, where the actual
phase current i, is compared with the tolerance band around the reference current asso-
ciated with that phase. If the actual current in Fig. 8-35a tries to go beyond the upper
tolerance band, T,_ is turned on (i.e., T, is turned off). The opposite switching occurs
if the actual current tries to go below the lower tolerance band. Similar actions take place
in the other two phases. This control is shown in a block diagram form in Fig. 8-355.

The switching frequency depends on how fast the current changes from the upper
limit to the lower limit and vice versa. This, in turn, depends on V,,, the load back-emf,
and the load inductance. Moreover, the switching frequency does not remain constant but
varies along the current waveform.
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Figure 8-35 Tolerance band current control.

8-6-3-2 Fixed-Frequency Control

The fixed-frequency current control is shown in a block diagram form in Fig. 8-36. The
error between the reference and the actual current is amplified or fed through a propor-
tional integral (PI) controller. The output v ., Of the amplifier is compared with a
fixed-frequency (switching frequency f;) triangular waveform v;. A positive error (i * —
i,) and, hence, a positive v gn.o result in a larger inverter output voltage, thus bringing

Feed
forward Comparator
1
1
ig* ig ) Veontrot
+ Controller i > Sw'itch;tMode > :
- nverter
lA '

Figure 8-36 Fixed-frequency current control.



87

8-7 RECTIFIER MODE OF OPERATION 243

i4 to its reference value. Similar action takes place in the other two phases. Often, the load
voltage (derived from the model of the load) is used as a compensating feed forward
signal, shown dashed in Fig. 8-36.

It should be noted that many sophisticated switching techniques that minimize the
total number of combined switchings in all three phases are discussed in the literature.

8-6-4 SWITCHING SCHEME INCORPORATING HARMONIC
NEUTRALIZATION BY MODULATION AND TRANSFORMER
CONNECTIONS

In some applications such as three-phase uninterruptible ac power supplies, it is usually
required to have isolation transformers at the output. In such applications, the presence of
output transformers is utilized in eliminating certain harmonics. In addition, the pro-
grammed harmonic elimination technique can be used to control the fundamental output
and to eliminate (or reduce) a few more harmonics.

This arrangement is discussed in connection with the uninterruptible ac power sup-
plies in Chapter 11.

RECTIFIER MODE OF OPERATION

As we discussed in the introduction in Section 8-1, these switch-mode converters can
make a smooth transition from the inverter mode to the rectifier mode. The rectifier mode
of operation results, for example, during braking (slowing down) of induction motors
supplied through a switch-mode converter. This mode of operation is briefly discussed in
this section. The switch-mode rectifiers, used for interfacing power electronics equipment
with the utility grid, operate on the same basic principle and are discussed in detail in
Chapter 19.

The rectifier mode of operation is discussed only for the three-phase converters; the
same principle applies to single-phase converters. Assuming a balanced steady-state op-
erating condition, a three-phase converter is discussed on a per-phase basis.

As an example, consider the three-phase system shown in Fig. 8-254, which is
redrawn in Fig. 8-37a. Consider only the fundamental frequency (where the subscript 1
is omitted), neglecting the switching-frequency harmonics. In Fig. 8-37b, a motoring
mode of operation is shown where the converter voltage V,, applied to the motor leads
E, by an angle 3. The active (real) component (I,), of I, is in phase with E,, and
therefore the converter is operating in an inverter mode.

The phase angle (as well as the magnitude) of the ac voltage produced by the
converter can be controlled. If the converter voltage V,, is now made to lag E, by the
same angle 8 as before (keeping V,, constant), the phasor diagram in Fig. 8-37¢ shows
that the active component (/,), of 1, is now 180° out of phase with E,, resulting in a
rectifier mode of operation where the power flows from the motor to the dc side of the
converter.

In fact, V,, can be controlled both in magnitude (within limits) and phase, thus
allowing a control over the current magnitude and the power level, for example during the
ac motor braking. Assuming that E, cannot change instantaneously, Fig. 8-37d shows the
locus of the V,, phasor, which would keep the magnitude of the current constant.

The waveforms of Fig. 8-22 can be used for explaining how to control V,, in
magnitude, as well as in phase, with a given (fixed) dc voltage V,. It is obvious that by
controlling the amplitude of the sinusoidal reference waveform v o4, Va4, can be
varied. Similarly, by shifting the phase of v ,nq01 4 With respect to E,4, the phase angle of
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Figure 8-37 Operation modes: (a) circuit; (b) inverter mode; (c) rectifier mode;
(d) constant I,.

V. can be varied. For a balanced operation, the control voltages for phases B and C are
equal in magnitude, but +120° displaced with respect to the control voltage of phase A.

Switch-mode rectifiers, where the rectifier is the primary mode of operation, are

further discussed in Chapter 19, which deals with circuits for interfacing power electron-
ics equipment with the utility grid.

SUMMARY

1. Switch-mode, voltage source dc-to-ac inverters are described that accept dc voltage

source as input and produce either single-phase or three-phase sinusoidal output
voltages at a low frequency relative to the switching frequency (current source in-
verters are described in Chapter 14).

2. These dc-to-ac inverters can make a smooth transition into the rectification mode,

where the flow of power reverses to be from the ac side to the dc side. This occurs,
for example, during braking of an induction motor supplied through such an inverter.

3. The sinusoidal PWM switching scheme allows control of the magnitude and the

frequency of the output voltage. Therefore, the input to the PWM inverters is am
uncontrolled, essentially constant dc voltage source. This switching scheme results im
harmonic voltages in the range of the switching frequency and higher, which can be
easily filtered out.

4. The square-wave switching scheme controls only the frequency of the inverter out-

put. Therefore, the output'magnitude must be controlled by controlling the magnitude
of the input dc voltage source. The square-wave output voltage contains low-order
harmonics. A variation of the square-wave switching scheme, called the voltage
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cancellation technique, can be used to control both the frequency and the magnitude
of the single-phase (but not three-phase) inverter output.

5. As a consequence of the harmonics in the inverter output voltage, the ripple in the
output current does not depend on the level of power transfer at the fundamental
frequency; instead the ripple depends inversely on the load inductance, which is more
effective at higher frequencies.

6. In practice, if a switch turns off in an inverter leg, the turn-on of the other switch is
delayed by a blanking time, which introduces low-order harmonics in the inverter
output.

7. There are many other switching schemes in addition to the sinusoidal PWM. For
example, the programmed harmonic elimination switching technique can be easily
implemented with the help of VLSI circuits to eliminate specific harmonics from the
inverter output.

8. The current-regulated (current-mode) modulation allows the inverter output cur-
rent(s) to be controlled directly by comparing the measured actual current with the
reference current and using the error to control the inverter switches. As will be
discussed in Chapters 13— 15 this technique is extensively used for dc and ac servo
drives. The current-mode control is also used in dc-to-dc converters, as discussed in
Chapter 10, dealing with switching dc power supplies.

9. The relationship between the control input and the full-bridge inverter output mag-
nitude can be summarized as shown in Fig. 8-38a, assuming a sinusoidal PWM in the
linear range of m, < 1.0. For a square-wave switching, the inverter does not control
the magnitude of the inverter output, and the relationship between the dc¢ input
voltage and the output magnitude is summarized in Fig. 8-38b.

10. These converters can be used for interfacing power electronics equipment with the
utility source. As discussed in Chapter 18, because rectification is the primary mode
of operation, these are called switch-mode ac-to-dc rectifiers.

Vi
) l j |
—_— mal kimg) > L, Vo= kima) Vy
Ucontrol Viri | | (rms, line-line)
| |
L _

form, <10 &(my =0707m, l-phase
= 0.612m, 3-phase

(a)

Vo, =k Vy

Va Inverter | (rms, line-to-line)

k 9 1-phase

=0.
=078 3-phase
()

Figure 8-38 Summary of inverter output voltages: (@) PWM operation
(m, =< 1); (b) square-wave operation.
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PROBLEMS

8-1

8-2

83

8-4

85
8-6

8-7

8-8

8-9

8-10

8-13

SINGLE PHASE

In a single-phase full-bridge PWM inverter, the input dc voltage varies in a range of 295-325 V.
Because of the low distortion required in the output v, m, < 1.0.

(a) What is the highest V,, that can be obtained and stamped on its nameplate as its voltage rating?

(b) Its nameplate volt-ampere rating is specified as 2000 VA, that is, V,; 102/, max = 2000 VA,
where i, is assumed to be sinusoidal. Calculate the combined switch utilization ratio when the
inverter is supplying its rated volt-amperes.

Consider the problem of ripple in the output current of a single-phase full-bridge inverter. Assume

V,1 = 220 V at a frequency of 47 Hz and the type of load is as shown in Fig. 8-18a with L = 100

mH.

If the inverter is operating in a square-wave mode, calculate the peak value of the ripple
current.

Repeat Problem 8-2 with the inverter operating in a sinusoidal PWM mode, with m, = 21 and
m, = 0.8.

Repeat Problem 8-2 but assume that the output voltage is controlled by voltage cancellation and V,
has the same value as required in the PWM inverter of Problem 8-3.

Calculate and compare the peak values of the ripple currents in Problems 8-2 through 8-4.
Using MATLAB, verify the results given in Table 8-1.

THREE-PHASE

Consider the problem of ripple in the output current of a three-phase square-wave inverter. Assume
(V)1 = 200 V at a frequency of 52 Hz and the type of load is as shown in Fig. 8-25a with L =
100 mH. Calculate the peak ripple current defined in Fig. 8-26a.

Repeat Problem 8-7 if the inverter of Problem 8-7 is operating in a synchronous PWM mode with
m; = 39 and m, = 0.8. Calculate the peak ripple current defined in Fig. 8-26b.

Obtain an expression for the Fourier components in the waveform of Fig. 8-34a for programmed
harmonic elimination of the fifth- and seventh-order harmonics. Show that fora;, = 0, a, = 16.24°,
and a; = 22.06°, the fifth and the seventh harmonics are eliminated and the fundamental-frequency
output of the inverter has a maximum amplitude given by Eq. 8-78.

In the three-phase, square-wave inverter of Fig. 8-24a, consider the load to be balanced and purely
resistive with a load-neutral n. Draw the steady-state v,,,, iy, ip,,, and i, waveforms, where i, , is
the current through D, , .

Repeat Problem 8-10 by assuming that the load is purely inductive, where the load resistance,
though finite, can be neglected.

Consider only one inverter leg as shown in Fig. 8-4, where the output current lags (v, ), by an angle
¢, as shown in Fig. P8-12a, and o is the fictitious midpoint of the dc input. Because of the blanking
time 1, the instantaneous error voltage v, is plotted in Fig. P8-12b, where

Ve = (vAo)idea.l - (VAo)acma.l

Each v, pulse, either positive or negative, has an amplitude of V,, and a duration of ¢,. In order to
calculate the low-order harmonics of the fundamental frequency in the output voltage due to
blanking time, these pulses can be replaced by an equivalent rectangular pulse (shown dashed in
Fig. P8-12b) of amplitude X whose volt-second area per half-cycle equals that of v, pulses.

Derive the following expression for the harmonics of the fundamental frequency in v, intro-
duced by the blanking time:

- 4
(VAo)h = EthAf; (h = 17 37 5! .. -)
where f, is the switching frequency.
Using PSpice, simulate the inverter of Fig. P8-13.
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Nominal Values: V, = 313.97V, f, = 47.619 Hz
V,=10V, m =095
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Figure P8-13 From reference 5 of Chapter 4, “Power Electronics: Computer Simulation,
Analysis and Education Using PSpice (evaluation, classroom version),” on a diskette with a
manual, Minnesota Power Electronics, P.O. Box 14503, Minneapolis, MN 55414,
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CHAPTER 9

RESONANT CONVERTERS:
ZERO-VOLTAGE AND/OR
ZERO-CURRENT
SWITCHINGS

INTRODUCTION

In all the pulse-width-modulated dc-to-dc and dc-to-ac converter topologies discussed in
Chapters 7 and 8, the controllable switches are operated in a switch mode where they are
required to turn on and turn off the entire load current during each switching. In this
switch-mode operation, as explained further in Section 9-1-1, the switches are subjected
to high switching stresses and high switching power loss that increases linearly with
the switching frequency of the PWM. Another significant drawback of the switch-mode
operation is the EMI produced due to large di/dt and dv/dt caused by a switch-mode
operation.

These shortcomings of switch-mode converters are exacerbated if the switching fre-
quency is increased in order to reduce the converter size and weight and hence to increase
the power density. Therefore, to realize high switching frequencies in converters, the
aforementioned shortcomings are minimized if each switch in a converter changes its
status (from on to off or vice versa) when the voltage across it and/or the current through
it is zero at the switching instant. The converter topologies and the switching strategies,
which result in zero-voltage and/or zero-current switchings, are discussed in this chapter.
Since most of these topologies (but not all) require some form of LC resonance, these are
broadly classified as ‘‘resonant converters.’’

9-1-1 SWITCH-MODE INDUCTIVE CURRENT SWITCHING

This topic was briefly reviewed in Chapter 2. To illustrate further the problems associated
with switch-mode operation, consider one of the legs of a full-bridge dc—dc converter or
a dc-to-ac inverter (single phase or three phase), as shown in Fig. 9-1. The output current
can be in either direction and can be assumed to have a constant magnitude /, due to the
load inductance, during the very brief switching interval. The linearized voltage and
current waveforms, for example, for the lower switch T are shown in Fig. 9-2a.
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Figure 9-2 Switch-mode inductive current switchings.

Initially, 7, is assumed to be flowing through 7'_. If a control signal is applied to turn
T_ off, the switch voltage v, increases to V,, (it overshoots V, due to stray inductances),
and then the switch current i,_ decays to zero. After the turn-off of 7_, I, flows through
D . The power loss Pr_ (=vr_-ir_) in the switch during turn-off is shown in Fig. 9-2a.

Now consider the turn-on of 7'_. Prior to the turn-on of 7'_, 1, is flowing through D, .
When the switch control signal is applied to turn 7_ on, iy increases to I, plus the
peak-reverse-recovery current of the diode D, , as shown in Fig. 9-2a. Subsequently, the
diode recovers and the switch voltage v;_ and i;_ results in a switching power loss in 7'_
during turn-on.

The average value of the switching loss Pr_, being proportional to the switching
frequency, limits how high the switching frequency can be pushed without significantly
degrading the system efficiency. With the availability of fast switches (with the switching
times as low as a few tens of nanoseconds), the present limit seems to be up to approx-
imately 500 kHz with a reasonable energy efficiency.

Another significant disadvantage of the switch-mode operation is that it results in
large di/dt and dv/dt due to fast switching transitions required to keep the switching losses
in the switch as low as possible. Diodes with poor reverse-recovery characteristics sig-
nificantly add to this phenomenon, which produces EMI.

Switch-mode inductive current switching results in switching loci in the v,—i plane,
as shown in Fig. 9-2b. Because a large switch voltage and a large switch current occur
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simultaneously, the switch must be capable of withstanding high switching stresses, with
a safe operating area (SOA), as shown by the dashed lines. This requirement to be able
to withstand such large stresses results in undesirable design compromises in other char-
acteristics of the power semiconductor devices.

9-1-2 ZERO-VOLTAGE AND ZERO-CURRENT SWITCHINGS

Switching frequencies in the megahertz range, even tens of megahertz, are being con-
templated to reduce the size and the weight of transformers and filter components and,
hence, to reduce the cost as well as the size and the weight of power electronics con-
verters. Realistically, the switching frequencies can be increased to such high values only
if the problems of switch stresses, switching losses, and the EMI associated with the
switch-mode converters can be overcome.

The switch stresses, as discussed in later chapters in this book, can be reduced by
connecting simple dissipative snubber circuits (consisting of diodes and passive compo-
nents) in series and parallel with the switches in the switch-mode converters. Such
snubber circuits are shown in Fig. 9-3a, and the switching loci that result in reduced
switch stresses are shown in Fig. 9-3b. However, these dissipative snubbers shift the
switching power loss from the switch to the snubber circuit and therefore do not provide
a reduction in the overall switching power loss.

* ir_
4 L
Turn-on
/ T %k D,
Turn-off
0 v, vr_
(b)

IO

-

LTum-off

Vq snubber
XD_

— Turn-on

snubber

(a)
Figure 9-3 Dissipative snubbers: (a) snubber circuits; (6) switching loci with snubbers.
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In contrast to dissipative snubbers in switch-mode converters, the combination of
proper converter topologies and switching strategies can overcome the problems of
switching stresses, switching power losses, and the EMI by turning on and turning off
each of the converter switches when either the switch voltage or the switch current is zero.
Ideally, both the switch voltage and current should be zero when the switching transition
occurs.

As a brief introduction, once again consider the one-leg inverter of Fig. 9-1. If both
the turn-on and turn-off switchings occur under a zero-voltage and/or a zero-curremt
condition, then the switching loci are shown in Fig. 9-4, where the switching loci in the
switch mode are shown (by dashed curves) for comparison purposes. Such switching
loci, without dissipative snubbers, reduce switch stresses, switching power losses, and
the EML

CLASSIFICATION OF RESONANT CONVERTERS

The resonant converters are defined here as the combination of converter topologies and
switching strategies that result in zero-voltage and/or zero-current switchings. One way to
categories these converters is as follows:

1. Load-resonant converters

2. Resonant-switch converters

3. Resonant-dc-link converters

4. High-frequency-link integral-half-cycle converters

These classifications are explained further.

9-2-1 LOAD-RESONANT CONVERTERS

These converters consist of an LC resonant tank circuit. Oscillating voltage and current,
due to LC resonance in the tank are applied to the load, and the converter switches can be
switched at zero voltage and/or zero current. Either a series LC or a parallel LC circuit cam
be used. In these converter circuits, the power flow to the load is controlled by the
resonant tank impedance, which in turn is controlled by the switching frequency f, im
comparison to the resonant frequency f; of the tank. These dc-to-dc and dc-to-ac com-
verters can be subclassified as follows:
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1. Voltage-source serics-resonant converters
(a) Series-loaded resonant (SLR) converters
(b) Parallel-loaded resonant (PLR) converters
(c) Hybrid-resonant converters

2. Current-source parallel-resonant converters
3. Class E and subclass E resonant converters

9-2-2 RESONANT-SWITCH CONVERTERS

In certain switch-mode converter topologies, an LC resonance can be utilized primarily to
shape the switch voltage and current to provide zero-voltage and/or zero-current switch-
ings. In such resonant-switch converters, during one switching-frequency time period,
there are resonant as well as nonresonant operating intervals. Therefore, these converters
in the literature have also been termed quasi-resonant converters. They can be subclas-
sified as follows:

1. Resonant-switch dc—dc converters
(a) Zero-current-switching (ZCS) converters
(b) Zero-voltage-switching (ZVS) converters

2. Zero-voltage-switching, clamped-voltage (ZVS-CV) converters, which are also
referred to as pseudo-resonant converters and resonant-transition converters, re-
spectively in references 34 and 31.

9-2-3 RESONANT-dc-LINK CONVERTERS

In the conventional switch-mode PWM dc-to-ac inverters, the input V, to the inverter is
a fixed-magnitude dc, and the sinusoidal output (single phase or three phase) is obtained
by switch-mode PWM switchings. However, in the resonant-dc-link converters, the input
voltage is made to oscillate around V,; by means of an LC resonance so that the input
voltage remains zero for a finite duration during which the status of the inverter switches
can be changed, thus resulting in zero-voltage switchings.

9-2-4 HIGH-FREQUENCY-LINK INTEGRAL-HALF-CYCLE CONVERTERS

If the input to a single-phase or three-phase inverter is a high-frequency sinusoidal ac,
then by using bidirectional switches it is possible to synthesize a low-frequency ac of
adjustable magnitude and frequency or an adjustable-magnitude dc, where the switches
are turned on and off at the zero crossings of the input voltage.

BASIC RESONANT CIRCUIT CONCEPTS

Some basic configurations encountered in the resonant converters discussed in this chapter
are analyzed in a generic fashion. Appropriate assumptions are made to keep the analysis
simple.

The initial conditions are indicated by uppercase letters, subscript 0, and square
brackets, for example, [V 4] and [/, q].
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9-3-1 SERIES-RESONANT CIRCUITS

9-3-1-1 Undamped Series-Resonant Circuit

Figure 9-5a shows an undamped series-reson